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System matrix

Input matrix

Output matrix

Field synchronous or rotor flux orientated
coordinate system

Sensitivity function

Imaginary, real part of the sensitivity function
Vector of grid voltage

General analytical vector function

Pulse, rotor, stator frequency

Transfer function

Iron loss conductance

Input matrix, input vector of discrete system
General analytical vector function

Vector of magnetizing current running through L,
Vector of magnetizing current

dg components of the magnetizing current
Vectors of grid, transformer and filter current
Vector of stator, rotor current

dg components of the stator, rotor current

off components of the stator current

Stator current of phases u, v, w

Torque of inertia

Feedback matrix, state feedback matrix

Lie derivation of the scalar function g(x) along the
trajectory f(x)

Mutual, rotor, stator inductance

d axis, g axis inductance

Rotor-side, stator-side leakage inductance
Motor torque, generator torque

Nonlinear coupling matrix

Copper loss

Total loss

Iron loss
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R, Ry Two-dimensional current controller
Rr, Rp Filter resistance, inductor resistance
Ry, Iron loss resistance

R, R, Rotor, stator resistance

R, Flux controller

r Vector of relative difference orders

r Relative difference order

s Complex power

S Loss function

s Slip

T Sampling period

T, Pulse period

T, T, Rotor, stator time constant

Tsa, Ty d axis, g axis time constant

tp Protection time

Tons Lofy Turn-on, turn-off time

t, Transfer ratio

ty, by by Switching time of inverter leg IGBT’s
u Input vector

U, Uy, ..., Uy Standard voltage vectors of inverter
Upc DC link voltage

uy Vector of grid voltage

uy, U, Vector of stator, rotor voltage

Usdy Usgy Updy Urg dg components of the stator, rotor voltage
Usgs Usp off components of the stator voltage
\% Pre-filter matrix

w Input vector

X State vector

X, Control error or control difference

z State vector

Z, Number of pole pair

Z Complex resistance or impedance

of Stator-fixed coordinate system

() Transition or system matrix of discrete system
Py Main flux linkage

Yy, Yr, Y5 Vector of pole, rotor, stator flux

mpi , 1pé Vector of rotor, stator flux in terms of L,

Usas Usgs Urds Uig dg components of the stator, rotor flux
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U UrgsWlas )y Components of 1,

w;d, 1/13/‘(1 Components of 'd)ﬁ,

Ai Eigen value

W, Wy W Mechanical rotor velocity, rotor and stator circuit
velocity

J, U Rotor angle, angle of flux orientated coordinate
system

o Total leakage factor

o Angle between vectors of stator or grid voltage and

stator current

ADC Analog to Digital Converter
CAPCOM Capture/Compare register

DFIM Doubly-Fed Induction Machine
DSP Digital Signal Processor

DTC Direct Torque Control

EKF Extended Kalman Filter

FAT Finite Adjustment Time

GC Grid-side Converter or Front-end Converter
IE Incremental Encoder

IGBT Insulated Gate Bipolar Transistor
IM Induction Machine

KF Kalman Filter

MIMO Multi Input — Multi Output

MISO Multi Input — Single Output
MRAS Model Reference Adaptive System
NFO Natural Field Orientation

PLL Phase Locked Loop

PMSM Permanent Magnet Excited Synchronous Machine
PWM Pulse Width Modulation

SISO Single Input — Single Output

VEC Voltage to Frequency Converter
VSI Voltage Source Inverter

uC, uP Microcontroller, microprocessor
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1 Principles of vector orientation and vector
orientated control structures for systems
using three-phase AC machines

From the principles of electrical engineering it is known that the 3-phase
quantities of the 3-phase AC machines can be summarized to complex
vectors. These vectors can be represented in Cartesian coordinate systems,
which are particularly chosen to suitable render the physical relations of
the machines. These are the field-orientated coordinate system for the 3-
phase AC drive technology or the grid voltage orientated coordinate
system for generator systems. The orientation on a certain vector for
modelling and design of the feedback control loops is generally called
vector orientation.

1.1 Formation of the space vectors and its vector
orientated philosophy

The three sinusoidal phase currents iy, i, and i, of a neutral point
isolated 3-phase AC machine fulfill the following relation:

g (£)+ i, (1) +ig, (1) =0 (1.1)
Im
61‘120"
\4 is
i . Re
=
=i () =% 2. 240°
W 8 s1 ., 7%[(.(1:) J
A

i240"
e

Fig. 1.1 Formation of the stator current vector from the phase currents



2 Principles of vector orientation and vector orientated control structures

These currents can be combined to a vector igy(t) circulating with the
stator frequency f; (see fig. 1.1).
2 ; ; .
i =3 i (1) +ig, (1)’ +ig, (1) em] with v=27/3 (1.2)
The three phase currents now represent the projections of the vector i
on the accompanying winding axes. Using this idea to combine other 3-
phase quantities, complex vectors of stator and rotor voltages u,, u, and

stator and rotor flux linkages 1), 1, are obtained. All vectors circulate with

the angular speed a.

In the next step, a Cartesian coordinate system with dg axes, which
circulates synchronously with all vectors, will be introduced. In this
system, the currents, voltage and flux vectors can be described in two
components d and q.

Uy =Ugy +jusq;ur =Upg +jurq

is :isd +jisq;ir :ird +jirq (13)
U, =Yg + Jgs Oy =g +j¢sq

j B Rotor flux
. axid Rotor axis
Phase V P L
sp .~
WARNOY
S Ld ®
. ¥ 1 |
ja A A
7’
: ;
’
f, :
f’ ! 8-5
/ i
s : 8
i, 1
G 1 o
bia Phase U

Phase W afp: Stator-fixed coordinates

l dq: Field coordinates

Fig. 1.2 Vector of the stator currents of IM in stator-fixed and field coordinates

Now, typical electrical drive systems shall be looked at more closely. If
the real axis d of the coordinate system (see fig. 1.2) is identical with the

direction of the rotor flux ), (case IM) or of the pole flux ), (case
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PMSM), the quadrature component (¢ component) of the flux disappears
and a physically easily comprehensible representation of the relations
between torque, flux and current components is obtained. This
representation can be immediately expressed in the following formulae.
¢ The induction motor with squirrel-cage rotor:
L, . . _31,

s)= iy, my, =—-"2z i 1.4
wrd ( ) 1+ STr sd M B Lr p Frd 'sq (1.4)
¢ The permanentmagnet-excited synchronous motor:
3 ,
mM:EZp ¢p Isq (1.5)
In the equations (1.4) and (1.5), the following symbols are used:
my, Motor torque
z Number of pole pairs

P
Yrq,Yp, =v, Rotor and pole flux (IM, PMSM)

Isd>lsg Direct and quadrature components of stator current
L,,L, Mutual and rotor inductance
with L. = L, + L, (L,, :rotor leakage inductance)
T, Rotor time constant with 7. = L, /R, (R, : rotor resistance)
K Laplace operator

The equations (1.4), (1.5) show that the component iy of the stator
current can be used as a control quantity for the rotor flux ¢/, If the rotor

flux can be kept constant with the help of i, then the cross component i,
plays the role of a control variable for the torque m,,.
The linear relation between torque m,, and quadrature component i, is

easily recognizable for the two machine types. If the rotor flux ¢, is

constant (this is actually the case for the PMSM), i, represents the motor
torque m,, so that the output quantity of the speed controller can be directly

used as a set point for the quadrature component ijq . For the case of the

IM, the rotor flux ¢}, may be regarded as nearly constant because of its

slow variability in respect to the inner control loop of the stator current.
Or, it can really be kept constant when the control scheme contains an
outer flux control loop. This philosophy is justified in the formula (1.4) by

the fact that the rotor flux ¢, can only be influenced by the direct

component i,; with a delay in the range of the rotor time constant 7,, which
is many times greater than the sampling period of the current control loop.

Thus, the set point i:d of this field-forming component can be provided by

the output quantity of the flux controller. For PMSM the pole flux 1, is
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maintained permanently unlike for the IM. Therefore the PMSM must be
controlled such that the direct component i,; has the value zero. Fig. 1.2
illustrates the relations described so far.

If the real axis d of the Cartesian dg coordinate system is chosen
identical with one of the three winding axes, e.g. with the axis of winding
u (fig. 1.2), it is renamed into ¢ff coordinate system. A stator-fixed
coordinate system is now obtained. The three-winding system of a 3-phase
AC machine is a fixed system by nature. Therefore, a transformation is
imaginable from the three-winding system into a two-winding system with
orand S windings for the currents i,, and i
l.S(‘M = isu

1

isﬂ :ﬁOsu +2isv> (16)

In the formula (1.6) the third phase current i, is not needed because of
the (by definition) open neutral-point of the motor.
Figure 1.2 shows two Cartesian coordinate systems with a common

origin, of which the system with af coordinates is fixed and the system

with dg coordinates circulates with the angular speed w, = dd, /dr . The
current i, can be represented in the two coordinate systems as follows.

e In off coordinates: iy =i, + jigg
¢ In dqg coordinates: i{ =gy + Jig

(Indices: s - stator-fixed, f - field synchronous coordinates)

Firing pulses ) 3 Inverter

1szi s
—i%; .

sq e I'.Sﬁ 2

+— + —

9,

s Fig. 1.3 Acquisition of
the field synchronous

current components

[ 3-phase AC maschine
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With
ixd = isa cos ﬁs + is 3 sin ﬂs

, o . (1.7)
lxq = —lge SN 19.? + Iy cos 19s

the stator current vector is obtained as:
i/ :[ o COST +i5 sim?s]—i— j[ i3 cO8Vg — i, sim?s]

s lS «

l{ = [ isa + jis[i] [ €os 19.? - jSil’l 19.? ] = li eijﬁs
In generalization of that the following general formula results to
transform complex vectors between the coordinate systems:

vi=vlelh or v/ =vie /% (1.8)

v: an arbitrary complex vector
The acquisition of the field synchronous current components, using
equations (1.6) and (1.7), is illustrated in figure 1.3.

d

: Fig. 1.4 Vectors of the stator and
i,V i, rotor currents of DFIM in grid

dq: Grid voltage voltage (uy) orientated coordinates
orientated coordinates

In generator systems like wind power plants with the stator connected
directly to the grid, the real axis of the grid voltage vector uy can be
chosen as the d axis (see fig. 1.4). Such systems often use doubly-fed
induction machines (DFIM) as generators because of several economic
advantages. In Cartesian coordinates orientated to the grid voltage vector,
the following relations for the DFIM are obtained.

e The doubly-fed induction machine:
|¢s|/Lm iy _ 3 L

sinp= LM Ty 2 Zmy 1.9
'Z |ls| G 2 P Ls sq‘rd ( )
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In equation (1.9), the following symbols are used:

mg Generator torque

Yo b Stator flux

i Vector of stator current

I slrg Direct and quadrature components of rotor current
L.L Mutual and stator inductance

‘m> s

with L, =L, + L, (L, :stator leakage inductance)

© Angle between vectors of grid voltage and stator current

Because the stator flux 1), is determined by the grid voltage and can be

viewed as constant, the rotor current component i, plays the role of a
control variable for the generator torque mg and therefore for the active
power P respectively. This fact is illustrated by the second equation in

(1.9). The first of both equations (1.9) means that the power factor cosy or
the reactive power Q can be controlled by the control variable i,,.

1.2 Basic structures with field-orientated control
for three-phase AC drives

DC machines by their nature allow for a completely decoupled and
independent control of the flux-forming field current and the torque-
forming armature current. Because of this complete separation, very
simple and computing time saving control algorithms were developed,
which gave the dc machine preferred use especially in high-performance
drive systems within the early years of the computerized feedback control.
In contrast to this, the 3-phase AC machine represents a mathematically
complicated construct with its multi-phase winding and voltage system,
which made it difficult to maintain this important decoupling quality.
Thus, the aim of the field orientation can be defined to re-establish the
decoupling of the flux and torque forming components of the stator current
vector. The field-orientated control scheme is then based on impression the
decoupled current components using closed-loop control.

Based on the theoretical statements, briefly outlined in chapter 1.1, the
classical structure (see fig. 1.5) of a 3-phase AC drive system with field-
orientated control shall now be looked at in some more detail. If block 8
remains outside our scope at first, the structure, similar as for the case of a
system with DC motor, contains in the outer loop two controllers: one for
the flux (block 1) and one for the speed (block 9). The inner loop is formed
of two separate current controllers (blocks 2) with PI behaviour for the
field-forming component i;; (comparable with the field current of the DC
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motor) and the torque-forming component i, (comparable with the
armature current of the DC motor). Using the rotor flux ¢, and the speed

w, the decoupling network (DN: block 3) calculates the stator voltage

components u,; and u,, from the output quantities y, and y, of the current
controllers R;. If the field angle ¢ between the axis d or the rotor flux axis
and the stator-fixed reference axis (e.g. the axis of the winding « or the

axis «) is known, the components u, u, can be transformed, using block

4, from the field coordinates dq into the stator-fixed coordinates of3. After
transformation and processing the well known vector modulation (VM:
block 5), the stator voltage is finally applied on the motor terminals with
respect to amplitude and phase. The flux model (FM: block 8) helps to

estimate the values of the rotor flux ¢, and the field angle ¢} from the

vector of the stator current i; and from the speed w, and will be subject of
chapter 4.4.

1 R 2 R
» | : —H
Uy : Iy Vl—1 > 3 4 M
_.O_, — = Uy {79 t,
- - HE I . ] — . — |17 —
! | oN |, | e*]. N ——i" 3
Nl <1 LN T I LTI [
iy, O— ,‘
— | J‘g 5 u
3 [— 3,
i.?d i“fl i.s‘u
) " i 3 .)i
T M 'iw eJ 3 iur. 2
7 6
9 10
w" W, W, Induction
—0— l: O— i — Motor
R,
w h w Speed Sensor

Fig. 1.5 Classical structure of field-orientated control for 3-phase AC drives using
IM and voltage source inverter (VSI) with two separate PI current controllers for d
and g axes

If the two components iy, i, were completely independent of each
other, and therefore completely decoupled, the concept would work
perfectly with two separate PI current controllers. But the decoupling
network DN represents in this structure only an algebraic relation, which
performes just the calculation of the voltage components u,, u,, from the
current-like controller output quantities y,, y,. The DN with this stationary
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approach does not show the wished-for decoupling behavior in the control
technical sense. This classical structure therefore worked with good results
in steady-state, but with less good results in dynamic operation. This
becomes particularly clear if the drive is operated in the field weakening
range with strong mutual influence between the axes d and ¢.

9

;

N

1R

2 R

3

VM

mlm

s
lsa!
—
+

Tl'l:l\o

=t

FM

sq

sg

Induction
Motor

M
I~

Speed Sensor

1:"":'(1‘

alm

FM

Induction
Motor

M
3~

Speed Sensor

w

Fig. 1.6 Modern structures with field-orientated control for three-phase AC drives
using IM and VSI with current control loop in field coordinates (top) and in
stator-fixed coordinates (bottom)

In contrast to this simple control approach, the 3-phase AC machine, as
highlighted above, represents a mathematically complicated structure. The
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actual internal dg current components are dynamically coupled with each
other. From the control point of view, the control object ,,3-phase AC
machine* is an object with multi-inputs and multi-outputs (MIMO
process), which can only be mastered by a vectorial MIMO feedback
controller (see fig. 1.6). Such a control structure generally comprises of
decoupling controllers next to main controllers, which provide the actual
decoupling.

Figure 1.6 shows the more modern structures of the field-orientated
controlled 3-phase AC drive systems with a vectorial multi-variable
current controller R;. The difference between the two approaches only
consists in the location of the coordinate transformation before or after the
current controller. In the field-synchronous coordinate system, the
controller has to process uniform reference and actual values, whereas in
the stator-fixed coordinate system the reference and actual values are
sinusoidal.

The set point w:d for the rotor flux or for the magnetization state of

the IM for both approaches is provided depending on the speed. In the
reality the magnetization state determines the utilization of the machine
and the inverter. Thus, several possibilities for optimization (torque or loss

optimal) arise from an adequate specification of the set point d)fd . Further

functionality like parameter settings for the functional blocks or tracking
of the parameters depending on machine states are not represented
explicitly in fig. 1.5 and 1.6.

. R M
b L U 2 Uy v u
N —I =
1 ) e e ~
3 — CH |, Uy I ¢ | 3~
3 ul viw
1 i i"
o . ‘au )
" 3T .
. o g i " ')
L._.ri s 2
5 4
R, ) 9,
o = R PM-excited
=0 — Synchronous
d 6 Motor 3~
7
w Speed Sensor,

Fig. 1.7 Modern structure with field-orientated control for three-phase AC drives
using PMSM and VSI with current control loop in field coordinates
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PMSM drive systems with field-orientated control are widely used in
practical applications (fig. 1.7). Because of the constant pole flux, the
torque in equation (1.5) is directly proportional to the current component
is;. Thus, the stator current does not serve the flux build-up, as in the case
of the IM, but only the torque formation and contains only the component
i, The current vector is located vertically to the vector of the pole flux
(fig. 1.8 on the left).

B
Phase V d

ja Vo

Jja

Phase V'

ip
=0,

o

=9,

s Phase U Phase U

Phase W Phase W

Fig. 1.8 Stator current vector i; of the PMSM in the basic speed range (left) and in
the field-weakening area (right)

Using a similar control structure as in the case of the IM, the direct
component iy, has the value zero (fig. 1.8 on the left). A superimposed flux
controller is not necessary. But a different situation will arise, if the
synchronous drive shall be operated in the field-weakening area as well
(fig. 1.8 on the right). To achieve this, a negative current will be fed into
the d axis depending on the speed (fig. 1.7, block 8). This is primarily
possible because the modern magnets are nearly impossible to be
demagnetized thanks to state-of-the-art materials. Like for the IM,
possibilities for the optimal utilization of the PMSM and the inverter
similarly arise by appropriate specification of iy,. The flux angle & will be
obtained either by the direct measuring — e.g. with a resolver — or by the
integration of the measured speed incorporating exact knowledge of the
rotor initial position.
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1.3 Basic structures of grid voltage orientated control
for DFIM generators

One of the main control objectives stated above was the decoupled
control of active and reactive current components. This suggests to choose
the stator voltage oriented reference frame for the further control design.
Let us consider some of the consequences of this choice for other variables
of interest.

The stator of the machine is connected to the constant-voltage constant-
frequency grid system. Since the stator frequency is always identical to the
grid frequency, the voltage drop across the stator resistance can be
neglected compared to the voltage drop across the mutual and leakage

inductances L, and L . Starting point is the stator voltage equation

b, = u %ﬂ or u, ~ jw P, (1.10)
dt ‘ dt ‘ S

with the stator and rotor flux linkages

{ by =1L, +i,L,

b, =i,L, +i,L,
Since the stator flux is kept constant by the constant grid voltage (equ.
(1.10)) the component i, in equation (1.9) may be considered as torque

producing current.
In the grid voltage orientated reference frame the fundamental power

uS = RSiS +

(1.11)

factor, or displacement factor cos¢ respectively, with ¢ being the phase
angle between voltage vector us and current vector i, is defined according
to figure 1.4 as follows:

cosgozlf'—d:ls—d (1.12)
|ls| ”i.gd + lgq

However, it must be considered that according to equation (1.11) for
near-constant stator flux any change in i, immediately causes a change in i,

and consequently in cose. To show this in more detail the stator flux in
equation (1.11) can be rewritten in the grid voltage oriented system to:

L
1/&{61 = L_Sisa' iy R 0
L’” with L =, /L, (1.13)
w;q = L_Sisq +irq ~ "lbé‘
m

For L,/L,, ~1 equation (1.13) may be simplified to:
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isd +ird ~0

1.14

/
=l

The phasor diagram in figure 1.4 illustrates the context of (1.14). With
the torque producing current i,; determined by the torque controller
according to (1.13) the stator current iy is pre-determined as well. To

compensate the influence on cose according to equation (1.12) an
appropriate modification of i, is necessary. The relation between the stator
phase angle ¢ and i, is defined by:

1 1
sing =t = (1.15)

|ls| ‘de +l§q
Equation (1.15) expresses a quasi-linear relation between siny and i,

for small phase angles directly between ¢ and iy, because of sinp~ ¢ in

this area. This implies to implement a sing control rather than the cos¢y

control considered initially. Due to the fixed relation between i,, and i,
expressed in the second equation of (1.14) the rotor current component i,

is supposed to serve as sing- or cosg-producing current component.
Another advantage of the siny control is the simple distinction of inductive

and capacitive reactive power by the sign of sin¢.

The DFIM control system consists of two parts: Generator-side control
and grid-side control. The generator-side control is responsible for the
adjustment of the generator reference values: regenerative torque mg and

power factor cos¢. For these values suitable control variables must be

found. It was worked out in the previous section, that in the grid voltage
reference system the rotor current component i,; may be considered as
torque producing quantity, refer to equation (1.9). Therefore, if the
generator-side control is working with a current controller to inject the
desired current into the rotor winding, the reference value for i,; may be
determined by an outer torque control loop.

With this context in mind the generator-side control structure may be
assembled now like depicted in figure 1.9. Assuming a fast and accurate
rotor current vector control this control structure enables a very good
decoupling between torque and power factor in both steady state and
dynamic operation. With a fast inner current control loop, torque and
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power factor might be impressed almost delay-free; the controlled systems
for both values have proportional behaviour.

However, in practical implementation measurement noise and current
harmonics might cause instability due to the strong correlation of the
signals in both control loops. Feedback smoothing low-pass filters are
necessary to avoid such effects (fig. 1.9). These feedback filters then form
the actual process model and the control dynamics has to be slowed down.

u d[ v| wy Grid
from DC link \Y\—\ GCB
Torque l .
Controller Current Usc ¢
. Controller
Mg i T_H_T
1
— 00— / -y rd Urq _urg T %_ [
B i — j9, — S| A
Mg DNW ] = |u.leu e 3~) JDFIM
¢ o : | B —E S el I b1 A 1N t
o wlidl |l o g PWM GC
Power Fact r IE
Controller ird l ira irr
3, i . e'fgr . 3 Ies
) iy Irq lib| o
Low Pas m Jsa — |
L] Filter i FPT [3 ;q i i i
f:u, AIN sd . RET 3 .su
— . e—JSN . lsy
DNW Decoupling NetWork |sq |s[3 2
PWM Puls Width Modulation —
GA Grid Voltage Angle Acquisition
FPT Flux, Power Factor and Torgue SN Uny
Calculation
GCB Grid Circuit Breaker _ GA
GC Generator Side Converter Uyg = |H5| Uy
dg line voltage oriented reference frame D
ab rotor fixed reference frame

af stator fixed reference frame

Fig. 1.9 Modern structure with grid voltage orientated control for generator
systems using DFIM and VSI with current control loop in grid voltage coordinates

The DFIM is often used in wind power plants thanks to the
fundamentally smaller power demand for the power electronic components
compared to systems with IM or SM. The demand for improved short-
circuit capabilities (ride-through of the wind turbine during grid faults)
seems to be invincible for DFIM, because the stator of the generator is
directly connected to the grid. Practical solutions require additional power
electronics equipment and interrupt the normal system function. Thanks to
the power electronic control equipment between the stator and the grid,
this problem does not exist for IM or SM systems.

Figure 1.10 presents a nonlinear control structure, which results from
the idea of the exact linearization and contains a direct decoupling between
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active and reactive power. However, the most important advantage of this

concept consists of the improvement of the system performance at grid
faults, which allows to maintain system operation up to higher fault levels.

Grid
u v w
R,
U - Grid-side
D # R Inverter GCB
Ind U Uy, t
U G _t“_-_ y - -
Dc R . d I B =P
. hve | 73 L
@ _J
— Vector HH
Modulation

Power
Factor

Iy
by
l—

SN
\=\=\ GCB
U
i mn >
~
¢
State Coordinate Vector (
R,, . Transformation Modulation {3
w Urg U, i Iy

et ew’u_’ﬂ_n_g_@ f
@W, Feedback|!. P T [ t

Rm ‘\’;Tq LTUSd Generator-side] DFHV[
9

Inverter

c

72 RVE

GCB: Grid circuit breaker

iFE

] 3

1

iS L SU

] | E 31

I L
RVC: Reference value calculation

RVE: Real value estimation S Uny
PLL: Phase-locked loop PLL

Fig. 1.10 Complete structure of wind power plant with grid voltage orientated
control using a nonlinear control loop in grid voltage coordinates
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2 Inverter control with space vector modulation

The figure 2.1a shows the principle circuit of an inverter fed 3-phase
AC motor with three phase windings u, v and w. The three phase voltages
are applied by three pairs of semiconductor switches v,./v,., v,.+/v,. and
vi/v,.  with amplitude, frequency and phase angle defined by
microcontroller calculated pulse patterns. The inverter is fed by the DC
link voltage Upc. In our example, a transistor inverter is used, which is
today realized preferably with IGBTs.

+e : ’

~
u+ Vo, Wt u / \\

—— v
Um: = W [ ’
[

VH V\ vw- N o= > /

3-Phase

¥ AC Motor
Y F O § A A

Firing pulses
calculated by microcontroller

Fig. 2.1a Principle circuit of a VSI inverter-fed 3-phase AC motor

Figure 2.1b shows the spacial assignment of the stator-fixed af
coordinate system, which is discussed in the chapter 1, to the three
windings u, v and w. The logical position of the three windings is defined
as:

0, if the winding is connected to the negative potential, or as
1, if the winding is connected to the positive potential

of the DC link voltage. Because of the three windings eight possible
logical states and accordingly eight standard voltage vectors uy, u; ... uy
are obtained, of which the two vectors uy - all windings are on the negative
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potential - and u; - all windings are on the positive potential - are the so
called zero vectors.

Phase V 4 B

Phase W

Fig. 2.1b The standard voltage vectors uy, u; ... u; formed by the three transistor
pairs (Q; ... Q4: quadrants, S; ... S¢: sectors)

The spacial positions of the standard voltage vectors in stator-fixed o
coordinates in relation to the three windings u, v and w are illustrated in
figure 2.1b as well. The vectors divide the vector space into six sectors S;
... S¢ and respectively into four quadrants Q; ... Q4. The table 2.1 shows the
logical switching states of the three transistor pairs.

Table 2.1 The standard voltage vectors and the logic states

1 uy
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S| |—=
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o
— O | —=
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2.1 Principle of vector modulation

The following example will show how an arbitrary stator voltage vector
can be produced from the eight standard vectors.
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u, u, o

Fig. 2.2 Realization of an arbitrary voltage vector from two boundary vectors

Let us assume that the vector to be realized, u, is located in the sector
Si, the area between the standard vectors u; and u, (fig. 2.2). us can be
obtained from the vectorial addition of the two boundary vectors u, and u,
in the directions of u; and u,, respectively. In figure 2.2 mean:

Subscript 7, /: boundary vector on the right, left

Supposed the complete pulse period T, ; is available for the realization

of a vector with the maximum modulus (amplitude), which corresponds to
the value 2Up/3 of a standard vector, the following relation is valid:

2
:|u1|:...:|u6|:§UDC 2.1
From this, following consequences result:

1. u, is obtained from the addition of u, +u,

u,|
|Smax

2. u, and u, are realized by the logical states of the vectors u; and u, within
the time span:

|

T.=T .7, — 7 2.2)
r—*p sl T p| :

| s |max s |max
u; and u, are given by the pulse pattern in table 2.1. Only the switching
times 7,, 7, must be calculated. From equation (2.2) the following
conclusion can be drawn:
To be able to determine T, and T, the amplitudes of u, and u,
must be known.
It is prerequisite that the stator voltage vector u; must be provided by the
current controller with respect to modulus and phase. The calculation of
the switching times 7,, 7; will be discussed in detail in section 2.2. For
now, two questions remain open:

1. What happens in the rest of the pulse period T ; - (Tr + T,) ?
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2. In which sequence the vectors u, and u,, and respectively u_and u, are
realized?

In the rest of the pulse period T, ; —(T. +T;) one of the two zero vectors

ug or u; will be issued to finally fulfil the following equation.
u; =u, +u; +ug (OI’ ll7)

T T T, —(T. +T, 2.3
=—Lu +—tu, +L*1)“0 (oruy) @3
p p P

The resulting question is, in which sequence the now three vectors - two
boundary vectors and one zero vector - must be issued. Table 2.2 shows
the necessary switching states in the sector S;.

Table 2.2 The switching states in the sector S,

Uy u; u; uy
u 0 1 1 1
v 0 0 1 1
W 0 0 0 1

It can be recognized that with respect to transistor switching losses the
most favourable sequence is to switch every transistor pair only once
within a pulse period.

If the last switching state was w, this would be the sequence
U=u =>u=uy

but if the last switching state was W7, this would be
W= uwm = u = U

000 |100| 110 | 111 {110 [100{000|100
L] -
v [
w

uy| wy | ug| us | g

T2 T2

Fig. 2.3 Pulse pattern of voltage vectors in sector S,
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With this strategy the switching losses of the inverter become minimal.
Different strategies will arise if other criteria come into play (refer to
sections 2.5.1, 2.5.3). If the switching states of two pulse periods
succeeding one another are plotted exemplarily a well-known picture from
the pulse width modulation technique arises (fig. 2.3).

Figure 2.3 clarifies that the time period T; for the realization of a

voltage vector is only one half of the real pulse period 7). Actually, in the
real pulse period 7, two vectors are realized. These two vectors may be the
same or different, depending only on the concrete implementation of the
modulation.

Until now the process of the voltage vector realization was explained for
the sector S independent of the vector position within the sector. With the
other sectors S, - Sg the procedure will be much alike: splitting the voltage
vector into its boundary components which are orientated in the directions
of the two neighbouring standard vectors, every vector of any arbitrary
position can be developed within the whole vector space. This statement is
valid considering the restrictions which will be discussed in section 2.3.
The following pictures give a summary of switching pattern samples in the
remaining sectors S, ... Sg of the vector space.

T

v
W i
EEI T?.I TT ir;- |ﬂ| TO ;
fug uy’” u; © uyuz ugp !
[ [}
1 7;) I
l |
u i I
v
1 I
1 I
W | |
—_—
T T LT Ty |
Uz w0 U7 ougug ug |

b Sector S,

&3
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Fig. 2.4 Pulse pattern of the voltage vectors in the sectors S, ... Sg

From the fact, that:

1. the current controller delivers the reference value of a new voltage

vector u, to the modulation after every sampling period 7, and

2. every (modulation and) pulse period 7, contains the realization of two

voltage vectors,

the relation between the pulse frequency f, = 1/7, and the sampling
frequency 1/T is obtained. The theoretical statement from figure 2.3 is that
two sampling periods 7 correspond to one pulse period 7,. However this

relationship is rarely used in practice. In principle it holds
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that the new voltage vector Ug provided by the current controller is
realized within at least one or several pulse periods T,.

Thereby it is possible to find a suitable ratio of pulse frequency to
sampling frequency, which makes a sufficiently high pulse frequency
possible at simultaneously sufficiently big sampling period (necessary
because of a restricted computing power of the microcontroller). In most
systems f, is normally chosen in the range 2,5..20kHz. The figure 2.5
illustrates the influence of different pulse frequencies on the shape of
voltages and currents.

T
T =
= T

a f, = 2,5kHz

b f, =10kHz

Fig. 2.5 Pulse frequency f, and the influence on the stator voltage as well as the
stator current. 1: Pulsed phase-to-phase voltage; 2: Fundamental wave of the
voltage; 3: Current

2.2 Calculation and output of the switching times

After the principle of the space vector modulation has been introduced,
the realization of that principle shall be discussed now. Eventually the
inverter must be informed on ,,how* and respectively ,,how long* it shall
switch its transistor pairs, after the voltage vector to be realized is given
with respect to modulus and phase angle.



24 Inverter control with space vector modulation

Thanks to the information about phase angle and position (quadrant,
sector) of the voltage vector the question ,how* can be answered
immediately. From the former section the switching samples for all sectors
as well as their optimal output sequences with respect to the switching
losses are already arranged.

The question ,,how long* is subject of this section. From equations (2.2),
(2.3) it becomes obvious, that the calculation of the switching times 7,, 7,
depends only on the information about the moduli of the two boundary
vectors u,, u,. The vector u, (fig. 2.6) is predefined by:

1. Either the DC components w4, 4y, in dg coordinates. From these, the
total phase angle is obtained from the addition of the current angular
position #% of the coordinate system (refer to fig. 1.2) and the phase
angle of u; within the coordinate system.

U,
v, = U, +arctan [—] (2.4)
Usq
2.Or the sinusoidal components u,, u,p in off coordinates. This
representation does not contain explicitly the information about the
phase angle, but includes it implicitly in the components.

Fig. 2.6 Possibilities for the specification of the voltage vector u

Therefore two strategies for calculation of the boundary components
exist.

1. Strategy 1: At first, the phase angle ¢, is found by use of the equation
(2.4), and after that the angle y according to figure 2.6 is calculated,
where Y represents the angle ¢}, reduced to sector 1. Then the
calculation of the boundary components can be performed by use of the
following formulae, which is valid for the whole vector space:
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i|us|sin(600 —7);

2
NG} J3
With:

Jug|=fud; +u, (2.6)

2. Strategy 2: After the coordinate transformation, the stator-fixed
components u, uyg are obtained from uy u,,. For the single sectors, u,
and u, can be calculated using the formulae in table 2.3.

u,|= |ug|sin(v) (2.5

Table 2.3 Moduli of the boundary components u,, u; dependent on the positions of
the voltage vectors

Ju, | Jw|

S Qi | —% Usp % Usp

Ql |usa | + Usp |usa| +
S,

Q2 |us(y| + sﬂ |usa| + sﬁ
S3 Q2 % usﬂ |uva| \/— sﬂ
s |um|—%usﬁ %usﬁ
S Q3 |usa | + s[i |usa| + sﬂ

5 Q4 |us(y| + sﬂ |usa| + sﬁ

Se Q4 % usﬂ |uva| \/— sﬂ

The proposed strategies for the calculation of the switching times 7,, T;
are equivalent. The output of the switching times itself depends on the
hardware configuration of the used microcontroller. The respective
procedures will be explained in detail in the section 2.4.

The application of the 2™ strategy seems to be more complicated in the
first place because of the many formulae in table 2.3. But at closer look
it will become obVious that essentially only three terms exist.

a= |uSOé | += Ugg|s sa| \/— Ugs|s \/3 Usp 2.7
With the help of the following considerations the phase angle of ug can

be easily calculated.

1. By the signs of u,,, u,s one finds out in which of the four quadrants the
voltage vector is located.
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2. Because the moduli of u, and u, are always positive, and because the
term b changes its sign at every sector transition, b can be tested on its
sign to determine to which sector of the thus found quadrant the voltage
vector belongs.

2.3 Restrictions of the procedure

For practical application to inverter control, the vector modulation
algorithm (VM) has certain restrictions and special properties which
implicitly must be taken into account for implementation of the algorithm
as well as for hardware design.

2.3.1 Actually utilizable vector space

The geometry of figure 2.2 may lead to the misleading assumption that
arbitrary vectors can be realized in the entire vector space which is limited

by the outer circle in fig. 2.7b, i.e. every vector u; with |us| <2Up¢/3

would be practicable. The following consideration disproves this
assumption: It is known that the vectorial addition of w, and w,; is not
identical with the scalar addition of the switching times 7, and 7;. To
simplify the explanation, the constant half pulse period which, according
to fig. 2.3, is available for the realization of a vector is replaced by
T,,=T, / 2 . After some rearrangements of equation (2.2) by use of (2.5)

the following formula is obtained.

T, =T +T, :\/ng/zlLu—S'cos(mo —7) 2.8)
DC

In case of voltage vector limitation, that is |us|: 2Upc /3, it follows
from (2.8):

T max = T2 %005(300 —7) with 0°<y<60° (2.9)

The diagram in figure 2.7a shows the fictitious characteristic of Ty
with excess of the half pulse period 7,,. By limitation of 75 to 7, the
actual feasible area is enclosed by the hexagon in fig. 2.7b.

In some cases in the practice - e.g. for reduction of harmonics in the
output voltage - the hexagon area is not used completely. Only the area of
the inner, the hexagon touching circle will be used. The usable maximum
voltage is then:
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1

|uS |max :ﬁ
Thus the area between the hexagon and the inner circle remains unused.
Utilization of this remaining area is possible if the voltage modulus is
limited by means of a time limitation from Tx to T,,. To achieve this, the
zero vector time is dispensed with, and only one transistor pair is involved
in the modulation in each sector (refer to fig. 2.14d, right). A direct
modulus limitation will be discussed later in connection with the current
controller design.

Upe (2.10)

Uz

2]-.'12/‘}6

‘IpE ______

e

Ug

a b

Fig. 2.7 Temporal (a) and spacial (b) representation of the utilizable area for the
voltage vector uy

An important characteristic for the application of the VM is the voltage
resolution Au, which for the case of limitation to the inner circle or at use
of equation (2.10) can be calculated as follows:

Au :iﬂUDC [V] (2.11)
3T,

At deeper analysis, restricted on the hexagon only, it turns out that the
zero vector times become very small or even zero if the voltage vector
approaches its maximum amplitude. This is equivalent to an (immediate)
switch on or off of the concerned transistor pair after it has been switched
off or on. For this reason the voltage vector moduli have to be limited to
make sure the zero vector times 7, and 7, never fall below the switching
times of the transistors. For IGBT’s the switching times are approx.
<1...4us, so that this contraction of the voltage vector for usual switching
frequencies of 1...5kHz can be considered insignificant. However, the
situation becomes more critical for higher switching frequencies or if
slow-switching semiconductors, such as thyristors, are used.
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The values either of 7, or of 7; become very small in the boundary zone
between the sectors or near one of the standard vectors u; ... ug. For some
commonly used digital signal processing structures (refer to the application
example with TMS 320C20/C25 in section 2.4) the PWM synchronization
is directly coupled to the interrupt evaluation of the timer counters for 7,
and 7). For these structures the values of 7, and 7; must never fall below
the interrupt reaction times causing another limitation of the utilizable
area. The arising forbidden zones are shown in figure 2.8.

B

U; U

Forbidden
Zones

Utilizable
Zones

Uy Ug

Fig. 2.8 Forbidden zones in the vector space

2.3.2 Synchronization between modulation and signal
processing

According to theory (refer to fig. 2.3) the modulated voltage in the
context of control or digital signal processing looks like in figure 2.9 for
the samplings periods (k-1), (k) and (k+1). The voltage output sequence in
period (k)

T.(u,)=T, (u,):>T7 (u7) 1T (“1>:>Tr (u,)=T, <“0)
leads to the following time relation:
_Ty(k) N Ty(k—1)

Tnch:Tp 7 7

%




Restrictions of the procedure 29

For a dynamic process with ug(k-1) # ug(k) is also T,(k-1)/2 # T,(k)/2.
That means, that 7j,,., would be not constant (fig. 2.9b), making the use of
up/down counters — like usually done in PWM units — impossible.
Therefore, a different sequence shall be used for voltage output:

%(uo):ﬂ}(ur)iTl(“l)iE (“7)/T/<“I>Z>Tr(“r):>%<“0)

Figure 2.9b shows this alternative sequence. It is obvious from the
figure that this sequence is absolutely stable and therefore the use of
up/down counters is supported. This means also a strict synchronization
between control and pulse periods which must be considered already in the
design phase of the signal processing hardware.

(k) (k+1)

(k1) ! k) Hk+1) (k1)

1
Up, WUy Uy U Wy, Uy

v
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=
ol
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1w ug e T N
=t T =t TN T T 1
T 1, T Ip T T i L T
i — ——
- - - 1 L2 21
5 T = Sampling Period i : Tonen = 1 = Sampling Period |

' Ty ()
a i 19 b
i i

Toyneh

Fig. 2.9 For ensuring synchronization between modulation and control: the
theoretical sequence (a) must be modified (b)

2.3.3 Consequences of the protection
time and its compensation

So far, the semiconductors had been regarded as ideal switches with un-
delayed turn-on and turn-off characteristics. However, the IGBT’s
physically reach their safe switched-on or switched-off state only after a
certain turn-on or turn-off period #,,, t,;» To avoid inverter short circuit, the
switch-on edge of the control signal must be delayed for a time #, which is
greater than the turn-off time 7,5 This time is called protection time or
blanking time (fig. 2.10). In practice 7, is chosen so that 7,; will be nearly
70 ... 80% of ¢,,.
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Upc

Myl ERERE IR R
b 15> 0 is=0 is<0

Fig. 2.10 Origin of the protection time 75 and its influence on the output voltage

Figure 2.10b shows in turn: 1. The reference voltage uZ for the phase v.

2. The actual IGBT control signals v, and v_, modified by the protection
time 7,,. 3. The actual voltage u, of phase v. 4. The voltage errors Au,. The
influence of 7, on the trajectory of the stator voltage vector u;, as well as on
the fundamental wave of the phase voltage are illustrated in figures
2.10c¢,d.
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The voltage error Au,, caused by 7p and shown in figure 2.10d, can be
calculated as follows:

tp(2
_Ti EUDC for iSV >0
* P
Au, =u, —u, = 5 (2.12)
t
A—UDC] fori, <0
T,(3

The voltage error depends on the sign of the phase current and may be
effectively compensated with respect to the voltage mean average value.
This compensation can be realized either in hardware or in software.
Software compensation is more widely used today. Preferably, the
compensation is done without using the actual current feedbacks which
could be critical because of the pulsed current as well as the measuring
noise at zero crossings. This is possible if the current controller works
without delay. In chapter 5 it will be shown that this condition is largely
fulfilled for the control algorithms to be introduced there.

In this case the reference value can be used to capture the sign instead of

Jk

the actual value. The reference values i.

Ok
1, and i, of the phase currents

* %

can be calculated from iy, i,

by use of a coordinate transformation. With
that the error components in o3-coordinates are obtained as follows:

Ip
T,

Au, =

so

2
U
3 DC

—Sign(i:u ) + %sign(i:v) + %S"g”(":w)
, 5 (2.13)
E DC]T

The error components according to (2.13) are added to the stator-fixed
voltage components u,,, u5 before they are forwarded to the modulation.

Augz = [—sign (i:v) + sign (I:W)};ﬁ[
p

2.4 Realization examples

The realization of the space vector modulation requires a suitable
periphery, which has to be added to the processor hardware when normal
microprocessors (uP) or digital signal processors (DSP) are used.
However, a number of microprocessors with this periphery on chip, so
called micro controllers (uC) are available on the market today, allowing
implementation of advanced modulation algorithms without additional
hardware.
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Fig. 2.11 Flow chart for the computing of the switching times according to the
space vector modulation
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Microcontrollers, which are utilizable for 3-phase AC machine systems
due to their internal PWM units as well as other on-chip periphery units,
are e.g.

1. SAB 80C166, SAB C167 (Siemens, Infineon): The time resolution At of
C166 is 400 ns, of C167 50 ns. The upper and the lower transistor of a
phase leg are not controllable separately using the C167-PWM unit',
which would be necessary for an efficient, software based generation of
the protection time. A 32 bit single chip microcontroller of the TC116x
series can be used very advantageously today for a high-quality drive.

2. TMS 320C240/F240 (Texas Instruments): At = 50ns. The uC supports
the direct generation of the protection time #p, and the transistors of a
pair are controllable independently. Also, chips of the family TMS 320
F281x are used very widely today.

In many systems a double processor configuration is used due to the
strong price collapse of the processors in the last years. For such
applications, the digital signal processors from Texas Instruments TMS
320C25 (16 Bit, fixed-point arithmetic) or TMS 320C32 (32 Bit, floating-
point arithmetic) can be recommended particularly.

The application of the modulation algorithm, described in sections 2.1
and 2.2, shall be illustrated now in detail on 4 examples, orientated
essentially on the Siemens microcontrollers SAB 80C166, SAB C167 and
the Texas Instruments DSP TMS 320C20/C25. The calculation of the
switching times is carried out according to the 2™ strategy of section 2.2,
i.e. by means of the ¢ff voltage components.

In principle, the concrete formulae for the computing of the switching
times in all sectors shall be worked out first using table 2.3. These
formulae will then be used on-line. The computing and output will be
independent of the hardware following the flow chart in the figure 2.11.
The flow chart clarifies the steps to determine the space vector area in
which the voltage vector to be realized is located. After that, the
computing, dependent on the respective hardware, will follow.

2.4.1 Modulation with microcontroller SAB 80C166

The microcontroller SAB 80C166 is a special high-performance
microprocessor with an extensive periphery on the chip. Particularly the
Capture/Compare register unit supports the space vector modulation for

! This is possible, however, if the modulation is not realized with PWM units
but with CAPCOM registers
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3-phase AC machines. The double register compare mode is used in the
following example.
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Fig. 2.12a Hardware configuration for the space vector modulation using the
microcontroller SAB 80C166 in double register compare mode
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In double register compare mode the 16 CapCom registers CC0-CC15
are configured in two register banks and assigned in pairs to one of the two
timers TO or T1 respectively. E.g. the three pairs CC0/CC8, CC1/CC9 and
CC2/CC10 with the inputs/outputs CCO0IO/P2.0, CC1IO/P2.1 and
CC2I0/P2.2, which are configured as outputs here, shall be used. The
simplified hardware structure to control the inverter is shown in the figure
2.12a. The assignment of the register pairs to the inverter phase legs is
represented in the figure 2.12b.
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Fig. 2.12b Assignment of the register pairs to the switching times of the inverter
legs

The modulation works in a fixed time frame with the pulse period 7,
which represents at the same time the reload value 7., for the timer TO.
This stable time frame supports the synchronization between the hardware
hierarchies as well as between digital control, modulation and current
measurement, which shall be discussed later. Thus, the reload register
TOREL must be loaded with 7, only once at processor initialization. In the
current sampling period (k) the turn-on/turn-off times T, on Ty opp T\ on
T, opp Tw on and T, .5 of the inverter legs will be calculated and stored
intermediately in a RAM table. An interrupt signal TOIR is triggered at
overflow of the timer TO which causes the transfer of the reload value from
the register TOREL into timer T0O. The interrupt signal TOIR at the same
time activates an interrupt service routine to load the new switching times
from the RAM table into the register pair for the following sampling
period. In the next sampling period (k+1) and while the timer TO is
counting up, the compare matches between:
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T0 and CCO, CC1 and CC2 as well as
T0 and CC8, CC9 and CC10
cause the switchover of the phases u, v and w to
the positive or respectively
the negative potential
of the DC link voltage Upc. The voltage components u,, and u,z are
normalized to the maximum value 2Up/3 in the following calculations, so
that an extra index is neglected following the definition of the times
introduced in figure 2.12b, and using equations (2.1), (2.2), (2.7) and table
2.3 the following formulae are obtained for the different sectors:
1. Sector 1:

T T T
T, on =7’7(1—a); T, on :7p(1+b—c); Ty on :71’ 1+a)
T T T
Ly o :7”(3+a); T, o :7”(3—b+c); T, o :71’(3_21)
(2.14)
2. Sector 2:
Tp Tp
Quadrant1:7,, ,, :7(1—3_[)); T, o 27(3+a—|—b)
T, T
Quadrant 2: T, , ——p(1+a+b), T, o ——p<3—a—b)
2 ) 2 2.15
‘T; on :7P<1_c>; Twﬁon :TP(I-FC)
T T
T, o :7”(3+c); T, o :é’(:s_c)
3. Sector 3:
T T T
Tt on _71’(1_’_3)’ T, on :Tp(l_a); Ty on :Tp l—b—f—C)
T T T
Tu_()ff :Tp(:;_a), TV_()ff :Tp(3+a>, TW_Uﬁr :Tp(3+b—c)
(2.16)
4. Sector 4:
T T T
Toon=—(14a); Ty =—(1=bte)s T,y =—(1-a)
T, T

T
Toop == (3=2); T,y =2-(3+b—c); T, oy =—-(3+a)
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5. Sector 5:
T T
Quadrant 3:7, ,, :?p(l—{—zH—b); T, o :7p(3—a—b)
T T
Quadrant 4:7,, ,,, :—p(l—a—b); T, of :—p(3+a+b)
2 - 2
(2.18)
T, T,
Tvian :7<1+C) Twion :7( —C)
T T,
T, off :71’(3—c); Ty off :7(3+c)
6. Sector 6:
T T T
Toon=—(1=2); T, oy =2(1+2); T, oy = (14D —¢)
T T T
Tiop == (BFa) Iy =—-(3-a); T, oy =—-(3-b+¢)
(2.19)

Using these equations provides an easily comprehensible realization of
the space vector modulation following the control flow of the structogram
of fig. 2.11. The afore mentioned limitation to the maximum voltage
vector should be already carried out in the current controller because of the
necessary feedback correction discussed later. The normalization of the
voltage components to 2Upc/3 permits the calculation of the switching
times independent of the motor nominal voltage.

2.4.2 Modulation with digital signal processor TMS 320C20/C25

Unlike the Siemens microcontroller the digital signal processor is not
equipped with the intelligent Capture/Compare register unit, but provides a
superior computing power instead. In principle, there are two possibilities
for the realization of the space vector modulation.

1. Using additional hardware: The processor is extended by a latch-
counter-unit providing the process interface to the inverter (refer to fig.
2.13a).

2. Without additional hardware: The internal processor timer is used to
generate the pulse pattern.

Since the 2™ variant causes certain disadvantages, such as an inaccurate
voltage realization, particularly at the sector boundaries as well as in the
area of small stator voltage (important for the low speed region), the 1%
variant (following the realization with microcontroller) is discussed first.
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The figure 2.13a illustrates the hardware configuration. The figure 2.13b
shows, representative of the complete vector space, the definition and

respectively the assignment of the turn-on / turn-off times to the inverter
legs.

4 ot

Generation of
Switching Signals

Zero Zero Zero
detect detect detect
Down- Down- Down-
Counter Counter Counter ) RAM
Time ~_.
Output Table
Clock
Latch Latch Latch
16 16 16 16 |~
% Data Bus /

Fig. 2.13a Hardware configuration using DSP with external down-counter

According to the definition the switching times of the sampling period
(k) can be calculated and stored in a RAM table. In the next period (k+1)
they are output half-pulse wise. Computing and output of the switching
times are processed in a time frame with the fixed period 7,/2, which is
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provided by either the internal timer of the signal processor or possibly
also by the master-processor in the case of a multi-processor system. At
the synchronization instants the switching times for the actual half pulse
are automatically transferred from the latches to the down-counters, giving
way to write the switching times for the next half pulse from the RAM
table into the latch. Thus, output of the switching times independent of the
interrupt reaction time is achieved, which results in a very precise voltage
realization particularly in the area of small voltage values. After having
been loaded with the switching times the counter starts to count
backwards. Once the counter reading is zero, a zero detector will generate
turn-on / turn-off pulses to control the inverter.

=

=

[

_on

o

Fig. 2.13b Definition of the turn-on and turn-off times in the version DSP with
additional hardware

According to the definition in the figure 2.13b, equation (2.2) and table
2.3 the switching times can be calculated as follows.

1. Sector 1:
T T
T’LO” - TW,Uff :Tp(l _a); T;LOﬂ = Twﬁon :7p(1+a>
T T (2.20)
Tv_on :Tp(l—l_b_c); T;_Oﬁ" :7p(1—b+0)
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2. Sector 2:
T T
Quadrant 1:7, ,, :Tp(l—a—b); T, o :7p(1+a+b)
T T
Quadrant 2:7,, ,, :7p(1+a—|—b); T, o :f(l—a—b) (2.21)
T, T
T"_"n - TW_Uﬁ - 7]7(1 —C) ; Tv_o_ff = Tw_on :7]7(1 —I-C)
3. Sector 3:
T, T
T;’_‘)n = TV_Off :717(1_‘_ a>; Tu_()ﬁ = Tv_on :7P<1_a)
T T (2.22)
waon :7p(1_b+c>, Twﬁoﬁ” :7}7(1_'_])_ )
4. Sector 4:
Tp Tp
T;‘J’n = TWJ’ﬁ :7<1+a>’ TLLo]f = Twﬁon :7<1—3>
T T (2.23)
T;Lon :7p<1_b +C); vaoff :7p<1+b —C)
5. Sector 5:
T, T,
Quadrant 3:7, ,, :7(1+a—|—b); T, o :T(I—a—b)
T, T,
Quadrant 4:7,, ,, :7<1—a—b); T, o = 7(1 +a+b) (2.24)
T T
T;LO” - TWJ’ff = 7]3(1 + C) ; T;Lo/f = Twﬁon = 7]3(1 B C)
6. Sector 6:
T T
TLLO" - vaoﬁ' :71)(1_3); TH,O/f = vaon :717(1 +a)
T T (2.25)
Tw_on :Tp(l—i_b_c); TW_oﬁf =7p(1—b+c)

The shown variant with additional hardware fulfils highest requirements
regarding the precision of the voltage realization. The additional hardware
costs are faced by a time resolution, which is practically limited only by
the word length of the three counters and their clock frequency.

With regard to a very exact and dynamic feedback control this solution
has to be preferred to the one with microcontroller if one considers that the
controller has a maximum time resolution of only 400 ns (with hardware
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expansion also 200 ns possible). This time resolution permits a voltage
resolution of only 7 bits at a pulse frequency of 10 kHz (approx. 4 V/time
increment) and a resolution of 8 bits at 5 kHz (approx. 2 V/time
increment). This is a rather coarse resolution. In contrast to this, a time
resolution of 50 ns corresponding to a voltage resolution of 10 bits
(approx. 0.5 V/time increment) can easily be achieved, which requires just
the use of counters with 10 bit word length and 10 MHz clock frequency.
Another drawback of the microcontroller solution is due to the fact that the
CAP/COM registers of the SAB 80C166 cannot be switched
simultaneously because they are subject to a skew of 50 ns from register to
register. This necessitates a hardware-based compensation to attain a high
precision of the voltage realization. Such a compensation is particularly
important at the sector boundaries as well as in the area of small voltages
or small speeds.

For the DSP solution, the version without additional hardware offers
itself as an alternative possibility. The switching times are generated using
the only internal timer. The figure 2.14a shows the used hardware. The
figure 2.14b shows the time frame, in which the switching time calculation
as well as their output are processed. As familiar, the switching times are
calculated and stored into a RAM table already in the period (k) for the
following period (k+1). The difference, compared with the two previous
solutions, consists in the switching times not being output to the inverter
separately for every phase in the form of 7, and 7,4 but in original form
as T,, T; or Ty together with the needed switching state. The respective
switching state is sent as a 3 bit data block to a buffer latch ahead of the
inverter which holds it for the complete period.

From figure 2.14b it becomes evident, that two information are relevant
about the modulation: the switching time and the switching state. These
information are determined using table 2.3 and the flow chart in the figure
2.11, depending on the sector the voltage vector is located in. The hold
time of the switching state was fetched from the RAM table and loaded
into the period register PRD before. The timer counts backwards and when
reaching zero activates the automatic loading of the new time constant
from the PRD into its own counter register. At the same time, it triggers an
interrupt request Tint, which activates an interrupt routine for handing over
the following switching state (pulse pattern) into the latch as well as
reloading the PRD.



42 Inverter control with space vector modulation

IE IE vI Eu A —

Upe| == |
0 . /
AC Motor

EE" vy
| RAM table for:

switching times and
switching states

-

_

—JDo[Y0
{— D1| Y1 [~
—D2| Y2 |-
—1D6| Y6 —
N —p7|v71
—WR
—Cs
Latch 16 b=
Z Data Bus Z
7/
Y16 16
R ~ /| PRD
16
Olodk [~ Load
oc oad 7.
TIM | dei%rc%
Tint
16 14

Fig. 2.14a Hardware configuration using DSP with its internal timer TIM

To output the switching states the following simple algorithm can be
used. If again the figure 2.14b for the sector S; is viewed as an example the
following assignment table can be composed.

Switching times T, T, T, T; T, To
Switching states 100 110 111 110 100 | 000
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The phases u, v and w are assigned to the data bits DO, D1 and D2. If the
switching states of the above table are now written in reversed order
000/001/011/111/011/001,
a so-called control word (CW) results with CW=17D9h as a
hexadecimal number. The control words for all six sectors can be
summarized like in table 2.4.

Table 2.4 Control words of all sectors

Sectors S S, S5 Sa Ss Se

Control words | 17DSh | 27DAh | 2DF2h | 4DF4h | 4BECh | 1BESh

(k-1) ! (k) i (k+1)
I I
| —

u
] 1 I I |
I I I

v ! !

1 1 1 1 I : :

w | T
] 1 I I 1
H0Q' 110 ¢ 111 2 110 100! 000
T, T, Ty T, T, Tyt
| Tp = Tsynch i

Fig. 2.14b Modulation time frame of the solution without additional hardware

The control word, corresponding to the determined sector is loaded by
the interrupt routine from the memory into the accumulator, submitted to
the latch, shifted three times to the right (to remove the switching state),
and then stored back into the RAM. Every time after the control word has
arrived in the accumulator, a zero test is carried out. The value zero
indicates a new control word for the next sampling period. The described
handling of the control words is illustrated again by the flow chart in figure
2.14c.

Some disadvantages of this method shall be mentioned now. The figure
2.14a is redrawn for two extreme cases:

1. the areas of small voltages at the sector boundaries, and

2. the area of voltage limitation (refer to fig. 2.14d).
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Fig. 2.14c¢ Flow chart of the
interrupt routine to output
switching times and
switching states

Submitting switching time
to the PRD from RAM
table via accumulator

Loading a current control
word into the accumulator
from RAM table

NO
Accu =07?
YES
Submitting Submitting
accumulator contents accumulator contents
into the latch into the latch
Writing a new Shifting accumulator
control word into contents three times
the accumulator to the right

]

Restoring accumulator
contents or new control
word into the RAM table

Changing the switching states by means of an interrupt routine reacting
to Ty implies that the interval between two changes must be longer than
the interrupt reaction time and respectively the run time of the interrupt
routine itself. The figure 2.14d (refer to fig. 2.6) shows for sector S; that:

1. near the sector boundaries one of the two times 7, or 7}, and

2. in case of small voltages both times 7, and 7;
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may fall below the reaction time of the interrupt routine. In the 1% case
the boundary vector with the smaller switching time must be suppressed,
and the second one will be realized for the whole period instead. This, of
course, causes an inaccuracy of the voltage realization. In the 2™ case
the voltage amplitude in the vicinity of zero is limited on the lower end,
which has a negative effect on the speed control at small speeds.

Fig. 2.14d Switching times at sector boundaries, in the area of small voltage (left)
or of voltage at upper limits (right)

At large voltage amplitudes or during transients (magnetization, field-
weakening, speed-up, speed reversal) the zero times 7, and 7% can become
very small, and also fall below the reaction time of the interrupt routine
(fig. 2.14d right). This means a limitation of the voltage amplitude on its
upper end.

2.4.3 Modulation with double processor configuration

In this section a double processor system is introduced combining
harmonically the strength of the digital signal processor TMS 320C25 —
with respect to computing power — with the strength of the microcontroller
SAB C167 — with respect to peripheries.

In this configuration the DSP is responsible for the processing of
the near-motor control functions, and the pC has to process the tasks of the
superposed control loops. The DSP allows to calculate the extensive real
time algorithms, part of which is also the space vector modulation within a
small sampling time of 100...200 ps. In every sampling period the DSP
stores the newly calculated switching times into its own RAM, they are
read from the pC memory driver using HOLD/HOLDA signals and
submitted to the nC-internal PWM units. That means, with respect to the
modulation the pC is only responsible for the output of the switching times
and for the control of the transistor legs.
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Fig. 2.15a Overview of the double processor configuration DSP - pC

The microcontroller SAB C167 contains, different to the earlier SAB
80C166, four timers PTO...PT3. In the symmetrical modulation mode these
timers work as up/down counters. After every forward and the following
backward counting process, when the counter content has reached
the value zero, the timer/counter automatically receives the new
maximum counter content from one of the four period registers PP0...PP3
for the new counting period. For the modulation only three registers of
each category are needed (fig. 2.15b). It can be easily recognized that the
three registers PPO, PPl and PP2 have to get the same value
simultaneously to realize the same counting or modulation periods.
Furthermore it can be easily recognized that these three registers have to
be initialized only once with the value 7,=1/f, because of the constant
pulse frequency f,.

In comparison with the SAB 80C166 the registers PTO, PT1, PT2 play
the role of TO, and the registers PPO, PP1, PP2 the role of TOREL (refer to
fig. 2.12a). The registers PW0, PW1 and PW2 generate the pulse widths.
The assignment of the registers to the transistor legs is shown in the figure
2.15b.
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Fig. 2.15¢ Definition of the switching times for the structure in the figure 2.15b
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While PTO, PT1 and PT2, which are represented as PWM timers in
figure 2.15c, are counting forwards and backwards, their values are
permanently compared with the contents of the corresponding pulse width
registers PWO0, PW1 and PW2. Respective compare-match events cause
the output ports POUTO, POUT1, POUT?2 to toggle and in due course the
switchover of the corresponding inverter legs.

The figure 2.15c shows that the pulse width registers PW0, PW1 and
PW?2 have to be reloaded with new switching times, for turn-on and turn-
off, only once per modulation period. The switching times can be
calculated according to the definition in figure 2.15c as follows.

1. Sector 1:

T T T
TuZTP(H_a); 7;:717(1—21—1—20); Twzyp(l—a) (2.26)
2. Sector 2:
T T
Quadrant 1:7, :?p(1+2b+c); Quadrant 2: 7, :7’7(1—2a+c)
T T
T, =L (1) T,=2(1-¢)
(2.27)
3. Sector 3:
T T T
Tuzf(l—a); Tvsz(l—ka); T, = 7"(1+a 2¢) (2.28)
4. Sector 4:
T T T
Tll:?p(l—a); T”V:?p(l—l—a—Zc); T, = TP(H-?I) (2.29)
5. Sector 5:
T T
Quadrant3:Tu:7p(l—Za+c) Quadrant 4: 7, —7p(1+2b+c)
T T
TVZTP(I—C); Tw=7p(1+c)
(2.30)
6. Sector 6:
T T T
’I’;{:?p(]{-a), ’I’;}:?p(]—a); Twsz(l—a+2c) (231)

To complete the chapter of the realization examples the figure 2.16
shows the switching time plots, produced by the structure in figure 2.15b,
at great voltages. This may be easily recognized by the fact that the
switching times also show values near zero.
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Fig. 2.16 The phase voltage u,, with the corresponding switching time 7, (top),
and the switching times 7, T, T,, (bottom)

2.5 Special modulation procedures

2.5.1 Modulation with two legs

Starting point for this section is figure 2.9, which represents the standard
modulation in a stable time frame. The standard modulation realizes the
same voltage vector, which is determined by the lengths of its boundary
vector times 7,, T}, twice per pulse period. For the purpose of comparison it
is represented again for the sector S; in figure 2.17a.

We will try now to combine the zero times 7y, 77 such that their sum is
output either equally distributed at the ends (fig. 2.17b) or concentrated in
the center (fig. 2.17c) of the pulse period. The times 7,, 7; or the voltage
vector to be realized remain unchanged. With respect to the mean average
value the two new sequences realize the same vector as in figure 2.17a.

It is obvious in the newly arisen sequences, that only two inverter legs
are actually switched over. If this method, which will be called modulation
with two legs from now on, is used consistently for the whole vector space,
then the switching losses automatically go down to approx. 2/3 of the
original value.



50  Inverter control with space vector modulation

From the figures 2.17b,c it becomes obvious that either the phase with
the smallest pulse width (for S;: phase w) or the phase with the smallest
pause time (for S;: phase u) would be clamped to negative potential (the
lower transistor of a phase leg is conducting) or to positive potential (the
upper transistor is conducting). The formulae for the calculation of the
switching times depend on the hardware and can be derived according to
the definition from section 2.4.
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Fig. 2.17 Modulation with two legs for sector S,

With the help of the firing pulse patterns in figures 2.4a...e, the suitable
clamping phases or transistor legs can be found for all sectors and are
summarized in the table in figure 2.18. For each sector two phases are
available alternatively.

To obtain the same switching losses for all transistors, the upper
transistor of one leg (corresponding phase on +)and then the lower
transistor of the next leg (corresponding phase on —) are alternately
switched on permanently for an angular range of 60°. To switch-over the
clamping to the next phase,

1. either the sector boundaries (figure 2.18b),

2. or the middle points of the sectors (figure 2.18c)

can be used. For all variants every transistor of the inverter conducts
only for 60° per rotation of the voltage vector. With regard to the switching
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time calculation, which already requires a sector selection (refer to table
2.3), the version shown in figure 2.18b, seems to be more suitable for the
practical implementation compared to the one in figure 2.18c.

a o 60° 120° 180° 240° 300° 360"
S, S, S; S, S; S,
u| + - | =
v + | + - | -
w - - + +
b 60° 120° 180° 240° 300° 360°
S, S, S, S, S S,
u + o =1 + i
- = sl ]
o < - i
v o T + N N :
- Y < " Y ]
w T - + + i
1
] Vaviant1 ___ __ ___ i
Variant 2
C
Sl 52 Sﬂ S4 SG SG
T 1 ; T 1 T |
w | Fi+| 0 | === b [ FET
= T A S T - i
" 1 de g \\ 1 e ]
o i 4 |Fi+HTHEIF] L | =i=l—i— ]
1Y I 1 1y 1 1 1
o o A 1 I i 1
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S 90° 160° 210° 270" 3300

Fig. 2.18 Possibilities of modulation with two legs: Possible phases for clamping
per sector (a), and ways to switchover the clamped phases (b, ¢)

The advantage of the lower switching losses, however, is faced by
considerably higher current harmonics, about twice the ripple amplitude
has to be expected compared to the standard PWM algorithm.

2.5.2 Synchronous modulation

For the modulation algorithms discussed so far, it was always assumed
that the pulse period 7, or the pulse frequency f, = 1/7, is kept constant.
However, since the fundamental frequency or the stator frequency f; of the
driven motor depends on the speed as well as on the load and is therefore
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variable, the relationship f,/f; is not constant. In this case one speaks of
asynchronous modulation. The pulse period and the fundamental voltage
period are not in any fixed relation.

This asynchronous characteristic causes subharmonics and losses as
well as torque oscillations, which do not play an important role, as long as
the relationship f,/f; is sufficiently large. The negative influence of the
asynchronous characteristic may become a significant problem for high-
speed drives (centrifuges, vacuum pumps etc.) in the speed range of
30000...60000 rpm. This problem can be avoided by keeping f, and f; in a
fixed relationship.

N:%:const
s 2.32
) : (2.32)
p= = N_ = const
Sy s

N is the number of the pulse periods per fundamental wave and may
assume — because of the three-phase symmetry of the machines — only
values, which fit the following relationship.

N=94+6n n=0,1,23,...
N=09,15,21,27,...

In principle the modulation is processed in the same way as for the
asynchronous algorithm, only, that the length of the pulse period 7, —
depending on the working frequency f; — must be recalculated
permanently. It has to be taken into account for the practical
implementation, that the value of the period register cannot be changed
during the current pulse period, although the new value is already available
after the recalculation is finished. This requires a double buffering of the
period register. However, not every microcontroller will have the ability
of double buffering. Regarding this feature the SAB C167is very
recommendable because the registers PPO, PP1, PP2 and PP3 are doubly
buffered' by the so-called ,, shadow register*.

The following problems must be taken into account for the application
of the method:

1. Switching over of the pulse number N is carried out depending on the

working (fundamental) frequency, and a hysteresis — to prevent
continuous to- and from-switching — must be installed.

(2.33)

D Note: This ability is a further development of the SAB C167 in newer
versions. The SAB C167 in the first version does not have double buffering for
period registers.
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2. Switching over of the pulse number N as well as switching over
between asynchronous and synchronous modulation must — to reduce
transient effects — take place at the sector boundaries where one of
the phase voltages uy, u;, and uy, reaches its peak value. At the sector
boundaries the current harmonics pass through their zero crossings.

2.5.3 Stochastic modulation

In this chapter we shall take a closer look at the switching frequency
harmonics produced by the modulation and discuss certain ways to take
influence on their appearance. Typical spectra of inverter voltage and
current for the standard modulation with fixed pulse width are shown in
figure 2.19. Their shape depends on the modulation ratio m =|wu, |/u

and in case of the current on the load characteristic.

max
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Fig. 2.19 Voltage (top) and current (bottom) spectra for standard modulation with
m = 0.4 and pulse frequency = 1.0 kHz; current fundamental is truncated!

The spectra show pronounced maxima at the pulse frequency and its
multiples with the overall maximum at the 2" harmonic. Because of the
low-pass characteristic of the load (R — L) harmonics beyond the 4™ are
suppressed in the current. Depending on the application and performance

requirements, both positive and negative effects arise from this kind of
spectrum:
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e Below the switching frequency and its sidebands appear only low
harmonic amplitudes and consequently their effect on ripple control
frequencies in grid applications (active front-end converters) is
negligible.

e The maximum harmonic current amplitudes are concentrated around
two specific frequencies (1* and 2™ order), which facilitates filtering.

e Especially for grid applications, the maxima at 1% and 2™ switching
frequency harmonic may exceed the limits specified in the applicable
grid codes, which requires additional filtering for their suppression.

e The pronounced single-frequency harmonics produce noise which may
be unwanted and experienced as disturbing in many environments.

To overcome the mentioned negative effects, it would in the first place
be necessary to get rid of the pronounced 1* and 2™ harmonics and to
obtain a more uniformly distributed spectrum. A straightforward solution
could be to elude to control strategies with variable pulse period, such as
bang-bang control, predictive control or direct torque/flux control. This is
however outside the scope of this book, since we want to rely on the
current control procedures to be discussed in the later chapters. So the
question is how we can achieve a distributed spectrum while keeping a
constant pulse period at the same time.

To derive respective procedures, it is first necessary to take a closer look
on how the harmonic frequencies originate. Figure 2.20 shall help to do
this. In both phase voltage and inverter control signals two repeating
patterns may be identified:

1. The first pattern is formed by the ever repeating sequence of zero and
active vectors ... 0-R-L-7-7-L-R-0 ... which appears with switching
frequency and multiples of it.

2. The second one is formed by regular blocks of the active vectors R
and L which are interrupted by zero vectors 0/7 with symmetric
distribution within one period. This pattern is responsible for the
especially strong 2"! harmonic in the spectrum and its multiples.

To shape a distributed spectrum, the regularity of these patterns has to
be overcome, we have to “break the symmetries”. Two methods shall be
discussed to achieve this task.

The first approach, “sequence randomizing”, breaks the first symmetry
pattern by randomly changing the start vector of the pulse period between
0 and 7. This implies to add an additional simultaneous switchover of all
three phase legs at the beginning of the pulse period. The start vector for
each period is determined by a pseudo-random binary sequence (PRBS)
which can easily be generated in a microcontroller. The resulting pulse
patterns and spectra are shown in figures 2.21 and 2.22.
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Fig. 2.20 Switching pattern of phase voltage (top, center) and phase control
signals u/v/w (bottom) for standard modulation
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Fig. 2.21 Switching pattern of phase voltage (top) and phase control signals u/v/w
(bottom) for modulation with sequence randomizing



56  Inverter control with space vector modulation

SOOT
!

wold o I Lo L R R L
] | | | | | | | | | |

‘
3001}

Voltage amplitude [V]

200l -
‘

100 - oo e e e I RERREEES B -

20 30 40 50 60 70 80 90 100
Order of Harmonic

Current amplitude [A]

0 10 20 30 40 50 60 70 80 90 100
Order of Harmonic

Fig. 2.22 Voltage (top) and current (bottom) spectra for modulation with
sequence randomizing

The described change of the vector sequence occurs in the example
between first and second pulse period in fig. 2.21. The peak value of the
first harmonic is clearly reduced but, since nothing is changed on the zero
vector lengths, the second symmetry pattern and therefore the second
harmonic remain largely unaffected.

The 2™ harmonic is addressed with a different approach, which we will
call “zero vector randomizing”. The symmetrical distribution of u, and u;
inside one period in the standard modulation scheme is dropped in favor of
a randomly chosen ratio between both vectors, while keeping their
symmetry with regard to the center of the pulse period. The latter is an
important condition to maintain the coincidence between sampling instant
of the phase current and the current fundamental (refer to chapter 4.1).
With an uniformly distributed random number 7(k) where 0 <r(k) <1 and

the original zero vector time 7}, the resulting zero vector times can be
calculated from:

Ty = r(k)Ty
T =1 —r(k)Ty

As it turns out in the practical implementation, the results become more
impressive when the extremes of the r(k) interval {0; 1} are stronger
emphasized, i.e. (k) is calculated by:

(2.34)
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r(k)=k.(r,(k)—0.5)+0.5
k. =23,..8
0<r(k)<1

0 <7 (k) <1an uniformly distributed random number

(2.35)

It must be mentioned, that the effectiveness of zero vector randomizing

of course depends on the modulation ratio m:|us|/ u since m

max >
determines the available space for the zero vector variation. Near the
maximum voltage vector the effect will be minimal.

It must also be noted, that the total harmonic current, and therefore the
total harmonic distortion (THD) value cannot essentially be changed by
modifying the modulation scheme. Thus, reducing harmonics in one area
of the spectrum inevitably will shift them to and increase them in another
area.

Figures 2.23 and 2.24 again show resulting sample pulse patterns and
spectra, both figures for combined sequence randomizing and zero vector
randomizing and at the same operating point as in the figures above.

Fig. 2.23 Switching pattern of phase voltage (top) and phase control signals u/v/w
(bottom) for modulation with combined sequence randomizing and zero vector
randomizing
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Fig. 2.24 Voltage (top) and current (bottom) spectra for modulation with
combined sequence randomizing and zero vector randomizing
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3 Machine models as a prerequisite to design
the controllers and observers

3.1 General issues of state space representation

The mathematical modelling of the physical relations in 3-phase
machines generally leads to differential equations of higher order and to
state models with mutual coupling of the state variables respectively. For
such systems the state space representation provides a very clear notation
and a suitable starting point for the design of controllers, process models or
observers.

Consistently, the equations to be derived in the following chapters will
be predominantly based on the state space representation, making it
sensible to introduce this chapter with some basic ideas. There the main
focus will be on some important topics of the modelling of 3-phase
machines such as time variance of the parameters and nonlinearity of
the system equations, and their consequences for the discretization of the
state equations.

3.1.1 Continuous state space representation

A time-continuous dynamic system can generally be represented in the
following form:

;<t):f<x<t),u(t)); x€R"; ueR™; xg =x(1y)

y(t)= h(x(l), u(t)); yeR”

In equation (3.1) f and h are general analytical vector functions of the
state vector x and the input vector u. The equation (3.1) describes a system
of differential equations of first order, in which the system order » is equal
to the number of contained independent energy storages. The system has n
state, m input and p output quantities.

3.1)
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t t
o x(t) =

r fx,u) —— J.dt r h(x,u) —)

Fig. 3.1 Block circuit diagram of a system in state space representation

In many cases, a system description will not be required in the general
form of equation (3.1), or for analysis and controller design a model must
be found, which represents an adequately exact approximation of the
physical conditions and is more accessible to the further processing. The
usual way to achieve this is the linearization of (3.1) along a (quasi-
stationary) trajectory (X(¢), U(Y)) or around a stationary operating point
(Xo, Up). After TAYLOR series expansion and truncation after the linear
term, the following system is obtained:

x(1)=1, (X(2), U(e)) x (1) + £, (X(), U (1)) u(r) (3.2)
y(0)=hy(X(1), U(r))x(1)

Depending on the choice of the trajectory (X(#), U(¢)), the operating
point (Xo, Up) or the degree of the linearization respectively the following
special cases can be distinguished.

1. Linear system with time-variant parameters

The linearization is performed along the trajectory of a slowly variable
quantity. Nonlinear combinations of state quantities are interpreted as
products of a state quantity and a time variable parameter. Such a
representation proffers itself primarily if products of state quantities with
appropriately big differences of their eigendynamics appear. The equation
system takes on the following form:

x(1) = A(1)x(1)+B(0)u(t): xo=x(1o):1 =15 33)

y(r)=C(1)x(1)

In (3.3) A is the system matrix, B the input matrix and C the output
matrix. Because no direct feed-through of the input to the output vector y
exists in electrical drive control systems (no step-change capability), we
will abstain from explicitly including this dependency in the following.

2. Bilinear system

If the transfer matrices are constant in time, and if a nonlinearity only
exists regarding the control input, and not regarding the state vector, we
speak of a bilinear system.
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;<t):Ax(t)+iNiui(t)x(t)—{—Bu(t); xo = x(1o)

y(1)=Cx(1)
The multiplicative couplings between input and state quantities are
summarized in the matrices N;.
3. Linear system with constant parameters
The class of the linear time-invariant systems finally represents the most
simple case. The system equations are:

;<t): Ax()+Bu(r); xo=x(f)=x(0)
y(t):Cx(t)

(3.4)

(3.5)

3.1.2 Discontinuous state space representation

Control algorithms and models are processed in micro computers, and
therefore in discrete time. The computer receives the system output
quantity y(z) at definite equidistant points of time — e.g. after sampling and
A/D conversion or U/f conversion and integration — as discrete quantity
y(k). The calculated control variables are realized discontinuously as
voltages by a PWM inverter. The complete control system represents a
sampling system (fig. 3.2).

Because of the sampling operation of the computer, as a rule, a discrete
design of the control system will be preferred. This is motivated firstly,
because special phenomena caused by the sampling can specifically be
considered in the design. Secondly, the application of special design
methods particularly adopted to sampling operation, such as the dead beat
design, will be possible. It is prerequisite that an equivalent time-discrete
description can be found for the continuous system, which exactly reflects
the dynamic behaviour of the continuous system at the sampling instants.

Unfortunately, for time-variant or nonlinear systems it will only in some
rare cases be possible to find such an equivalent time-discrete system
representation. The reasons will become clear at the derivation of the
discontinuous state equations in later sections. Therefore, to design a
discontinuous control system we can principally choose between the
following two alternatives:

1. Controller design for the continuous system and then discrete

implementation (quasi-continuous design).

2. Derivation of an approximated time-discrete process model and then

discrete controller design.
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Fig. 3.2 Overview of a sampling system

In many cases it will not be required to take into account all or single
nonlinearities of the system because certain approximations for the time-
variant parameters and nonlinearities are possible and acceptable
depending on the concrete application. In addition, because also in the
linear case the discretization of the process model raises some important
problems, the second way will be discussed in more detail in the
following. The description of the continuous system shall be idealized as
far as possible, to enable its discretization like for the linear time-invariant
case.

For this purpose it is assumed that the time-variant and state dependent
parameters in equation (3.3) are constant within a sampling period,
therefore the sampling period has to be chosen sufficiently small. Thus
equation (3.3) can be regarded piecewise linear and time-invariant for
each sampling period, and the discretization of the continuous model is
possible in a conventional way like for linear time-invariant systems. The
discretization starts from the system equation (3.5) with the sampling
period T presumed constant.

The discrete-time state model arises from the solution of the continuous
state equation, yielding for the time-variant system (3.3) with continuous
matrices A(f) and B(?):

0(1,%0.10) = @(1,10) %y + [[@(1,7)B(r)u(r)dr, t>1, (3.6)

The matrix ®(¢, 7)) describes the transition of the system from the state
X(#9)=x, to the state x(#) on the trajectory ¢, and is therefore called the

fundamental matrix or transition matrix. The matrix ® fulfils the following
matrix differential equation with the system matrix A(?):
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d®(1,1y)/dt=A(1)@(1,1)); @(1,1))=1 (3.7)

For a constant system matrix A the fundamental matrix from equation
(3.7) can be calculated analytically and represented as a matrix exponential
function:

D (1,1,) =) (3.8)

For the derivation of the discrete state equation the transient response
between two sampling instants is of interest. That means equation (3.6)
must be integrated over a sampling period 7. With (3.8) and 7, = 0 the
following result is obtained:

T
x((k +1)T) — AT x(kT)+feA(TfT) Bu (kT +7)dr (3.9)

0
To comply with (3.8) and (3.9), for the discretization of a time-variant
system, the system matrix A must be presumed constant over one sampling

period, as already indicated above. The transition matrix ®((k+1)7, k7)

becomes the discrete system matrix ®(k) and has to be recalculated online

for every sampling period. Thus a time-variant discrete system is obtained.
If one assumes further that the input vector u(?) is sampled by a zero-order
hold function and therefore is also constant over one sampling period, u(?)
may be extracted from the integral, and the complete system of state
equations can be rewritten into the following matrix form:

x(k+1)=@(k)x(k)+H(k)u(k); xo=x(0); k>0
y(k)=C(k)x(k)

The system matrix ®(k) is defined by:
® (k) = A7 (3.11)

Because the input matrix B is constant, B can also be written outside the

(3.10)

integral in (3.9). After substitution of the integration variable 7, the
discrete input matrix H can be written as follows:

T T
H= [ drB= [@(k)[,_ dr B (3.12)
0 0
With regular A, (3.12) can be solved further to:
H=A(kT)" [eA(kT)T _ 1} B (3.13)

The output matrix C is identical to the continuous system. The system
matrix ®(k) is the decisive component of the discretization procedure. It



66  Machine models as a prerequisite to design the controllers and observers

determines the dynamics and stability of the discrete system. For its
evaluation different methods are known, characterized by more or less
calculation effort and higher or lower degree of approximation. Some of
them, which are suitable for real time applications, shall be discussed in
the following in more detail.

1. Series expansion

With this method, (3.11) is expanded directly into a power series.

2 00 v
(I>:eAT:I—|—AT+ﬂ+...:Zﬂ (3.14)
2 = V!

After truncating the series expansion after the linear term, we obtain the
solution for the Euler or RK1 procedure. This quite simple and easily
comprehensible solution already suffices for many electrical drive
applications at usual sampling times in the range 0.1 ... 1ms with respect to
stability and precision. Because of possible numerical stability problems of
the Euler procedure a more exact analysis is, however, appropriate.

The stability range of the Euler procedure in the continuous state plane
is a circle with the radius 1/7 and center at -1/7 on the real axis. Therefore

all eigenvalues A; of the continuous system must hold to the following
inequality:

1

1
)\i+_
T

<z (3.15)

Particularly for complex frequency dependent eigenvalues of the system
matrix A an exact check of this stability condition is required.
Discretization-induced instabilities may be avoided by:
¢ Increasing the order of the series expansion of (3.14).

e Eluding to an integration method of higher order, e.g. RK4, which
however, probably will be less feasible for real time applications.

e Avoiding complex eigenvalues of the system matrix A or its partial
matrices.

For the latter variant the discretization of the state equations has to be
first carried out in a coordinate system in which no frequency dependent
eigenvalues of A or partial matrices A;; appear. After that the discrete state
equations are transformed into the final coordinate system (refer to
example in the section 12.2). This procedure already yields decisive
improvements for the Euler method. The use of suitable coordinate
systems for the discretization can at the same time help to avoid errors,
which result from the necessarily idealizing assumption of constant
parameters of the system matrix A within a sampling period.
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A similar approach would consist in transforming the input quantities of
the partial system of interest into the respective natural coordinate system
(without frequency dependent eigenvalues for the A;). In these coordinates
all required calculations (model, controller and observer) would be
processed, and then the output quantities would be transformed back into
the original reference system.

2. Equivalent function
The matrix function F (A) =e
polynomial function R(A) with:

AT s recreated by an equivalent

n—1
R(A)=>"rnA" =" (3.16)
i=0

In this function, n is the order of the continuous system. This
substitution is based on the Cayley Hamilton theorem, which states that
every square matrix satisfies its own characteristic equation. As a
consequence, it can be derived that every (nxn) matrix function of order
p >n, therefore also p— oo like in (3.14), may be represented by a
function of not more than (n-1)" order. The equivalent function (3.16)
corresponds exactly to this statement.

With known factors r; the system matrix ® can be calculated from
(3.16) whereby completely avoiding discretization errors, as in the case of
truncated series expansion. For the calculation of the factors r; the already
mentioned property of (3.16) is used, that it is satisfied not only by the
matrix A but also by the eigenvalues ;. This leads to the following linear

system of equations:
n—1 ) AT
Zr,)\}:e / (j:1,2...n), (3.17)
i=0

which holds at first for single eigenvalues. For p-fold eigenvalues (p>1)
equation (3.17) is differentiated (p-1) times with respect to A;:

TehT =S iait

(3.18)
4 \NT o . . i—p+l
TPV = Y ni(i=1).(i—p+2)A7
i=p—1
A second possibility for the calculation of #; is offered by the Sylvester-
Lagrange equivalent polynomial method. A minimal polynomial M(A) is
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defined, which is equal to the characteristic polynomial for the case of
exclusively single eigenvalues of A:
n
M(A)=]AT-A|=TT(A=XN) (3.19)
i=l
In the case of multiple eigenvalues, M(A) contains only the eigenvalues
different from each other with number m<n. Furthermore the following
auxiliary functions are defined.

M, (A):%@; i=12,..,n (3.20)
m=M,(N|aoy 3 i=12,0m (3.21)

With these, the substitute function R(\)= R(A)| A)
n AT
R(A)=3"—M,()) (3.22)
i=1 M
is finally calculated, from which the factors r; are obtained by
organizing after powers of A. In the case of multiple eigenvalues, # is to be

replaced by m in equations (3.19) to (3.22).

The previous explanations for the state space representation shall
promote the understanding of the procedure for the later controller and
observer design. The example in the section 12.2 (appendices) shall clarify
the theoretical explanations.

As opposed to linear systems, no representation of an equivalent time-
discrete system can be given for general nonlinear and time-variant
systems. The bilinear systems (3.4) are an exception up to a certain point.
The system

x(1)= A‘l‘éNiui(t) x(1)+Bu(r); %o =x(ip) (3.23)
y(1)=Cx(r)

can be integrated over T like an ordinary linear system under the
prerequisite of the constancy of the control vector u during a sampling
period. For the system matrices of the equivalent discrete system the
following results are obtained:
[A+§";Niu,.(k)]r r [A+§";Niu,.(k)]r
®(k)=¢ ; H(k)=[e drB  (3.24)
0
However, this derivation also will have practical meaning only in
special cases.
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3.2 Induction machine with squirrel-cage rotor (IM)

As indicated in the previous section, the 3-phase AC machine can be
described by a complicated system of higher order differential equations.
To derive a machine or a system model, which allows a convenient
handling from the control point of view, a series of simplifying
assumptions must be met regarding the reproduction accuracy of
constructive and electrical details (refer to chapter 6).

The reference axis for the field angle is the axis of the phase winding «
and therefore the « axis of the stator-fixed coordinate system. The
coordinate transformations (vector rotations for voltage output and current
measurement) are assumed as well-known methods. The same applies to
the inverter control by means of space vector modulation. These transfer
blocks are regarded as error-free with respect to phase and amplitude, and
will be considered negligible for the benefit of a clear control structure
representation.

In this book, the three-phase machines will be represented using their
state space models. In the classical, computer-based control structures the
controller designs almost always were based on continuous state models.
This approach does not suffice any more today. Therefore, in the first step
the continuous state space models of the 3-phase AC machines shall be
worked out in this section. Then the equivalent discrete state models will
be derived to support the design of the discrete controllers.

The electrical quantities are represented as vectors with real
components. As a reminder the important indices to be used shall be listed
here.

a) Superscript:

f field synchronous (or field orientated, rotor
flux / pole flux orientated) quantities
stator-fixed quantities
rotor-fixed (or rotor orientated) quantities

b) Subscript:

1* letter: s stator quantities
r rotor quantities

2" Jetter: d,q  field synchronous components
o, stator-fixed components

c) Letters in bold. vectors, matrices
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3.2.1 Continuous state space models of the IM in stator-fixed
and field-synchronous coordinate systems

Starting-point for all derivations are the stator and rotor voltage
equations in their natural and easily comprehensible winding systems: The
stator-fixed coordinate system, and the rotor-fixed coordinate system.

e Stator voltage in the stator winding system:

) d'll)v
ul =R il +—= (3.25)
S AR dt
Rg: Stator resistance; 1]); : Stator flux vector

e Rotor voltage in the short-circuited rotor winding system:

W=R i+ IV (3.26)
d

R,: Rotor resistance; 1J,Jf : Rotor flux vector, 0: Zero vector
e Stator and rotor flux:
{ P, =L i, +L,i, wit {LS =L, +L,
P, =L,i, +L.i, L =L,+L,

L,,: Mutual inductance; L;, L,: Stator and rotor inductances

(3.27)

Lg, L Leakage inductances on the side of the stator and rotor
Due to the mechanically symmetrical construction the inductances are
equal in all Cartesian coordinate systems. Therefore the superscripts are
dropped in equation (3.27). The mechanical equations also are part of the
machine description.
e Torque equation:

3 . 3 .
mM:Ezp<""l"s><ls>:_52p('l|)rXlr>l (3.28)
3 +.1_ 3 o
my =z, b f ==z, Im{ab, i} (3.29)
e FEquation of motion:
L (3.30)
z, dt

m,, my: Motor and load torque, z,: Number of pole pair
J: Torque of inertia, @: Mechanical angular velocity

' cross product of vectors
2 Im{ } Imaginary part of the term in brackets; * conjugated complex value
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Now a coordinate system is introduced which rotates with angular
frequency @, as shown in section 1.1, and all quantities are transformed
from the winding-coupled systems into the rotating one:

1. Stator voltage equation
After applying the transformation rules the following results are
obtained:

dyy _dpt

dt dt

Inserting the transformed quantities into equation (3.25), the equation
(3.31) of the stator voltage in the new rotating system is obtained:

k
d;b -l-]wklb (3.31)

However, the voltage equation is not to be represented in an arbitrary
system, but for special practically relevant cases: in the stator-fixed or in
the field synchronous (field-orientated) systems. These representations are
obtained by setting:

e w;, =w,: Here @ is the angular velocity of the stator-side space vectors

s _ ok _jU s _ sk _jY, s _ 1k J0 1"19 . k _Jjv,
u, =ug e ki =i el Py =P el e’ + jwy g el

RlﬁL

or the rotating rotor flux vector.
db’
uw/ =Ri/ + 3’ + jw, P! (3.32)

This coordinate system is chosen to lock the real or the d-axis of the
system to the rotor flux (refer to section 1.2). Thus the cross component of
the rotor flux becomes equal to zero. The axes of the system are denoted
by dq coordinates.

e w; =0: This means, that the system is fixed in space, whereat the real
axis or the a-axis of the coordinate system coincides with the axis of the

phase winding u.

d
dt

The axes of this stator-fixed coordinate system are denoted as o>
coordinates. For the case w;, =w (mechanical angular velocity or

w =R i+ (3.33)

respectively motor speed) a rotor-orientated equation of the stator voltage
can also be derived. However, since there is hardly any advantage to be
obtained from this representation we will not follow it further.

2. Rotor voltage equation
The transformation rules are applied in similar way to the stator voltage
equation.
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.
ki kg AU ddp o0 k i
l l e - e s - — = + U)
P =P, ” o Jw P,
After inserting the transformed quantities into equation (3.26) the
following result is obtained:

k
dj,) + jw, ¥ (3.34)

The equation (3.34) can also be written for the field-orientated and
stator-fixed coordinate systems.
® w, =w, —w=uw, : This coordinate system is rotating ahead of the rotor

0= R1+

with angular velocity @, and coincides with the field synchronous
coordinate system. Inserting @), into equation (3.34) yields:

oodbl

0=R.i/ —|—%+}wr b/ (3.35)

Equation (3.35) represents the rotor voltage in dg-coordinates.

e w;, =—w: Assuming the rotor to rotate with the mechanical angular
velocity @, this coordinate system turns with the same angular velocity
in the opposite direction. Therefore, the coordinate system is fixed to the

stator and can be chosen to coincide with the ¢-coordinates mentioned
above.

0=R.i’ +

— jwbs (3.36)
The equation (3.36) represents the rotor voltage equation in the stator-
fixed, of-coordinates.
So far the transformation of all voltage equations from their original
winding systems into the required dg- or of-coordinates is complete. With

the equations (3.32), (3.33), (3.35) and (3.36) the starting point to derive
the continuous state space models of the IM is reached.

d;
dt

3. Continuous state space model of the IM in the stator-fixed coordinate
system (of-coordinates)
The equations (3.33) and (3.36) are combined into the following
equation system:
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i’
ul =R i +—
K Kl dt
s .S d f, . s
ur:err+ ;I,; _Jw,lbr:() (337)

W)= L8+ L, 1
B =L, 0+ L, i
Not all electrical quantities in the system (3.37) are actually of interest.

These are e.g. the not measurable rotor current i), or, depending on the

viewpoint of the observer, also the stator flux )}. Therefore these

quantities shall be eliminated from the equation system. From the two flux
equations it follows:

1 L
oS _ S _ eS|, S — RS “m S _ .S
lr—Lr (ﬂ)r Lmls), (b LSlS+Lr ('lb,, Lmls)
Now i’ and 1} are substituted into the voltage equations (3.37) to
yield:
dii L, dvy’
u; =R ij +oL, —>+-2—L
v dt L, dt
\ (3.38)
L, . 1 dv
0=—"24 +|—— jw|P) + —L
i T ]wr o
With:o =1— Lfn / (Ls Lr) Total leakage factor

T, =L, / R;T. =L, / R, Stator, rotor time constants

After separating the real and imaginary components from (3.38) we
finally obtain:

di, |1 +1—a ; +1—O'w/ +1_0w / —i—Lu
dt oT, oT | oT ™™ o 8 oL, ™
digg 1 1-0o l-0 , 1-0 1
=- + g — W +—— Y3 +—U
dt oT, oT, 5 o Ve oT, Vs oL 6
/ : : (3.39)
di 1. 1y /
TMZFVISQ _f¢ra _wwrﬂ
diyy 1 T
:—l +w ra — o Wrs
a T Vra T,%
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With: 'q')i/ = ﬂ)i /Lm and w;{a = wroz /Lm > wi{ﬂ = wrﬁ /Lm

To get the complete model of the IM the afFcomponents of flux and
current have to be inserted into the torque equation. The vector i) is
extracted from the last equation of the system (3.37) and substituted into
equation (3.28).
3L /s
Ezp L_m(¢ra Isg — wrﬁ ZS(Jz) (340)

.

The equations (3.39), (3.40) can now be summarized to a complete
continuous model of the IM. The figure 3.3 illustrates the block structure
of this model.

lmw
B (0]

mM:

u, [1 T, | 1| Y 3L, 2
—_— — }— O—|-""z —0O—] =
oL, 1+sT, | st ?_ o PR s
1-o
oT
Z =
X
/ é 1-o
1-o — =
aT,
= 1 1 1-o
Ug | 1 N\ J T, | 1 L with —=—+
oL, L+sT, |i, 1+sT, m &d T, of, of,

Fig. 3.3 Model of the IM with squirrel-cage rotor in stator-fixed coordinate
system

The o+ and S-components of stator voltage, stator current and rotor flux
may be comprised in the following vectors with real components.

T . . / /oo sT
X' = Isa ’lsﬁﬂwra ’d)rﬁ]’ ui - [usa 7us,8]
Superscript index 7: Transposed vector

With the newly defined state vector x the continuous state space model

of the IM with squirrel-cage rotor is finally obtained from the equations
(3.39).

N

=A’x"+B’uj (3.41)
dt
A’,B":  System and input matrix
X" State vector in stator-fixed coordinate system

u' Input vector in stator-fixed coordinate system
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The equations (3.42) show in detail the matrices A’ and B with the
machine parameters.

1 -0 -0 -0
- + 0 —w
oT, oT, oT, o 1 0
1 l1-0 1- -0 ol
0 — w
AS = oT, ofT, o o, |.gs=| 0 1
’ oL,
1 0 1 .y .
T, T,
0
0 1 w 1
T, T,
(3.42)

The equation (3.41) introduces a time-variant state system with the rotor
speed @ as a measurable time-variant parameter in the system matrix A’.
This continuous state model of the IM (figure 3.4) forms the basis for the
design of discrete controllers in the stator-fixed coordinate system in
which the components of the state vector x* appear as sinusoidal quantities.

dx’®
u; dt x
| B |

A’ [

Fig. 3.4 Continuous state model of the IM in stator-fixed a/F-coordinates

4. Continuous state space model of the IM in the field synchronous or
field-orientated coordinate system (dq-coordinates):
The equations (3.32), (3.35) are summarized in the following system.
f
f—le—F 11) —I—]w'lbf

d /
0=R.i/ + j’ + jw, P (3.43)
w-f:Lmim,if

As in the case of the stator-fixed coordinate system the not measurable
rotor current as well as the stator flux are eliminated.
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di 1 -0 l—-0 , 1=0 1
=——4—|iy,tw,i, +—, +——wi, +——u,
dt O'T:v O'Tr sd s “sq UT,. rd o rq O'LS sd
di 1 1-o -0 1- 1
q : / g ./
=—w,i —t— i, ——— WY +—— Y, +——u
dt s “sd O'TS O'Tr sq o rd O'Tr rq O'LS sq
dipg _ 1. 1 /
Y Tk 7wrd +(Ws w>qu
a1, T,
i, 1 1
q / /
=— w, —w)y —
dt Tr sq ( K ) rd 7; rq
(3.44)
o < — . _
Here are: Yy =Y, /Ly s Yrg = Vg [Ls ws —w=w,
lmw
i, M T b 1 o S, " = o
e B e A I N B 1157, l ol P i P
Y
1
— l1-o
L El 53
T
o it % ©
-l oy )is
L=t | -
W
1
uy w, [ 1 T with i;i4[+17—f B
_.ULN L+sT, |i, T d
]

Fig. 3.5 Model of the IM with squirrel-cage rotor in field synchronous
coordinate system

After extraction of i{ from equation (3.27), substituting into (3.28) or

(3.29) and setting 74, to zero due to fixing of the rotor flux vector to the
real axis of the coordinate system, the equation (3.45) for the torque is
arrived at:

3 2, 3 /.
Esz—’” vd isg ZEZp(l—U)Ls Ura Iy (3.45)
The equations (3.44) and (3.45) together form the complete, continuous

model of the IM like shown in figure 3.5. The equation system (3.44) can

be condensed into the following state space model:
s :
%:Af x/ +B/ u/ + Nx/ w, (3.46)

with the state vector x4 the input vector u{ E

mM:
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‘T T / /. T _
Xf = [st 7lsq ﬂzjrd’ rq ]9 usf - [usd 7”31]]
the system matrix A/, the input matrix B’ and the nonlinear coupling

matrix N:

1 -0 -0 1-0
—|—F— 0 —_— —w
oT, oT, oT, o
1 1-0 -0 1-0
0 —|— — w
A = oTl, oT, o oT,
1
1 0 _1 iy
T, T, .
1 | (3.47)
0 — w i
T, T,
1
— 0
oL,
oL,
0 0
0 0

The state equation (3.46) with the matrices (3.47) obviously points to a
bilinear characteristic (refer to section 3.1.1, equation (3.4)). Here the
field synchronous components w4 u,, of the stator voltage and the angular
velocity @, of the stator circuit represent the input quantities. The
mechanical angular velocity @ in the system matrix Ais regarded as a
measurable variable system parameter. The only formal difference
between the two continuous state models (3.41) and (3.46) is the nonlinear
term with the matrix N. The other matrices of both models are identical.
The figure 3.6 illustrates the derived state model.

> N
dx’
=) B/ J. —
u
Al

Fig. 3.6 Continuous state model of the IM in field synchronous dg-coordinates
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So far the basic prerequisites for the further work are completed.
However, for the controller design the continuous models are not
particularly suitable. The microcomputer works discretely and processes
only the motor quantities measured at discrete instants. A discrete model
of the motor corresponding to this reality is therefore necessary for the
controller design. The development of the discrete models is subject of the
following section. It is useful to derive the models in the field synchronous
as well as in the stator-fixed coordinate system because in practice control
methods are developed in both coordinate systems.

3.2.2 Discrete state space models of the IM

Depending on the choice of the control coordinate system, the starting
point for the derivation of a discrete state model for the IM is given by one
of the two continuous state models (3.41) or (3.46).

In principle the discretization of the continuous model is relatively
simple for linear and time-invariant systems. This presumption is fulfilled
to a large degree if the IM model in the stator-fixed coordinate system is
used and one assumes that the electrical transient processes settle
essentially faster than the mechanical ones. Thus the system matrix A’ or
the stator-fixed system (3.41) can be considered as virtually time-invariant
within one sampling period of the current control. The mechanical angular
velocity w of the rotor can be regarded as a slowly variable parameter and
is measured by a resolver or an incremental encoder.

This condition however is no longer fulfilled if the system is processed
in the field synchronous coordinate system. The system model (3.46)
indicates a bilinear characteristic additionally, the stator frequency
w; consisting of the mechanical speed w and the load @, leads to a time-
variant system, further complicating the derivation of the required model.
But under the prerequisite that the input quantities w4 u,, and @, are
constant within one sampling period 7T the discretization of this bilinear
and time-variant system becomes feasible. The result is a time-variant
however linear system which allows the application of a similar design
methodology as for linear systems, like in stator-fixed coordinates. The
demanded prerequisite is largely fulfilled for modern drive systems with
sampling periods below 500us. The pulsed stator voltage is processed as
mean average over one period, and therefore also regarded constant in T.

1. Discrete state model in the stator-fixed coordinate system
After integrating the equation (3.41) (refer to equations (3.10) to (3.14))
the following equivalent discrete state model of the IM is obtained.
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X' (k+1)=®°x* (k)+H" uj (k) (3.48)
s AT o s\ T s i AT s - s\ Tv s
O —c ZEO(A) H = 1}4 AT drB :;(A‘) ~B
(3.49)

The input vector u; (k) is given by the microcontroller and therefore has

step-shaped components. The transition matrix ®; and the input matrix Hg
depend on the sampling period 7" and the mechanical angular velocity @.

The two matrices can be derived from the matrix exponential function

¢*”, which may be developed into a series expansion like in (3.49). But

for the practical application a further simplification would be very helpful
and wished for. Here the consideration may help that the discrete model to
be developed is not intended for mathematical simulation of the IM, but to
serve the design of the discrete controller. For this purpose the series
expansion may be truncated at an early stage if the inaccuracy hereby
produced is compensated by appropriate control means, e.g. by an implicit
integral part in the control algorithms.

The practical experience shows that an approximation of first order for
@, and H; suffices completely for small sampling times (under 500us). An
approximation of higher order would increase the needed computation
power unnecessarily. A special issue is the investigation of the stability of
such discrete systems. It shall only be mentioned at this place that the
stability very strongly depends on the sampling time 7. The smaller the
sampling time 7, the larger becomes the stability area and thus also the
utilizable speed range. Therefore a compromise must be found between
decreasing the sampling time and increasing the stability area as well as
the speed range, and the acceptable computation power or the computing
time. The following formulae (3.50) show the approximation of first order
for transition and input matrix.

The representation of the discrete state models with partial matrices
(figure 3.7) gives a good insight into the inner physical structure of the IM.
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1_5 L 1o 0 1_701 l_JwT
o\T; T. o T, o
T(1 1-0 -0 l—o T
@ — 0 _;FS T. ] o T o Tr'q)lsl )
z 0 L | Bl
T, T,
T, T,
r 0
oL,
P T|_ B
H'= 0 oL _’HZ
0 0
0 0
(3.50)
The equation (3.48) can be written in detail as follows:
i (k+ 1)=& i (k) + @ b (k) +H; ul (k) 550
by (k1) = @3, (k) + @55 0 (k)
O =]
u;(k) i, (k)
=) HE :{>§§7t> z'1 >
/’r‘
1 (k+1) q);] R
q:;’(k +1) P [
plastasls BRASELalata I\ {
| , . :
| == H; :'()ij*:’; | V! (k)
discontinued, I
[hecause Hz =0 | ;
N

Fig. 3.7 Block structure of the state model of the IM in stator-fixed coordinates
represented with partial matrices



Induction machine with squirrel-cage rotor (IM) 81

With the separation of the complete model (3.48) into two submodels
(3.51) a favourable starting point arises for the practical controller design.
The first equation of (3.51) represents the current process model of the IM.

The system has two input vectors: The stator voltage uj (k) and the slowly

variable rotor flux % (k) (figure 3.8a).

In the chapter 5 it will be worked out, that the slowly variable rotor flux
can be understood as a disturbance variable and therefore can be
eliminated separately by a disturbance feed-forward compensation. The
rotor flux is not measurable, it must be estimated. For this purpose the
second equation of (3.51) may be used and is for this reason designated as
i-o flux model (figure 3.8b). From the measured currents and speed the
rotor flux can be calculated using this model.

The special issue of the flux estimation has been treated in some detail
in earlier works. Besides this simple flux model, different flux observers
have been proposed for flux estimation (refer to section 4.4). The rotor
flux estimates are used:

e to calculate the slip frequency @, or the field angle ¢ for the field
orientation, and
e as actual flux values for the flux controller.

[ x)
OB g

12

u, () i) (%)
=) H :(>§§,J—_"> z'1

(h+1 e
a lﬂ( i ) Dy
i; (k) ) (k+1) ) (k)
=) O, 21
. T

o(k) i

Fig. 3.8 Structure of the current process model (a) and the i-@ flux model (b) of
the IM in stator-fixed coordinates
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The structures in figure 3.8 have been derived by splitting-up the
structure in the figure 3.7 with H5 =0.

2. Discrete state model in the field synchronous coordinate system

The derivation of a discrete state model or the discretization of the
continuous bilinear state model (3.46) is carried out under the prerequisite
that the input components u,, u,, and @, are constant within a sampling
period 7. It was already indicated in the introduction of this section that
this demand can be looked-at as largely fulfilled for modern three-phase
AC drives with PWM inverters due to their high sampling and pulse
frequencies.

After iterative integration of the equation (3.46) the following
equivalent discrete state model of the IM is obtained.

x (k+1)=®/ x/ (k) +H/ u/ (k) (3.52)
of =N NI 5 (A7 + N, (k)] TTVv
v=0 ' (3.53)
(k+1>T [A/+Nw (k)}T o0 v—1 v
/= [T B <A N (k)] B
kT v=1 v

The discrete model (3.52) is a time-variant, however linear model,
unlike the continuous one. The elements of the transition matrix @/(k) and
the input matrix H/(k) are calculated on-line. Like for the discrete state
model in the stator-fixed system, useable formulae are obtained by first-
order approximation of the series expansions of the exponential functions
in (3.53).

Il w, T LA L
o\ T, T, ; o T, o
. T 1_Zi 1-0 _l—awT l—o T ; ;
& — ’ o\ T T, o o T, :q)n @
@/ | ®f
r 0 =L g —w)r] TR
T, T, ’
0 r —(wy —w)T - L
T, T,
r
oL
7| (B
H =| 0 —|=|—
oL | |H{
0 0
0 0

(3.54)
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After rewriting the discrete state model (3.52) in the form with partial
matrices:

if (k+1)=a ] (k) + @, w/" (k) + H] u] (k)

3.55
! (k1) = @i (k) - @y (k) o

and considering, that H{ is a zero matrix, the current process model of

the IM and the i-@ flux model for the field synchronous coordinate system
are obtained like in equations (3.55) and in figure 3.10. The formal
similarity of the two discrete state models of the IM, which is recognizable
from the equations and from the pictures, can surely be noticed in the
stator-fixed as well as in the field synchronous coordinate system. This
formal similarity permits a generalization of both cases and their later
summarizing into a common controller design.

O, [
u! (k) i, (k)
— — P |
@
(lez N
| — -1 f
I — Z I ws (k)
| discontinued,
| because HJ, = 0
@}

Fig. 3.9 Block structure of the state model of the IM in field synchronous
coordinates represented with partial matrices

A decisive difference between the two models can be found in the
appearance of @, in the transition matrix @', expressing the coupling
between the two current components i,; and iy,. This coupling, as already
mentioned in chapter 1, cannot be removed effectively, e.g. by using a
decoupling network like indicated in the classical control structure in
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figure 1.4. This becomes particularly evident if the system is operated
constantly with strong field weakening.

The discrete state model (3.52) of the IM in the dg-coordinate system
was derived by discretization of the continuous model (3.46), which in turn
was obtained by transformation from the original ¢fF-coordinate system
into the dg-coordinate system, i.e. the transformation took place before the
discretization.

Another order also may be chosen alternatively: Discretization before
transformation; i.e. the discrete dg-model results from the coordinate
transformation of the discrete aFmodel (3.48) (refer to sections 3.1.2 and
12.2). This way complex eigenvalues of the system matrix or instabilities
caused by discretization can be avoided. In the result a discrete state model
is obtained, which provides a larger stable working range for the
controller. The parameters of the transition matrix @ will contain sin/cos
functions of @, T (e.g. ®,T — sin(w,T)). Especially for high-speed drives
this procedure may yield significant advantages.

ﬂwi"(k)

(k)
(leZ
u/ (k) il (%)
=) H/ . z'1
i (k+1 |
. s ( ) (lel

() T ——
0} [
w(k) 2
b (CU (k)

Fig. 3.10 Structure of the current process model (a) and of the i-m flux model (b)
of the IM in field synchronous coordinates
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3.3 Permanent magnet excited synchronous machine
(PMSM)

Unlike the IM the PMSM has a permanent and constant rotor flux (also
pole flux) with a certain preferred axis. With a simultaneous use of a
position sensor (resolver, incremental encoder with zero pulse) the pole
position can always be clearly identified, and field orientation (also pole
flux orientation) is always ensured. For this reason the system design in the
stator-fixed coordinate system will be abstained from, and the field
synchronous coordinate system will be immediately chosen for the
treatment of the machine.

3.3.1 Continuous state space model of the PMSM in the field
synchronous coordinate system

The equation (3.25) is the general stator voltage equation of three-phase
AC machines, and valid also for the PMSM. A coordinate system rotating
with @ or @, is conceivable whose axes are the d and ¢ axis. For the
PMSM  and @, are identical which means, that the coordinate system
rotates not only field synchronously, but is also fixed to the rotor. If the
coordinate system is chosen to match the real d-axis with the preferred axis
of the pole flux, this coordinate system represents the desired field or pole
flux orientation. If the equation (3.25) of the PMSM (in a similar way as in
the case of the IM) is transformed from the three winding system of the
stator into the field synchronous system, we obtain:

v
ul = Rl +C2 o ) (356

For the flux the following equation holds:
b = L] + ) (3.57)
Here 1]){,‘ is the vector of the pole flux. Because the real axis of the
coordinate system is directly orientated to the preferred axis of the pole
flux, the quadrature component of ’ll)J; is zero. Therefore the pole flux
vector has only the real direct component 1, . From that follows:
YL =1+ i)y =1, with ¢, =0 (3.58)
In addition it has to be taken into account that due to the construction

dependent pole gaps on the rotor surface, the stator inductance assumes
different values Ly, Ly, in the real and quadrature axis, respectively. For
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PMSM with cylindrical (non-salient) rotor both inductances are nearly
identical and therefore usually equalized in classical control structures.
The difference is not pronounced unlike in the case of salient-pole
machines and to amounts approx. 3..12%. To obtain an effective
decoupling between the current components i,; and iy, this difference
should be and will be taken into account in the following. Application to
the stator flux equations thus yields:

77[)sd = Lsd isd + wp
sz}sq = qu isq
Substituting equations (3.57), (3.59) into the equation (3.56) then yields:

(3.59)

. dls‘d .
Usg = Rs lsd + Lsa' dt - wsqu lsq

(3.60)

. disq .
usq = Rs lsq + qu 7 =+ wsLsd Isq + Wy wp

From the general torque equation (3.28) or (3.29) of three-phase AC
machines we obtain:

3 . ;
my, :Ezp (%d Lsq _%q lsa') (3.61)
After inserting (3.59) into (3.61) the following torque equation results:
3 . .
my, ZEZP[ pisg i iy (Laa — Ly )| (3.62)

The torque of the PMSM consists of two parts: the main and the
reaction torque. With pole flux orientated control of the PMSM the stator
current usually will be controlled to obtain a right angle between stator
current and pole flux (iiy = 0) and therefore not to contribute to
magnetization, but only to torque production. Therefore a similar equation
as (3.45) for the IM can be obtained:

3 .
my, :EZP Y, lsg (3.63)
Now equation (3.60) will be rewritten as follows:
diy 1. Ly, 1
— =iy T w Iy, +—u
dt Tsd sd K Lsd sq Lsd sd (3 64)
diy, Ly P wwp '
- g—— —_— ., —w. -
dt S qu S ]—;q Sq 5q Sq s qu

The PMSM is completely described by equations (3.62) and (3.64) in
field synchronous coordinates (figure 3.11). The equations (3.62), (3.64)
are summarized to the following state space model.
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di/
s _AS S Soul of
i Agy iy +Bg ug +Ngyigwg +81, wy (3.65)
1 1 L
R o, ° o 0
f sd f | Tsd X _ sd | o _
Asy = | [Bsw = L PNsw=| S= 1
0o —— 0o — _fsd g L,
T:Vq qu qu
(3.66)
A'SfM = System matrix; S = Disturbance vector
B, = Inputmatrix; T,=L,/R, =Time constant of d axis
N;, = Nonlinear coupling matrix; T, = qu/Rs = Time constant of ¢ axis

The figure 3.12 illustrates the model (3.65) of the PMSM.

My
Yo U | 1 T.. iy 3 - 25 ®
<[] o T i 0.0 o
L, 1+sT, 1 — ' 2 "|my 5/
.|
L
sq
®,= 0
~i9 . s
ei »
.
L, ™ 0, |
D
- L, 1
Ly Uy | 1 T;Q ‘ 8
— —p| — | — ] )
I ETT P

Fig. 3.11 Model of the PMSM in field synchronous or pole flux orientated
coordinate system
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—..
N SM

| =

= Bf;M
u.‘)
—

S

f Y=
A SM

Fig. 3.12 Continuous state model of the PMSM in field synchronous coordinates
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The bilinear characteristic of the model is recognizable like in the case
of the IM by the matrix N, . The disturbance, acting on the system through

the pole flux U, does not depend on the stator current but is constant

unlike for the IM. The constant excitation shows some advantages for the
further treatment:
e The system model is a model of 2™ order (isa, isq) — the IM has a model

of 4™ order (iq, Isgs Urds Urg OF lsgs isp, Urar Yrp) — and immediately yields

the current control process model. For the IM the system of 4™ order
must be split into partial models to obtain the current process model and
the flux model.

e The constant flux ¢, may be regarded as a system parameter.

e The constant disturbance ¢, is documented by the machine

manufacturer and can, similarly as for the IM, later be separately
compensated by a disturbance feed-forward.

3.3.2 Discrete state model of the PMSM

To show clearly that the pole flux ¢p represents only a constant

disturbance variable, ¢, was introduced into the system by a separate term

through the disturbance vector in equation (3.65) and in figure 3.12.
However, a discretization of the model is hardly possible in this form. To

advance the situation, ¢, will be viewed as a constant system parameter.

The equation (3.65) must be rewritten as follows:

di! : "

“= Ay i BV Ny il (3.67)
with:

VT =gy, | BLy =[BLy S0, (3.68)

With (3.67) the formal, complete identity with (3.46) has been achieved,
allowing to treat the PMSM in the same way as the IM to derive its
discrete state space description.

Also in this case the state space description (3.67) is characterized by a
bilinear characteristic because of the multiplicative combination between
the state vector i, and the element @, of the input vector v Under the same
assumption regarding the input quantities as in the case of the IM, and
after an iterative integration of (3.67) the following equivalent, discrete
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state model of the permanent magnet excited synchronous machine is
obtained.

i (k+1) =@, i/ (k)+H{, v/ (k) (3.69)
There are:
(I)SfM = e[AéMHVSM wS(k)]T = i [A;éM + N wg (k) V LV,
v=0 v:
s Y o (K L oo 1TV
T 0 YD ol RS TRTS e
kT v=l v
(3.70)

The approximation of first order for the transition matrix ‘ﬁgM and the

input matrix Hﬁ; arise from the series expansion (3.70):

L T
TSI — 0 0
f T T Ly 7 Lsa
Dg) = ; H,, = (3.71)
— TLLd 1— I 0 T _ YT
S
Ly Ty, L, L,

The discrete state model (3.69) simultaneously represents the expected
current control system of the PMSM. The input matrix Hg/[ can be split

up as follows:
T

0 0
. L
H{y =[Hf, . b] with nf, = ;= et 6m)
0 -
L, &

The figure 3.13 shows the discrete state model or the current process
model of the PMSM arrived at so far. The splitting of Hg;, in equation

(3.72) into two partial matrices is necessary, because:

1. Identical structures of the current process model are obtained in both
cases. This commonality later allows the summarized treatment of the
current control problem for both machine types and spares a repeated
representation of similar designs.

2.1t is necessary to later invert the input matrix for the compensation of

the disturbance quantity 1/1p. This would not be possible if H§1\*4 keeps

the form of a 3x2 matrix.
With that the final equation of the discrete state model or the current
process model of the PMSM is obtained as:
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il (k+1)=@{, i (k) +H{y ul (k) +hy, (3.73)

I

o)™ B

f -
mm=) H,, > z 1

s

i (k+1)

o e
Dy

o,(k)

Fig. 3.13 Discrete state model and current process model of the PMSM

3.4 Doubly-fed induction machine (DFIM)

3.4.1 Continuous state space model of the DFIM in the grid
synchronous coordinate system

Starting-point for the derivation of the state space model of the DFIM
are the voltage equations for stator and rotor winding respectively:
e Stator voltage in the stator winding system:

dy;
dt
e Rotor voltage in the rotor winding system:
dy]
dt
o Stator and rotor flux:

{"*bs :Ls is +Lmlr Wit il‘s :Lm +Lcrs
'll”r:Lmis—i_Lrir Lr:Lm+Lar

All symbols in the formulae (3.74), (3.75) and (3.76) have the same
meaning as in the section 3.2.1.

w =R i+ (3.74)

u =Ri + (3.75)

(3.76)
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After transforming equations (3.74) and (3.75) to a reference frame

rotating with the stator frequency wjy the following equation is obtained:

Lo dYg
uS = RSlS + dts +]w;\"ll)S
p (3.77)
u, =Ri, +&+jwr1br
dt
Eliminating of stator current i; and rotor flux 1), from equation (3.77)
gives:
di _ _
lr:_l L—i_l z ir_jwrir+1 z L—i_JW 'll')é
dt o|\T,. T, o |7,
1 1-
t—u, ——Zu, (3.78)
oL, oL,
g, 1. (1 . 1
i:_lr_ _+st ’q)é+_us
T, (T, L,

. /
with: ¥y =1 /L,
After separating both equations into real and imaginary components, we
obtain the complete electrical equation system of the DFIM.

(di, 1(1 1-0) 1-of1 )
— == Lg twi, +——|— —w
dt o Tr 7—; rd rirq o 7; 2psd ¢xq
+Lu _l—au
O'Lr rd O'Lm sd
di, 1{1 1-0 l1-of 1
q . / /
=Wy ——|—+ + — Yy, T W
dt rird o Tr TA rq o . wq wsd
(3.79)
oL, " oL, 5
dpyg 1. 1, ;o]
—_—=—] g —— +w +—u
dt TS rd Téwd swsq Lm sd
dvl, 1 S, 1
7R A A A

The main control objectives stated above is always the decoupled
control of active and reactive current components. This suggests to choose
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the stator voltage — and respectively grid voltage — orientated reference
frame for the further control design.

The realization of the grid voltage orientation requires the accurate and
robust acquisition of the phase angle of the grid voltage fundamental wave,
considering strong distortions due to converter mains pollution or
background grid harmonics. Usually this is accomplished by means of a
phase locked loop (PLL).

Summarizing the equation system (3.79) yields the following state space
model for the DFIM in the grid voltage orientated reference frame:

%zAx—i—Bsus—FBru, (3.80)
with:

e State vector x' = [ird,irq,q/)s/d,z/);q

e Stator voltage vector ul =

P as input vector on stator side

Usd s usq

T

e Rotor voltage vector u, =

Uypg,Uy, | as Input vector on rotor side

The system matrix A, the rotor input matrix B, and the stator input
matrix B; may be written as follows:

I{1 1-0o -0 -0
—— =t — w, —_— ——w
ol|T, T, oT, o

1|1 1-0o||l-0o -0
—w, ] w
A— ol\T,. T, o oT,
1 1
— 0 - Wy
I I
1 1
0 — —Wg -
I I
1—
_17° 0
oL, 1 0
0 71;0 oL, 1
o
Bv: . ;Br: 0 —r
T, L,
L, 0 0
N 00
Lm

(3.81)
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-

Fig. 3.14 Continuous state space
model of the DFIM with stator flux

by and rotor current as state variables: (a)
Common representation; (b) Split in
partial matrices

The state space model of the DFIM is shown in figure 3.14a. The
matrices of (3.81) may be split into partial matrices as follows, refer also to
figure 3.14b.

All A12
A21 A22

le
B52

rl

0

A:

s s

; B =

(3.82)

The state space model in partial matrices according to figure 3.14b
shows that the rotor voltage u, does not influence the stator flux
directly, but only in an indirect way through the rotor current i,. The stator
flux is determined mainly by the stator voltage. The influence of u; to i, is

like a constant disturbance, and therefore may be compensated by simple
feedforward compensation.

3.4.2 Discrete state model of the DFIM

Like in sections 3.2.2 and 3.3.2 the time discrete state model of the
DFIM may be obtained by iterative integration of (3.80), yielding the
following matrix equation system as base model for the controller design:
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x(k+1)=®x(k) + Hu (k) +H,u, (k) (3.83)
Transition matrix @, stator input matrix H, and rotor input matrix H, are
given by:
I L Sl T IzoT _1-0 .
o|\T. T, o T, o
—w, T 1— 1l l-o F—UwT 1-oT 3 | B
ol\T, T, o o 11 12
®= — —|" |3, |®
21 | 22
r 0 1- r w,T
0 r —w, T 1—- r
=0 T 0
o Ly T
0 =0T oL,
- o L’”:E;H,— o L |_Ha| (384
i 0 Hs2 ULr 0
L, 0 0
0 kd 00
Lm

The discrete state space model is shown in partial matrix form in figure
3.15a. Figure 3.15b shows the rotor current system, being the starting-
point for the rotor current controller design. Due to the stiff mains system

stator voltage u; and stator flux 1); can be recognized as almost constant

disturbances.
The figure 3.15a was produced by splitting of the equation (3.83) as
follows:

ir (k + 1) = (I)l lir (k) + (I)IZ'lI); <k> + Hslus <k> + Hrlur <k> (3 85)
"bjc (k_l_l): ‘I)2lir <k>—|—¢’22'lj); (k)_‘_HAvZus (k) '
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ur(k) A ~ 1
ERSE

i,(k)
Ol

:

==

sl

Fig. 3.15 Discrete state model of
the DFIM: (a) in grid voltage
orientated reference frame; (b)
rotor current process model

3.5 Generalized current process model for the two
machine types IM and PMSM

In evaluation of the equations (3.51), (3.55) and (3.73) as well as the
figures 3.8, 3.10 and 3.13 the formal identity of the two machine types IM
and PMSM regarding system structure and system order becomes clearly
visible. Therefore it can be regarded theoretically proven, that with respect
to hardware and software an identical concept for the stator current
impression may be applied in the stator-fixed as well as in the field
synchronous coordinate system. In this section a uniform description for
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all system elements will be derived to support a parallel treatment of both
current process models under investigation. The following symbols are
defined:

e &®: Transition matrices ¥} or <I>1]; or <I>§M
e H: Input matrices Hj or Hlf or Hng

¢ h: Disturbance matrices or vector ®, or .1,1]2’ or h, which represent the

intervention of the flux dependent disturbance quantity.

h is a 2x2 matrix in the case of the IM and only a simple vector in the
case of the PMSM. The input vector us and the state vector i will be
written without the subscripts ,,s¢ (for stator-fixed) or ,f“ (for field
synchronous coordinate system). This index can be attached later in the
concrete choice of the coordinate system to be used. For the rotor and pole

flux the symbol ) is used instead of ) or 11){‘ or wp. With these

arrangements the following common equation results for the current
process models:

i, (k+1)=®i, (k)+ Hu, (k) +h(k) (3.86)
and in the z domain:

zig(z)=®i (z)+ Hu(z)+h(z) (3.87)
with the characteristic equation:

det[zl — @} =0 with I = unity matrix (3.88)

The figure 3.16 shows the current process models for the following
three cases in the overview:

1. IM in the stator-fixed,

2. IM in the field synchronous and

3. PMSM in the field synchronous coordinate system.

The equation (3.87) as well as the characteristic equation (3.88) are
given in the z domain which is advisable for the treatment of discrete
systems.

Here the similarity between the model in the figure 3.16 and the current
process model of the DFIM in equation (3.85), shown in the figure 3.15b,
can also be easily recognized. Because the three models represent linear
and time-variant processes, linear current controllers using:

e output feedback or
e state feedback

can be designed. The method to derive these three linear and time-
variant process models can be called the linearization within the sampling
period. This is possible because the models have been derived under the
conditions that:
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e the stator-side angular velocity w; in the case of the IM or PMSM, and
e the rotor-side angular velocity w, in the case of the DFIM are constant

within one sampling period.

ﬂw(k)

h

= H | ] > 1

4

’
/,

i(k+1)

O

Fig. 3.16 General current process model of IM and PMSM

3.6 Nonlinear properties of the machine models and the

way to nonlinear controllers

Electrical 3-phase AC machines exhibit different nonlinearities because

of the mechanical construction of their magnetic paths with slots and air-
gaps. But only two types of nonlinearities are relevant for the controller
design:

The nonlinear structure of the process models: This nonlinearity is
caused by products between states variables like current components
and input variables w; (in cases IM and PMSM), w, (in the case DFIM).
This structural nonlinearity can only be mastered completely by
nonlinear controllers designed — for example — using methods like exact
linearization or backstepping based concepts.

The nonlinear parameters: Some parameters like the mutual inductance
depends on the rotor flux which is a state variable. The problem with
parametric nonlinearities can be solved by identification and adaptation
methods.

Because the backstepping based design still is not a mature method for

using in the practice, the section 3.6 only deals with the idea of the exact
linearization which can be used to master the structural nonlinearities of
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the process models of the IM, DFIM and PMSM, and to design nonlinear
controllers for improving the control performance in difficult operation
situations.

3.6.1 Idea of the exact linearization

For the understanding, at first the idea of the relative difference order of
a linear system without dead time — the SISO process — shall be explained.
If the linear SISO process is represented by the following transfer function:

y(s) byt+bs+-+b,s”
u(s)  ag+as+--- +a,s? ’
then the pole surplus » with:
r=qg—p>1 (3.90)
can be called the relative difference order of the process model
described by equation (3.89). If the linear process model is a MISO system
with m inputs and only one output, i.e. a system with m transfer functions
in a form similar to equation (3.89), then the integer number r:
r=minr; with 1<i<m (3.91)
1

G(s):

r<q (3.89)

means the relative difference order of the MISO system, in which 7; is
the pole surplus of the i™ transfer function. If the definition according to
the formula (3.91) is applied to a linear process with m inputs and m
outputs, the following vector r of the relative difference orders is obtained:

r:[r],rz,---,rm] (3.92)
with m natural numbers r; (j = 1, 2, ..., m), and r; the relative difference

order of the /™ output. Because the process described by the model (3.89)
can be represented in the state space, the relative difference order » and
respectively the vector r of relative difference orders can also be calculated
using state space models.

Some classes of nonlinear systems with m inputs and m outputs, the so
called nonlinear MIMO systems, can be described by the following
equations:

%:r(x)m(x)u

y=g(x)
with:

(3.93)
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X Uy 81 (X>

’ u, g, (x) (3.94)

H(x)=(hy(x), by(x), - b, (x))

Similarly to the linear systems, for the system in the equation (3.93) a
vector of relative difference orders like (3.92) can also be derived.

The basic idea of the exact linearization can be summarized as follows:
If the nonlinear MIMO system in the form (3.93) contains a vector of
relative difference orders like equation (3.92), which fulfills the following
condition:

r=n+n+-+n,=n (3.95)
then the system (3.93) can be transformed using the coordinate
transformation:
mi (x) &i(x)
z mil (x) Ljflgl (x)
z=|'|=m(x)= = : (3.96)
Z, m{" (x) & (X)
mp (%)) L7 gm (%)

into the following linear MIMO system:

dz

— =Az+ Bw

dt (3.97)
y=Cz

The original input u is then controlled by the coordinate transformation
law:

u=a(x)+L"(x)w (3.98)
The vector a(x) and the matrix L' (x) in (3.98) look as follows:
L(x): : : ;a(x):—Lfl(x)

LyLy g, (x) - Ly Ly 'gu(x) Lyg,(x)

(3.99)
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Formula (3.99) also requires the ability, with respect to the coordinate
transformation or to the exact linearization, to invert the matrix L(x). In
equations (3.96) and (3.99), the term

Lyg(x)= 8gaix>f(x) (3.100)

notifies the Lie derivation of the function g(x) along the trajectory f(x).
The details of the complicated general expressions for the matrices A, B
and C are abandoned here. The figure 3.17 illustrates the explained facts
so far.

Linear Substitute System: z = Az+Bw;y =Cz

Coordinate Transformation Non-linear System

u . X
> ) v =g(x)

‘l_’_; a(x)qLLfl(x)W —Wy x:f(x)—l—H(X)ll

Fig. 3.17 Transformation of a nonlinear system into a linear substitute system

A 4

Here it must be highlighted that the coordinate transformation requires
exact knowledge of the complete state vector x, which can not always be
assumed for 3-phase AC machines.

3.6.2 Nonlinearities of the IM model

The nonlinearity of the IM is clearly represented by the equation (3.46).
The two first equations of the system (3.44), which represent the current

process model, will be separated and extended by the field angle .

digz |1 +1—Ul, e+ —UW n 1 "
dt O'T; ; sd s 'sq O'Tr rd o LS sd
di 1 l1-0 l—0o 1

q . . /

=—w, i, — + iy, — w; +——u,, (3.101

dt s tsd o 71‘ o 7—;’ sq ¢rd o Ls sq ( )
dv

s = w,
dt

For better understanding temporary parameters and variables are
introduced:

e Parameters: a=1/oL;;b=1/oT;;c=(1-0)/oT,;d=b+c
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e State variables: x| = g5 Xy = lgys X3 =g
e Input variables: Up = Uy Uy = Uy, Uz = Wy
e Output variables: V| =lgg; Vo = lgy5 V3 =V

Now the current process model looks as follows:

%:—dxl + Xyuz +au, —|—cw,/d
— = —xju3 —d xy +aug, —cT, wihy (3.102)
dx
&y,

dt

or:
/

M —dx; +ciy a 0 X,

Xy | = —a’xz—cTrwwid +10(uy +|ajuy +|—x; |us

. 0 0 0 1

13 (3.103)
» 1 0 0Ofx

W |= 01 0 Xy

y3| 10 0 1|x;

The system (3.103) can now be transferred to the general form with the
equation (3.93).

x=f(x)+hyu; +hyu, +hyu;

y=g(x)
with:

(3.104)

/
—dx; +ciy a 0 X,

0 0 0 | | 3.105)

V=8 (X)=x;51, =& (X)=x; 3 =83(X) = X3
The equation (3.104) represents the new process model and will be used
later to design the nonlinear current control loop using exact linearization.



102 Machine models as a prerequisite to design the controllers and observers

3.6.3 Nonlinearities of the DFIM model

Similar to the case IM, the nonlinearity of the DFIM is represented by
the following equation separated from the equation (3.79) and extended by

the rotor angle ¥,

dird 1 1 1—(7 . . — 0 1 / /
— ==t Ly twil, +—|—Vy —w
dt o 7; . rd rirq 7; sz)sd sq
—i—Lu — l_au
O'Lr rd O'Lm sd
di, 1{1 1-0 -0 1
q . . / /
=—Ww,;——|— i, + — 1y, + Wi 3.106
dt d o ].; Ts q o Ts wsq 1/%:1 ( )
oL, " oL, ™
do,
:wr
dt
After substituting the newly defined temporary parameters:
g L_Fl—cr ;bzl—U’C:L;dZI—a; :1—0
oT, oT, o oL, oL, oT,

in the partial model of the rotor current in the equation (3.106), the
following model is obtained:

di
Trtd = *aird + wrirq + eﬁ’;d - bww;q +cuy — dusd
irg =—w.i —ai, +bw, +epl +cu +du (3.107)
dt rird rq sd sq rq sq .
dd
r_ w,
dt

New vectors will now be defined as follows:
e Vector of state variables:

T _ ey i ey — ey —
X —[xl X, x3},xl—l,d,x2—z,,q,x3—9r
e Vector of input variables:

T . / /
u = [ul Uy u3]> U = eq/]sd - bwwsq + Clyg — dusd

/ / .
uy =bwihgy +ey, +cu,, +dug; uy=w,
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e Vector of output variables:

T . .
Y =n »n nln=ian=ign=6,
Finally, the following nonlinear DFIM model in the detailed:

)il —ax; | |1 0 X
Xy | = |—axy | +{0fuy + | 1uy +|—x; |u3
. 0 0 0 1
11x3 (3.108)
Y 1 0 0f|x
Y,1=10 1 0f|x,
y3| [0 0 1f|x;
or in thé generalized form is obtained:
x=f(x)+hy (x)u +hy (x)uy +hs (X)us (3.109)
y=2(x)
with:
—ax, 1 0 )
f(x)=|—ax, | h (x)=|0}; hy (x)=|1};h; (x)=|—x (3.110)
0 0 0 I

gl (X) == xl; g2 (X) == XZ; g3 (X) == X3
The equations (3.108) and respectively (3.109) are starting points for
the later design of the nonlinear controller for DFIM systems.

3.6.4 Nonlinearities of the PMSM model

The model (3.64) of the PMSM will now be extended by the field angle
¥, similarly to the IM in equation (3.101).
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With newly introduced variables and temporary parameters:

di 1 L 1

—d = __isa' + Wy ﬂisq + - Ugg
dt Tsa sd Lyg

di L 1 1

— = sLdisd __isq +_usq
dt L, 1, "L,

di,
dt *

e state variables:

e input variables:

e output variables:

e temporary parameters:

—w

Yy

sq

X = lggs Xy =gy X3 :ﬁs

Up =Ugq; Uy :usq;u3 = Wy

B! :isd;yZ :isq;y3 :ﬁs

(3.111)

a=1/Ly;b=1/L,;c=1/T ;a=1/T,;

the equation (3.111) can be transferred to:

. a
X Zx2
—oq | |a 0 5
x2 :—CZXZ +0u1+bu2+——x1—b¢p u3
ol I (U (O
1% (3.112)
N 1 00 X
Y| =0 1 0Ofx
s 0 0 1fx
or to the following generalized form:
x=1(x)+h, (X)uy +hy (X)uy +hy (x)u (3.113)
y=2(x)
with:
ax
- X2
—cx a 0 b 5
f(x)=|—dx,|;h;(x)=|0|; h,(x) =|b|; h;(x) = —;xl —bi, (3.114)
0 0 0 1

N=gX)=x;51=g(X)=x;y; =g (X) = x5
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The equations (3.113) and (3.114) can be used to design nonlinear
controllers for systems using 3-phase AC machines of type PMSM.
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4 Problems of actual-value measurement
and vector orientation

This chapter aims to explain principles of the actual-value measurement,
to highlight its problems and to answer some related questions of the field
orientation.

The current measurement technique influences decisively the controller
design and thus also the dynamic characteristic of the inner current control
loop, which in turn is the prerequisite for the superimposed speed control.
So the actual-value measurement is an important interface of every drive
control system which must be taken into account very carefully for the
controller design.

Similarly, for the design of the speed control loop the speed measuring
is an important issue to consider. Either an incremental encoder or a
resolver can be used to measure the speed. Also the alternative possibility
of sensorless capture of the speed will be discussed, and possible ways to
solve this problem will be shown.

The second problem of this chapter is the field orientation, which is very
closely connected to the speed measurement. Field orientation means
namely,

1. that the field angle 4 and respectively the location of the field

coordinate system (dg- coordinates) must be calculated, and

2. that the un-measurable rotor flux, which will be used for calculating

the rotor frequency or the slip and therefore also the field angle 4,
has to be estimated. The estimated value of the rotor flux can be used
as actual value in the flux control loop, which is — for example — of
decisive importance for field-weakening operation.

The estimation of the rotor flux, which can be realized either by flux
models or by flux observers, and the calculation of the field angle require
actual values of current and speed.
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4.1 Acquisition of the current

The measurement of the currents can be performed as shown in the
figure 1.3. Depending on the coordinate system the inner current control
loop is realized in — field synchronous or stator-fixed — actual values iy, ip
or iy, i, are obtained after the transformation of the measured phase
currents iy, and i;,. What could not be indicated in this figure are:

1. The technical realization of the measurement and

2. the fact, that for the current control only the instantaneous value of

the fundamental wave is relevant.

From the technical view, two possibilities to measure the currents exist:

1. The most advanced technique is the measurement of instantaneous

values using A/D converters (ADC: Analog to Digital Converter) and

2. The integrating measurement using V/f converters (VFC: Voltage to

Frequency Converter).

a) Measurement of instantaneous values using an ADC

This method is frequently applied because of the simplicity of its
technical realization and the possibility of a high resolution. The inherent
current harmonics have to be suppressed, for example by an additional
filter. This however, would result in an additional delay of the measured
values. This delay is unwanted, and therefore has to be avoided if possible,
to maintain the dynamics of the current control loop, particularly for the
new current controller designs in chapter 5.

The time instant of the current measuring plays a decisive role for the
exact acquisition of the fundamental wave and for the elimination of the
pulse frequent harmonics. To achieve this, the measuring instant must be
exactly placed in the middle of the zero vector times T or 7; (using the
modulation algorithm in the chapter 2). The figure 4.1 explains the facts.

This measuring strategy has the advantage that the otherwise necessary
filter becomes superfluous and the delay connected to it disappears. The
obvious disadvantage is, particularly under transient conditions, that the
time instant of the measurement sampling will shift (start-up, reversing,
field weakening etc.), because the values of the zero vector time Ty or T
are not constant, but depend on the operating state of the motor. The
measurement sampling instants, illustrated in the figure 4.1, correspond to
the output sequence of us using the time pattern in the figure 2.9a.
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Fig. 4.1 The current measurement sampling instants (/) using an A/D converter

The mentioned disadvantage of the shifting sampling instant disappears
if the output sequence of the time pattern in figure 2.9b is used. The
sampling instant will be exactly in the middle of 77 and consequently, the
pulse and the control sampling frequency will exactly coincide (figure
2.9b).

T=200us

<l
-

Y

T.=100us P T =100us

Measurement
instant

Fig. 4.2 A strict synchronization between pulse period and measurement sampling
with sampling in the center of zero vector times

With the tendency toward higher pulse frequencies, the pulse frequency
can, however, be a multiple of the sampling frequency. The measurement
sampling must always be located either in the center of the last zero vector
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time 757 or at the starting points of the sampling periods of the control
system. The outlined principle for the realization of the current
measurement clarifies the demand for a strict synchronization between
pulse periods and measurement sampling which must already be thought
through at the hardware design stage. The figure 4.2 presents an example
with 10kHz pulse frequency and SkHz sampling frequency.

b) The integrating measurement using a VFC

This category also includes the method of analog integration with
subsequent A/D conversion. The measured signal is converted into a pulse
sequence with a frequency which is directly proportional to its amplitude.
This pulse sequence is applied to an up/down counter whose counting
direction is switched over according to the sign of the measured signal.
The impulses are counted over one sampling period. Because of the
integrating behavior there is no need for special measures to suppress pulse
frequent harmonics. However, the result of the integration does not
represent the instantaneous values of the fundamental, which are needed
by the control system. They may be back-propagated using an
interpolation filter, for example of second order as in equation 4.1.

i, (k)=1,83is(k)—1,16is(k—1)+0,33i5(k—2) (4.1)
k: 0,1,2, ..., oo; is: Integrated value

The interpolation filter may be fed with either the phase currents i, i,
directly or the current components in dg or aff coordinates. That means,
the back-propagation of the instantaneous values of the fundamental
happens before or after processing equations (1.6) and (1.7). The results
would show, depending on the sensor resolution largely corresponding
feedbacks and actual motor currents, with the restriction that sampling-
frequent oscillations cannot be followed. Since only actually measured
mean average values of the currents are available, this fact requires special
measures for the design of the current controller. Chapter 5 will more
deeply deal with these issues.

4.2 Acquisition of the speed

The speed is commonly measured either with a resolver or with an
incremental encoder. Because of the pulse counting when using an
incremental encoder and the averaging of the speed, over several sampling
periods by differentiating the position angle with resolver, the
measurement has an integrating characteristic and does not show the
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instantaneous value of the speed. Similar to the above discussed back-
propagation for the current feedback, an interpolation of the measured
values might be used to reconstruct the speed instantaneous values (here
with filter of first order).

w(k)=15w(k)—0,5w(k—1) (4.2)
w = Integrated actual feedback value

a) Measurement of speed using an incremental encoder (IE)

As is well known, the IE delivers two by 90° phase-shifted signals A
and B (fig. 4.3) in the form of square pulses, where the impulse number
per revolution is given by the construction of the encoder device. The
additional channel zero provides once per revolution a zero reference
impulse, which is normally congruent with the edges of one of the
channels A or B. By measuring of the impulse frequency f,, the speed n
can be determined.

60
n:ﬂ: [rpm] 4.3)
ZIE
fyr = Frequency [in Hz] of the impulse sequence

z;; = Number of impulses per revolution

o _ 360"

[
Y

~IE

Al

5
é

1
Zero Referpnce Impulse

]
Auxiliary Impluse Sequence

n_}

'
y

Fig. 4.3 Use of an incremental encoder (IE) to measure the speed

By evaluation of the phase relationship between the signals A and B the
direction of rotation can be found. For a given IE and thus defined f,, the
maximal measurable speed »,,, can be calculated by equation (4.3). Or
conversely, with predefined motor and maximal speed #,,,, the maximal
necessary f,, can also be calculated by (4.3).

If the rotor position is described by 4, and the sampling period of the
speed control by T, then the frequency measurement transforms into a
counting of the impulses A or B within 7, following the equation:
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dk)—9(k—1
_ W)=-1) "
Tn
k=0,1,2,.., co=Sampling time instants

The impulse counting alone does not suffice for a precise measurement
at very low-speeds, and here has to be amended by a time measurement
where the time for the passing of a certain angular sector is measured with
the help of an additional higher-frequent impulse sequence (fig. 4.3). From
the equation (4.4) the speed can be obtained as follows:

0
ne Y ithg=200 _lrev (4.5)

t(k)—t(k—1) ZiE ZE
The measurement resolution can be found by generalization of the
equations (4.4), (4.5). Equation (4.4) can be rewritten as follows:
60

2 T,
n;; = Number of impulses counted during 7,

1

n= nyp in |min” (4.6)

The resolution of the speed measurement, using pure impulse counting,
can be obtained after derivation of equation (4.6).

dn__ 60 or An~ 60 Anyg 4.7)
dnyg  zpT, zig T,
With, for example,

Any =1 (Only 1 impulse is counted during 7},)

z;; =1024  (IE produces 1024 pulses per revolution)
T, =1ms (Sampling period)

a resolution of An ~ 58,6 min™ is obtained. With the help of impulse
quadruplication this result can be improved essentially. The equation (4.5)
for period measurement can be rewritten as follows:

n=001 5 [mm—l] (4.8)
7= in [s] measured time for the passed angle sector 360° / i

The first derivation of equation (4.8) delivers:
dn = 60 or An~ — 60 5 AT 4.9)
dt ZgT 2T

Using a 20 MHz impulse sequence (time resolution Az= 50 nsec) and a
10-bit counter (maximal measurable time 7 = 2'°50 ns = 51,2 ps) a
resolution of An =~ 1,1176 rpm can be obtained for very low-speeds.
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Another possibility to reach a high-resolution result for low-speeds is to
use an IE with approximately sinusoidal output signals A and B (fig. 4.4).
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Fig. 4.4 Use of an incremental encoder with sinusoidal output signals for speed
measuring

After zero-crossing detection the signals can be processed exactly as in
the case of an usual IE. With two additional A/D converters and high-
frequency sampling within a signal period, the speed is obtained from:

n:d—a:i arctanE (4.10)
dt  dt A

b) Measurement of speed using a resolver

The construction of a resolver is shown in the figure 4.5a. The resolver
consists of two parts. The mobile part (the rotor) is fixed to the motor shaft
and contains the primary excitation winding, fed by a rotating transformer
with an excitation signal of approx. 2...10 kHz. The static part (the stator)
contains two secondary (sine, cosine) windings, which are mechanically
displaced at 90 deg against each other.

In principle two methods for processing the resolver signals exist. The
first one is called angle comparison (fig. 4.6a) and is implemented in
integrated circuits like AD2S82 or AD2S90D. The angle comparison is
carried out with the help of a multiplier (RM: Ratio Multiplier) at
the input, which calculates an angle error. After the multiplier (fig. 4.5),
the following results are obtained at the outputs of sine/cosine channels:

t.ugsin(wr)sindcosdy, and 1, uysin(wr)cosdsindy,  (4.11)

Y from the firm Analog Devices



114  Problems of actual-value measurement and vector orientation

Substracting the signals of the equation (4.11) from each other yields the
error signal:
AV =1, uysin(wt) (sing cosdy, — cos? sind, )
. . (4.12)
= 1. ug sin (wt)sin (9 — 0, )

. Excitation ¢ Sin

. 2. 2
Sin 2-10kHz

Rotating
transformer

Motor
shaft

Motor
shaft

Excitation
b u, sin(ot)

t.u,sin(ot)sind
I Sin | |

| Y
| v . ~ Envelope

rotor to be captured

I

| i
1
Asind H

9 = arctan S0 ! !
Acosd i

A = t.u,sin(ot) : M-
=T

Sampling Pulse

s
b

by

\
R TR —_—

Fig. 4.5 Principle mechanical (a) and schematic (b) construction of the resolver
with its output signals (c¢). z.: transmission coefficient; u: amplitude of excitation
signal

According to equation (4.12) the error A¢ disappears if the difference
¥ —19,, becomes zero. To achieve this, the error signal is fed via a phase

sensitive detector (PSD) to an integrator or a PI controller whose output
controls a voltage-controlled oscillator (VCO). A up/down counter (UDC)
counts the impulses coming from the output of the VCO, in which the
counting direction of the UDC depends on the sign of the error signal. This
way the phase error will be eliminated with the help of an integrator or a PI
controller. The dynamics of the measurement depends on the dynamics of
the control loop which poses a considerable disadvantage for the complete
system.

The measuring dynamics can be increased significantly if the envelope
of the resolver signals (see figure 4.5c) can be captured directly, i.e.
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always at the peak value of the curve. With the help of two A/D converters
(fig. 4.6b) this can be realized easily provided a strict synchronization
between the measurement sampling, control and modulation, is observed
and taken care of already in the hardware design. Furthermore it has to be
considered that the resolver signals are susceptive to noise and distortions
through the transmission paths between motor and electronics which may
result into loss of the original synchronization and a signal correction
(usually by software) becomes necessary.

lRef.
sin !
A9
~ |rmMp—] psD -l

cos

' UDC VCO

3
M| a

sin ADC .

A L= .
Sampling : 5100 M
_pulsu b zuulunm 5

\ —_— 8’,\:
Cus ADC jp=ticos b

Fig. 4.6 Methods for evaluation of resolver signals: Angle comparison (a) and
signal sampling with two A/D converters (b)

From the relation:

x . .
¥ =arctan— with x=sin?d; y=cos?

y
the total differential of 4 can be derived easily:
dv = ydx—xdy (4.13)
and:
AV = yAx—xAy (4.14)

With Ax=Ay=2774¢ in which z,pc is the resolution of the A/D

converter, the corresponding resolution of the measured angle can be
assessed.

Considering that the derivatives dx/df und dy/d¢ can assume values
independent of z,pc at the actual time, and from the relationship for the
speed n:
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pe 0, 60 4 [min'l] (4.15)
21z, 27z » dr
the total differential for » can be derived after some conversions:
dn=n(xdx+ ydy) (4.16)
From (4.16) results:
Anrn(xAx+yAy) 4.17)
With the equation (4.17) also the speed resolution, depending on the

operating point, can be assessed using Ax = Ay = 274DC

Because the resolver provides the absolute position information, it can
be used advantageously in synchronous drives. In addition, the resolver is
robust against external influences like high temperatures or magnetic
interference fields. With respect to the measuring precision the resolver,
however, cannot achieve the high resolution of the IE with analog or
sinusoidal output signals.

4.3 Possibilities for sensor-less acquisition of the speed

The idea to save the speed sensor, and to reduce not only the costs but
also to increase the reliability, because mechanical parts and the sensitive
galvanic connection between sensor and actuator are omitted, was the
motivation for numerous research in the last two decades. In principle the
developed methods can be divided into three groups:

1. Stator flux orientated methods like Direct Torque Control (DTC),
Natural Field Orientation (NFO).

2. Rotor flux orientated methods, following the principle of a Kalman
Filter (KF) or a Model Reference Adaptive System (MRAS).

3. Methods which use machine specific effects (unbalance, slots on
stator and rotor side etc.).

With respect to the theoretical approaches, the solutions to this problem
are very different and partly based on special effects so that not all of them
can be discussed in the context of this chapter. Because of the many
advantages compared to the stator flux orientation, this chapter exclusively
deals with the rotor or pole flux orientated drive systems which are very
widespread in practice. Consistently only examples of rotor flux orientated
methods will be discussed because the methods to be selected, must be
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suited for integration into the overall control system. The methods based

on the use of machine specific effects can also be used very well in

systems controlled with field orientation.

In the area of higher frequencies the speed sensor-less operation works
without problems for all methods in the case of an asynchronous drive.
The critical area is the area around standstill. The results published in the
last decade have led to the conclusion that zero stator frequency in the case
of the IM represents a virtually not observable point and therefore cannot
be controlled correctly with conventional methods like DTC, NFO, KF,
and MRAS. At set points near zero speed and under influence of a strong
load, the rotor can always drift away without the system reacting to it.
Thereat the rotor flux vector rotation stops. This is primarily based on the
fact, that the magnetization of the slowly rotating rotor of the IM can be
easily changed by the (almost) still standing rotor flux vector. Only if the
mechanical frequency of motion reaches a certain limit (approximately the
slip frequency) and thus the magnetic reversal is no longer possible, the
speed can be calculated correctly again. A clean reversal across the speed
zero is always possible, though. Use of the above mentioned methods,
including the already commercialized DTC, always implies theoretically
unsolidated detours.

In the case of a PMSM drive, the standstill is less critical because the
pole flux is built up permanently. Therefore a magnetic reversal process
can not take place, and the moving pole delivers information for the
estimation already at low-speeds. Two problems must be solved here:

o The initial position of the pole flux must be identified: For the case of an
asymmetric rotor build-up (e.g. salient pole machines or full pole
machines with only few magnets on the rotor surface), many useable
approaches can be found in the literature. The question is still relatively
open for machines with exclusive full pole quality (i.e. the magnets
are assembled in a larger number, and thus divided up finer) on the rotor
surface thanks to the high energy density and the improved construction.

e The development of a method for the speed sensor-less control of the
drive. The variety of the useable methods is similar as in the case of the
IM.

The methods based on the use of the machine specific effects are best
suitable both for IM and for PMSM. The unbalances in the mechanical
construction and the slots on stator and rotor side are mirrored in the
harmonics of the stator currents independent of their fundamental
frequency.

In this chapter only two application examples are presented for
the speed sensor-less control of the IM and PMSM. For the IM the control
system has the principle structure of figure 4.7. It can still be recognized
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that the structure of figure 4.7 also applies to the case of the PMSM drive
if the flux controller is dropped and the corresponding algorithm is
implemented in the context of the "speed adaptive observer".

Set Point Generator and Current Controller

Controller for Rotor Flux . (Chapter 5) Vector Modulation
(Chapter 8) led u,, Chapter 2)
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Fig. 4.7 General structure of speed sensor-less and rotor flux orientated control of
an IM drive in dg coordinates

4.3.1 Example for the speed sensor-less control of an IM drive

As is well known, the IM can be completely described by the state
model (3.41) (cf. section 3.2) electrically. If we start from the assumption
that the machine parameters are time-invariant, then only A in the equation
(3.41) depends on the speed and must be updated on-line with a measured
or estimated speed. The estimated quantities are denoted with an index ,,A“
in the following.

With the model (3.41) a Luenberger observer can be used to reconstruct
the state vector (fig. 4.8a).

%:Ax—i—Bus—i—K(is—is) (4.18)

K = Correction matrix
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For the case of measured speed numerous approaches to design K (e.g.
with the help of pole assignment) have been presented. The observer (4.18)
then delivers only estimates for the not measurable rotor flux. If the speed,
regarded as a system parameter in this model, shall be estimated together
with the state quantities, the structure must be extended like shown in
figure 4.8b.

Using the definition of the state error e:

e=X—X (4.19)
the following error state equation is obtained after subtracting (3.41) and
(4.18):

%: (A+KC)e+AAx (4.20)
with:
AA=A—A= (4.21)
0 1 ~
J= ; Aw = w — w = Parameter error

-1 0

The state estimation techniques using a speed adaptation like in figure
4.8b, are part of the category of methods with model reference adaptive
systems (MRAS) in which the motor (the process) plays the role of the
reference model.

Because of the nonlinear (process) behavior the stability aspect must be
included at the design of such systems from the beginning (cf. [Isermann
1988], chapter 22.3). The stability proof can be carried out either using
Popov’s method of hyper stability (e.g. [Tajima 1993]) or the direct
method of Ljapunov (e.g. [Kubota 1993 and 1994]). The latter will be used
in the following.

The Ljapunov function V for the error equation (4.20) is chosen to
contain both the state error e and the parameter error Aw.

wf

V=el e—{—[ 5 (4.22)
A = Positive constant
The first derivation of } yields:
‘;—It/ —|(A+KC) +(A+KC)e
(4.23)

-~/
—2Au)[is‘a¢r}3 l?ﬂ¢ra] o 2chjll_cld§
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Y
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Fig. 4.8 General structure of the rotor flux observer using (a) measured and (b)
estimated speed

There isa =i, —isa; isg =iz —isp are components of the state error
vector e. The right side of the equation (4.23) contains 3 terms. In order
for the system to remain stable, the following conditions must be fulfilled.

1. K must be chosen to ensure the negative definiteness of the first

term.

2. The estimation algorithm must be designed so that the second and

third terms compensate each other, i.e. the sum of the two terms is
Zero.

In the references [Kubota 1993 and 1994], a frequency dependent

correction matrix K in the following form is suggested.
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ki ko | ks Kk
K=|" 2 3 4 (4.24)
—ky k| =k, Ky
k=1(1 1 ~ k-1{1 & (k—1)wo
==y = (k=D ky = ——| =k =
! aT,+TS’2( )w’31—aT, A -
(4.25)

The idea behind is to fix the poles of the observer (using the constant
k>0) proportionally to those of the motor so that the observer (exact like
the process or the motor) remains stable. It was found experimentally that
k must be chosen in the range of 1 ... 1.5. With this choice the method was
tested successfully on different motors, even when only parameterized
from name plate data.
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Fig. 4.9 Block circuit diagram of the speed adaptive observer for the calculation
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In order to fulfil the above second condition concerning the stability, the
estimated angular speed @ must fulfill the following equation:

d; 1—0’7 ~/ ~ o~/
[lm VY, —isp wm] (4.26)

2%\
Considered that the speed can change fast, equation (4.26) can be

dt

augmented to the following PI algorithm to calculate @ .

~ . Y Y
w = KP ew “I’K] fewdt Wlth ew = lso w}"ﬂ - lsﬂ 17Z}}"L¥ (427)
Kp,K;: Gain factors

For the implementation of the described method the speed error must
be transformed into dg coordinates first:

~ . s . <
e, =—lisq wrd with Isq = lgg —lsq (4.28)
For a step-by-step design we assume first the value k£ = 1 (i.e. flux model
without correction). That means, the speed adaptive observer contains the
calculation of the current and flux model according to the equation (3.55)
(cf. figure 4.7: the hatched area) as well as the PI algorithm (4.27). The

angular speed @, on the stator side or the stator frequency arises from the
following equation:

isg (F)

~/
T, g ()
The hatched area in figure 4.7 is represented in detail in figure 4.9. The
processing of the current control loop is divided into 4 steps (see fig. 4.10,
left half), with the estimation algorithm of w (see fig. 4.9) integrated into
the second step, detailed in the right half of the figure 4.10.

w.o=w+ 4.29
S
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Fig. 4.10 Program flowchart for the implementation of the algorithm from figure
4.9

The speed reversal with field weakening in figure 4.11 illustrates the

functionality of the presented method which may be implemented in
practical systems easily.
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Fig. 4.11 Speed reversal of a sensor-less controlled IM drive: +3000 min" with
field weakening

The dimensioning of the PI compensation controller (cf. fig. 4. 9) is
important for the calculation of the speed w. By integrating w the
mechanical angle 9 is calculated, which forms together with the load
angle the transformation angle U5 for the voltage vector output and

feedback transformation. I.e. the dynamics of the estimation of @ shows up
directly in the innermost loop - the current control loop (cf. figure 4.12).
To consider the estimation dynamics in the current controller design, the
transfer function G.(s) is needed.
The transfer function G (s) can be derived under the conditions, that:
e the speed in small-signal response only effects the g-axis (cf. 2™
equation from (3.44)), and

~/
=1 vd = g = —isa can be assumed for the d-axis.

|e
|

Complete motor model |

— L

To speed controller

lg ~ . u €.
: .| Control Noton - G (s)

|

‘ r\."([
system \

\

[

3

Fig. 4.12 To the necessity of the transfer function G (s)
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Using (3.44) the following equations are obtained in the Laplace
domain:

o . I1{1 1-0]. -0 1
Motor: siy, = —wqiy —;[—v—i- T ]lsq —de)rd —&-U—Lsusq
A ~ 1{1 1—-0) 1—0 ~~/
Model: si (= —wsisa ——|—+ isqg — wip,g +——ug,
o TS‘ s
(4.30)
With
H PG - sq o7 ;Sq
Cisg =lsq =gy —lsg; €, =W—W, Wy =W+ ——— Ws =W+

from the subtraction of the two equations in (4.30) and after some
remodelling we obtain:

e. (s V . T.T / T,
sg(8)_ Ve o r=9hh oy Yule (4.31)
e,(s) 1+sT, I +1, a

K,, K, should be chosen to essentially compensate the delay from (4.31)
for the closed control loop.

4.3.2 Example for the speed sensor-less control of a PMSM
drive

As already mentioned at the beginning of chapter 4.3, two questions
must be solved for the speed sensor-less and field orientated operation of
a PMSM drive: the identification of the initial position of the rotor or of
the pole flux and the integration of a method for the speed sensor-less
control.

The most known publications about the identification of the initial
position deal with the case of salient pole machines, where the difference
between the direct and the quadrature stator inductance — measured in the
d- and g-axis — is relatively large. This makes a relatively simple off-line
identification of the rotor position possible either by an indirect
measurement of the inductances or by an evaluation of the currents caused
by scanning of the total rotor surface with identical voltage transients.
Thanks to new magnet materials with a very high energy density and
improved construction techniques the magnets of modern machines are
finer distributed and fastened on the rotor surface. However, this
improvement with respect to the drive quality aggravates the chance to
identify the pole flux position. An interesting approach to solve these
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difficulties with moderate processor power has been presented by
[Brunotte 1997].
The PMSM is different from the IM physically only by the way of the

magnetization: In the IM 1i,, or ‘l])f, must be built up, whereas the pole flux

is permanently available in the PMSM. Therefore it can be assumed, that
the Ljapunov stability approach which led to the error model (4.28) for the
IM can be used here as well with the speed error signal:

e, =—isg with isg =i, —isq (4.32)
sd

As in the case of the asynchronous drive the current error in the g-axis is

used as an input signal for the @ - PI - estimation controller. Because of the

preferred axis of the rotor flux, an error signal for the position angle which

helps to eliminate the position error from the beginning must be found.

The following considerations help to find a solution. From (3.64) the

following equations can be obtained:

. 1. Ly, 1
Motor: iy = =iy + 50, 7L + ity
! L”’ sd (4.33)
~ 1 ~ . R
Model: sisq =— Isd +Sl9sﬂl.sq +—uy,

sd 'sd sd
After the subtraction of the two above equations and some rewriting the
following linear relation arises, under the assumption that the @ - transients
have died out and the load is constant:

Cisd (S) _ sTs‘q lsq (434)
€y (s) 1+sT,,

The fault model (4.34) means, that the current error in the d- axis can be
used as a correction signal for the rotor position. A compensation
controller with I behavior, whose output quantity is added to the flux
angle, will suffice for this purpose. The figure 4.13 shows the speed
reversal of a PMSM drive controlled using this method.
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Fig. 4.13 Speed reversal of a speed sensor-less and field-orientated controlled
PMSM drive: Currents and speed (top), rotor or flux angle (bottom)

4.4 Field orientation and its problems

After the essential features of the field-orientated control and important
control structures were introduced in chapter 1, some questions of the
realization shall be discussed in more detail now. For asynchronous drives
the calculation of the rotor flux, which is not measurable without
additional costs, is decisive for a successful realization and satisfying
control performance. Different models to solve this task will be compared
in this chapter. Because control and PWM voltage generation work
discontinuously, but the machine, of course, represents a continuous
system, a number of issues arise in the context of the interaction of both
components. These issues, if disregarded, can have a negative influence on
the control accuracy and stability. In the last part of this chapter finally
some concrete discretization effects and respective countermeasures will
be worked out.
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4.4.1 Principle and rotor flux estimation for IM drives

To begin with, some basics of the field orientated control shall be
summarized again for the better complete understanding of the matter. As
known, the basic idea of the field orientated control is to develop a control
structure for the IM similar to that for the DC machine. That means in
detail:

1. The process models of torque and flux must be decoupled from each

other.

2. At constant flux the torque equation should have a linear
characteristic (linear relation between torque and torque-producing
quantity).

. In steady-state, all control variables should be DC quantities.

4. Torque and slip should be proportional. With this proportionality a
breakdown-torque caused by the control is avoided, and the
maximum torque is expressively determined by the available current
or the available voltage.

The requirement 3 is fulfilled by using a reference coordinate system
which rotates synchronously with the stator frequency @,. The point 2 can
be fulfilled, if one axis of the coordinate system is chosen to coincide with
the current or the flux vector. It can be shown that under all conceivable
variants only the orientation to the vector of the rotor flux (e.g. ¥, =v,,,

W

¥, = 0) fulfils the remaining requirements and at the same time ensures a

dynamically exact decoupling between torque and flux. Stator, rotor
voltage and torque equations of the IM (cf. chapter 3 and 6) if splitted into
their vector components, then may be rewritten as follows:

di di
u, =R, +oL, (;std —w,oLiy, +(1—0)L, % (4.35)
. disq . .
Uy, = Ryl + oLy T +woLiiy+(1—0)Lwi,, (4.36)
4
0=i +T, ;";d —i (4.37)
0=, iy — i, (4.38)

3 L,, . 3 L, . 3 .
my, :EZPL_m ra'lsq :EZP L_mlmdlsq :EZP (I_J)lemdlsq (439)

. R /
with: Imd = ¢rd /Lm = wrd

In the context of current impression the very simple signal flowchart in

figure 4.14 arises. According to (4.37) and (4.39) the current component iy
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works as a control quantity for the rotor flux, and iy, controls the torque at
constant rotor flux.

Ik Yy, il 0]

i a8 m
s sd -~ ° e
1+sT. ! s

“m

(RS RN Y]
S

» »-
I
v )

1 (U.\ (”f' Li)? =
-

Fig. 4.14 Signal flowchart of the IM in field-orientated coordinates with current
impression

Different variants for the implementation of the principle of the rotor
flux or field orientation into a control system are conceivable and known.
Besides the proposed method using impression of the current vector, all
remaining methods differ from each other by their ways to find the
modulus and the phase angle of the not directly measurable rotor flux. The
exact knowledge of the flux phase angle in stator coordinates

v = arctanwﬁ: Yy + fws ds (4.40)
ra

is required for the exact transformation of all measured quantities into
field coordinates. Using this angle the current vector in field coordinates is

obtained to:
i/ =ile /% (4.41)
In the simplest case the needed quantities can be calculated with the
help of (4.38) from the reference values (set points) of flux and torque
(field orientated feed-forward control [Schonfeld 1987] or indirect field
orientation [Vas 1994]). A field orientated (feedback) control or a direct
orientation uses a direct measuring of, or an estimation model fed by
measured motor quantities, for the flux calculation and therefore has the
essential advantage that the current motor state can be captured
substantially more exact and independent of the quality of the inner current
control loop (e.g. at insufficient voltage reserve). Because a direct flux
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measuring using Hall sensors or additional coils requires additional
incursion in the motor, practically realized systems usually work according
to the model method. Typical structures were already introduced and
explained in chapter 1.

An analysis of the general voltage equations (@, = angular speed of the
reference coordinate system)

. di . .
u, = Rsls + O-Ls d_; + ]wko-les + (1 - O->Ls

di
— 4 jwd, | (4.42
d1 JWk } ( )

di
0=(1+/ —w)T.)i T —= —i 4.43
(+](wk w) V)lm+ r ds I ( )

shows various possibilities for the calculation or estimation of the rotor
flux vector. The different approaches can be distinguished by the used
coordinate system and the measured quantities. With regard to the
coordinate system characteristically the components of the flux vector are
first calculated in stator coordinates, and in the second step modulus and
phase angle are derived in field orientated coordinates. Essentially, the
following models may be derived (cf. [Verghese 1988], [Zagelein 1984]).
Model quantities are indicated with "

1. ug - iy - Model in stator coordinates
dim  ug —Rig o di;
dt  (-o0)L, 1—0 dt
The model immediately results from the suitable rearrangement of the
stator voltage equation. From equation (4.44) it can be noticed that because
of the open integration any mechanism for the elimination of state
errors, caused by wrong initial values or disturbances, is missing. At low
rotational speeds considerable precision problems are to expect because of
the significant influence of the stator resistance.
From the rotor voltage equation the following

(4.44)

2. iy - w- Model in stator coordinates

di, 1 . .. 1.

i ( T + jo)i,, + T i (4.45)
This model can immediately be derived from the rotor voltage equation.

In contrast to (4.44) it can be shown that the state error decays with the

rotor time constant [Verghese 1988]. The algorithm contains an integration

of sinusoidal input quantities with the corresponding problems at discrete

realization, though. This difficulty can be avoided by combination of both

models to the following
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3. ig - uy - w- Model in stator coordinates
The derivation of the flux in (4.42) is eliminated after substituting
(4.43):
di
U, (R, (- 0)R )i, +oL,

(4.46)

im:

(I—-o)L;

1 .
r ”]

In equation (4.46) no integration is needed anymore, but three measured
quantities are to be fed to the model.

The combination of the first two models to observers (exactly: observer
of reduced order) allows additionally to influence the system dynamics and
with dedicated design also the improvement of the parameter sensitivity
[Zagelein 1984].

From the rotor voltage equation in field coordinates the following
straightforward

4.i,- w- Model in field coordinates
d imd 1 A A

d—t = ?(_imd + isd) (447)
r
s Iy
‘93 = a)s =0+ A (4-48)
Trlmd

is obtained. Because the currents here are available only after the
coordinate transformation, they also were indicated as model quantities.
For this model the comparatively low realization effort can particularly be
noticed. Special problems in certain speed ranges do not exist. However,
all models derived from the rotor equation have the common property that
the precision of the phase angle 3, strongly depends on the temperature-
dependent rotor time constant.

5. "Natural Field Orientation" [NFO, Jonsson 1991, 1995]

Stator frequency and flux phase angle may also be calculated directly
from the stator equations. In the NFO approach the calculation is divided
between stator and field coordinate system. In stator coordinates the EMF
voltage is calculated from equation (4.42):

di di
e=u, — Rsix - ULS d; = (1 - U)Ls d_T (449)

After transformation into field coordinates the stator frequency can be

derived from the quadrature component:
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e
Wy =—d (4.50)
(1 - U)lemd

In the original method the flux is controlled in open loop, i.e. the
reference value is used for i, ; However, it is also possible to include a
flux control loop for the flux magnitude (4.47) additionally. Neither rotor
quantities nor the speed are needed to calculate the phase angle, at least for
feed-forward controlled or constant flux. In this respect a close relationship
to the ug - i; - model in stator coordinates exists. The voltage integration is
transferred to an integration of the stator frequency. Similar precision
problems at small rotational speeds may be supposed.

So far, the method does not yet contain any speed model. Such an
extension is described in [Jonsson 1995], although within a stator flux
related control loop.

Finally the possibility of an

6. ug - w- Model

shall yet be mentioned. To its derivation the currents are eliminated in
the voltage and flux equations by mutual substitution, and the stator flux is
kept as an auxiliary variable.

In all described models, the rotor magnetizing current i,, was used as an
equivalent for the rotor flux magnitude in the first place. The actual rotor

flux magnitude would have to be calculated from ,; =L, (‘1 u Dimd and

|

Because of the proved positive properties over the whole relevant range
of stator frequencies, and because of the simple feasibility, the i; - @ -
model (4.47), (4.48) in field coordinates is often preferred in the practice.
Additionally to that, the current measurements are anyway available and
high-quality speed controlled drives are equipped with speed measuring
facilities.

Consideration of the magnetic saturation is required for high dynamics
requirements at operation with variable rotor flux. Corresponding control
approaches will be discussed in detail in chapter 6.2. A relatively simple
and often satisfactorily used model shall be presented here. For the rotor
voltage equation in the arbitrary orientated (rotation frequency )
coordinate system the following equation can be obtained:

Lm (|lm|) + Lro dlm 4 j(wk _ w) Lm (|lm|) + LVU
R dz R

r r

2
+

L, . .
lf lsd+L_mlmd

r r

2
. L, .
i, L’ lsq] (4.51)

r

0=i, —i, + i, (4.52)
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Split into components, the following equations are arrived at

R . L’ - L N
i = g 4 Lonimd) F Lyg dimd (4.53)
R, dr
e — s e R (4.54)
imd Lm(l'md)‘|’Ln7
oy d dL
with L (i, )= et = g, Loy o
dfi,| dli,|

L,(Ii)

> \E’"(lipl) g.
L

l

b

Fig. 4.15 i - o - flux model in field orientated coordinates with saturation of
main inductances

Now the i - @ - flux model in discrete representation can be rewritten in
the following form:

Fd (k1) = o () 4 —— T (Esd(k)—imd(k)) (4.55)
Ly (ima )+ Ly
isqg (k) R.T

(4.56)

Ds(k +1) =05 (k) + w(k)T + = .
( ) ( ) w( ) lmd(k) Lm (imd(k))+LrU

Dy (k +1) =05 (k) + ws ()T

) more about the differential main inductance L, (‘1 #D in chapter 6.2.3
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The flux model in this form is represented in figure 4.15. Because of the
temperature dependence of the rotor resistance, an on-line tracking of this
parameter is additionally required for high-quality drives. The chapter 7
will deal with this problem in greater detail.

4.4.2 Calculation of current set points

Field and torque producing components of the stator current can only be
controlled independent of each other as long as the maximum current
magnitude is not reached. At this point a suitable strategy for the vectorial
current limitation becomes necessary.

The function of the field orientated control relies on the precision or
constancy (in the basic speed range) of the impressed rotor flux. Therefore
it seems reasonable to give the flux producing component the priority, if
the maximum realizable current magnitude is exceeded. A limitation of the
maximal reference value i,; to i,./2 at the same time allows an adequate
control reserve for torque impression. Figure 4.16a illustrates the outlined
vector limitation strategy.

If applying a flux control strategy which uses the set point of iy, for
calculating the rotor flux set point (cf. chapter 8) an arithmetic loop would

arise. This can be avoided by a two-step limitation of i:q in the speed

controller. Figure 4.16b shows the details.

o [ i ] Fux f ba”
Wrd controller I U oontroller ;
0 Py ] [ e [0 by

e (0 aCjD_ = 1] No)
!

* | Speed Lo | w* | Speed r o | e
® controlier ® controller

|a b t

Fig. 4.16 Limitation strategy for calculating the current set points
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4.4.3 Problems of the sampling operation of the control system

The problems already discussed in chapter 3.1 for the discretization of
the continuous state equations, require a renewed critical assessment at the
application within the field orientated control. The system of state
equations of the asynchronous machine is the starting point for the design
of current controller and flux model, both in field orientated coordinates.
In chapter 3.1.2 it was worked out, that for the derivation of an equivalent
discrete process model from the continuous state equations the following
idealizing prerequisites or approximations must be met:

1. Constancy of the time variant and state-dependent process parameters

(frequencies, machine parameters) within a sampling period.

2. Constancy of the input quantities within a sampling period (sampling

over zero order hold).

These prerequisites naturally are not fulfilled in the real system, and in
the result consequences for precision, control accuracy and stability of a
control system, designed on the basis of the mentioned simplifications,
have to be expected. Some of these consequences and possible
countermeasures shall be examined here. Hereby, we will concentrate on
the following main emphases:

1. Validity of the simplifying assumptions for time-variant parameters

and input quantities of the continuous system.

2. Choice of the discretization method.

3. Choice of the sampling time.

Thereby the issue (3) must be regarded in closed relation to (1) and (2).

a) Time-variant system parameters

The problem definition can be inverted in a pragmatic way with regard
to the time-variant parameters of the system matrix: In order to obtain an
equivalent time-discrete system, the boundary conditions of the
discretization must be chosen to allow for the system matrix to be
considered approximately time-invariant over one sampling period. This
primarily has consequences for the selection of the sampling time 7 which
must be chosen adequately small. Time-variant parameters of the system
matrix are the speed or mechanical angular velocity @, the stator angular
velocity @, and variable (e.g. saturation dependent) machine parameters.

With regard to speed, the prerequisite of approximate time-invariance
within a sampling period is fulfilled for usual sampling times of 0.1 ...
Ims. Rotor and stator frequency can change with the dynamics of the
impressed torque producing current. The technologically existing
limitation of the current allows only a restricted maximum slip and
therefore a limited frequency change, though. In the end the assessment of
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this point will, however, have to be reserved for the detailed investigation
of the concrete application, where stability and performance characteristics
have to be investigated. The same is valid for time-variant motor
parameters to be taken into account. For the incorporation of the main flux
saturation it is advantageous that this quantity also can be seen as
depending on a slowly varying state variable (rotor flux).

The input variable of the system is the stator voltage vector uy(f). The
reference value of uy(?) is constant over one sampling period, but for the
actual motor voltage this is, however, not the case. For a machine model in
stator coordinates the stator voltage is piece-wise constant due to the pulse
width modulation, and for a machine model in field coordinates it is piece-
wise sinusoidal because of the continuously changing phase angle. Thus
the used approximation of zero order will cause errors in every case. A
workaround could be the consideration of the actual voltage curve or an
approximation of higher order for the calculation of the integral in the
output equation (3.9):

T
x((k+DT)=eAT x(kT) + f AT Bu(kT 4+ 7)d T (4.57)
0

(cf. chapter 3.1.2). If the zero-order approximation is retained, it has to
be made sure that the mean average value of the model input quantity
actually matches the effective mean average value at the machine
terminals over a sampling period.

T T
R e e S I B e e e e T
. ' L i

Fig. 4.17 References and actual values of u,; (bottom) and uy (top) in field
orientated coordinates: with (left) and without (right) compensation

For a model in field orientated coordinates this can be achieved by a
feed-forward compensation of the transformation angle 4. The equation
(4.56) can be amended as follows

Vst (k) = Vs (k) + k,ws (k)T (4.58)

with the new transformation angle ;. The factor k. = 1.5 takes
additionally into account the dead time of one sampling period between
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calculation and output of the control variable. The figure 4.17 shows
reference and actual values of the stator voltage in field orientated
coordinates with and without the feed-forward compensation of the
transformation angle. The pulse width modulation was not simulated in
this case.

b) Discretization method

Discretization method and the used approximations decide essentially
the stability of the discrete model. This holds particularly when the
continuous system matrix contains complex or frequency dependent
eigenvalues. To get an opinion about the dimension of the influences and
model errors to be expected and also of the differences of the several
discretization methods, a series of simulations was carried out whose
results are represented in figure 4.18. All parameters of the continuous
model are regarded as time-invariant. The state controller with field
orientation, described in chapter 5.4, the flux model (4.55), (4.56), (4.58)
and a sampling time of 7 = 0.5ms form the basis of the system under
investigation. Because an unstable behavior of the system is recognizable
by increasing oscillations, the low-pass filtered norm of the current
difference vector of two successive sampling periods was chosen as a
performance criterion:

it —ig k=)
o="0 sT}

The criterion was recorded during a speed start-up at maximum
acceleration. The following methods were simulated (cf. chapter 3.1.2 and
the corresponding example in chapter 12.2):

1. Series expansion of the time-discrete system matrix @ with truncation

after the linear term (Euler discretization) (field coordinates).

2. Series expansion of @ with truncation after the quadratic term (field
coordinates).

3. Euler discretization in stator coordinates and then transformation into
field coordinates.

4. Discretization using substitute function in stator coordinates and

subsequent transformation into field coordinates.
. Discretization using substitute function in field coordinates.

6. Current controller in stator coordinates with integration part and
voltage limitation in field coordinates, discretization using substitute
function.

For methods 1 - 5 the complete current controller was realized in field

coordinates. It shall be emphasized that the simulation did not intend to
give any statements about control accuracy, current wave form and the

(4.59)

9]
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like, but exclusively aims at the investigation of the control system
stability.

The results show significant differences between the methods. It strikes
specifically that a stable operation up to the maximal theoretically
possible frequency following the Shannon theorem can be achieved, if the
method 5 is used. The method 1 allows a stable operation to just below a
stator frequency of 300Hz. This corresponds to the theoretical

stability limit of the Euler method with the condition | N +1YT | <1/T for

the eigenvalues 4; of the continuous system matrix (cf. chapter 3.1). Since
the chosen sampling time rather lies in the upper range of the usually
realized values, it is also confirmed that the bigger part of applications — in
terms of the implemented control structures — can already be covered with
Euler discretization in field orientated coordinates.

1.2

Q

0! h : A ) ! :
2000 4000 6000 ©,[s’]

Fig. 4.18 Stability of discretization methods

¢) Choice of the sampling time

The choice of the sampling time is one of the most complex problems
for the design of a digital control system. To an important part it is a
question of the required and available computer power and therefore the
hardware costs, in which an optimum is given, because on one hand a
minimization of sampling time requires a higher computer power, but on
the other hand increasing the sampling time causes the same effect because
of the required more sophisticated discretization algorithms.

From the control point of view, stability considerations play a decisive
role for the discretization of the continuous model. With regard to the
reproducibility of the continuous signals, the absolute lower limit of the
sampling frequency is defined by the Shannon theorem. However, for the
motor control the opposite case is significant as well: The production of a
continuous signal (voltage, current) from a sequence of discrete control
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signals (signal reconstruction). For the reconstruction of the continuous
signal f{f), using a simple D/A converter (zero order hold), the following
maximum amplitude error is obtained, provided steady differentiability of
f(©) (cf. [Astrom 1984]):

—max|f(k+1)—f(k)|<Tmaxw (4.60)
s : Tt dt '

eA,max

For a sinusoidal signal f(f)=asinwg the error results to

€ max <awT . As is easily to comprehend, the maximum amplitude error

is reduced for a continuous signal with assumed linear characteristic
between two sampling instants and reconstruction by the mean average
value, to half of the value for simple sampling at the sampling instants.
Further approaches for the choice of the sampling time can be obtained
from the demanded transient response of the closed control system. For a
quasi-continuous design, a value of 7' <(0.25...0.5)¢, is recommended in

[Astrom 1984] from the control response time. The relation between
sampling and response time is given for the dead-beat design by the
system structure. For a small response time the sampling time has to be
chosen as small as possible, which however, on other hand, increases the
control gain as well as the amplitude of the control variable, and increases
the sensitivity to high-frequency disturbances.

The use of fast pulse-width-modulated inverters with constant switching
frequency as control equipment yields another influencing factor: Because
of the necessary synchronicity between current control and voltage output,
the PWM frequency will be chosen as an integer multiple of the sampling
frequency of the current control, which yields values in the range of about
0.1 ... Ims.
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5 Dynamic current feedback control for fast
torque impression in drive systems

The current control loop plays a decisive role in a 3-phase drive system
operated with field orientation. The design of the superimposed
mechanical systems (speed and position control) wishes for an inner
current control loop with ideal behaviour: With undelayed impression
of the stator current. The assumption that the ideal current control can be
modeled by a dead time simplifies fundamentally the control design for
often weekly damped oscillating mechanical systems.

Besides the dead time behaviour, which could be achieved by a design
aimed at dead-beat response, the current controller also should ensure an
ideal decoupling between the field and torque forming components i , and
i, because the two components are strongly coupled with each other in
the field synchronous coordinate system. This problem was not solved
convincingly with the classic concept (fig. 1.4). From the view of the
modern control engineering the current process model of IM or PMSM
represents a multivariable process — a MIMO! process — which can be
mastered only by a multivariable controller. The multivariable controller
contains besides controllers in the main (direct) path also cross (decoupling)
controllers, so that the difficulties of the decoupling are solved automatically
with the controller design.

An important task of the controller design consists in considering a
number of implementation dependent issues in controller approach and
feedback. With conventional PI controllers such issues are usually
neglected.

e The delay of the control variable output of typically one sampling
period: The stator voltage calculated by the current controller can only
have an effect in the next sampling period.

e The technique of the actual-value measurement: After all, different
possibilities like instant value measuring (by ADC) or integrating
measuring (by VFC, resolver and incremental encoder) are considered.

! MIMO: Multi-Input — Multi-Output
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Like all control equipment, the inverter can realize only a limited
control variable because of the fixed DC-link voltage. To avoid possible
oscillations and wind-up effects caused by the implicit integrating part
after entering or leaving output limitation (at start-up, speed reversals,
magnetization, field weakening), the controller must have the ability to
take the limitation of control variables into account effectively.

After discussing the discrete system models in the former chapters, new
controllers will now be introduced with uniform and easily comprehensible
design and which fulfill all mentioned requirements. But before the
controller design is discussed a survey about the existing current control
methods shall be given.

5.1 Survey about existing current control methods

The interested reader will find an overview in abbreviated form also in
[Quang 1990]. Altogether, the known methods can generally be divided
into two groups: nonlinear and linear current controllers.
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Fig. 5.1 Stator current control with three separate hysteresis (bang-bang)
controllers

a) Nonlinear current control
Controllers of this group can show two- or three-point behaviour. A
special method is the intelligent predictive control which reacts to the
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stator current vector leaving a predefined tolerance circle with a pre-
calculated optimal firing pulse and therefore has also two-point behaviour.
The most simple version of a current controller with two-point behaviour
is to use three separate on-off controllers, refer to [Peak 1982], [Pfaff
1983], [Hofmann 1984], [Brod 1985], [Le-Huy 1986], [Malesani 1987]
and [Kazmierkowski 1988]. The principle is shown in the figure 5.1.
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Fig. 5.2 On-off controller for phase currents in vector representation: Components
of vector of current error (a), tolerance range of one phase (b) and tolerance
hexagon of all three phases (c)

The sinusoidal set points of the phase currents are obtained by
coordinate transformation from the field synchronous set points.
Depending on the sign of the current errors, the corresponding phase is
switched to ,,+* or ,.— potential of the DC-link voltage at exceeding of the
permitted error. This control variant stands out by the simplicity of its
technical realization and by its convincing dynamic properties, but the
following backdrops also have to be mentioned:

e The pulse frequency varies with changing fundamental frequency and
load which is particularly unwanted.

e With isolated motor star point the current error can reach the double of
the tolerance band.

e The control quality directly depends on analogous comparators which
are sensitive to offset and drift and could therefore lead to a slight pre-
magnetization of motor or transformer.

The figure 5.2a shows the reference vector of the stator current i: , the
actual vector i, and the error vector Ai. The phase current differences

are obtained by the projection of the error vector to the axes of the
corresponding phase windings. Upon the actual current vector leaving the
tolerance hexagon the comparators will become active.
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Fig. 5.3 Block structure of the drive system with inner current control loop using
two-point controllers in field synchronous coordinates

The figure 5.3 shows the realization of the control with two-point
behaviour in field synchronous coordinates (cf. [Pfaff 1983], [Nabae
1985], [Rodriguez 1987] and [Kazmierkowski 1988]). The current error is
calculated in field synchronous coordinates. The field angle provides the
necessary address to find, depending on the control errors, the fitting pre-
defined pulse patterns. The figure 5.4 explains this.
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Fig. 5.4 Definition of the switching hysteresis in two-point current controllers in
field synchronous coordinates
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The actual error vector Ai; and the position of the coordinate system
are shown in figure 5.4a. Following the definition in figure 5.4b the
controller behaviour can be summarized as follows:

ife; ,>6,,,thenu =U;,=1and

_Ud,q :0

The values 1 and 0 are the logical values which are assigned to the

€9

voltages +U, .. Index “x” can assume one of the values 0..7 and

xd,xq

iff':d’q S 6d,q’ then uxd,xq =

represents the standard voltage vector to be selected. The projection of
Aig = iz —i, to the axes dq like in the figure 5.4a yields:
€g >0, , thus u =1

g, >0, , thus u,, =1

Accordingly, a pulse pattern or a voltage vector has to be chosen whose
d and g components minimize these control errors. In the example of
figure 5.4 the choice u, follows immediately. The assignment

logical values and position of field synchronous coordinate system
— firing pulse

was determined off-line beforehand and then stored in table form in
EPROM. [Rodriguez 1987] shows concrete examples.

To control the stator currents, also controllers with three-point
behaviour may be used. In [Kazmierkowski 1988] details about this
approach can be found which is illustrated in the figure 5.5. In this method
the control errors &, and &g of the stator current are obtained by projection
of the error vector to the ¢ff axes of the stator-fixed coordinate system.
The way to choose the required pulse pattern is similar as in the figure 5.3.

Fig. 5.5 Three-point current controller in stator-fixed coordinate system
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Fig. 5.6 Three-point current controller in field synchronous coordinate system

[Kazmierkowski 1988] further introduced a structure with three-point
controllers in the field synchronous coordinate system as shown in the
figure 5.6. In principle this variant works exactly like the one in figure 5.3.
The only difference between both versions consists in aiming at a higher
precision by a finer division of the overall vector space (figure 5.7) into 24
sectors, combined with three-point behaviour. The EPROM table
containing the pulse patterns accordingly gets more extensive. In contrast,
Rodriguez keeps the six original sectors (figure 5.4).

qAB

Fig. 5.7 Division of the
vector space into 24
sectors
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The most intelligent version in the family of the nonlinear current
controllers is the predictive control (more in [Holtz 1983, 1985]). This
control reacts (figure 5.8) on the actual current vector leaving the
tolerance-circle by a predictive calculation of the following, optimized
voltage vector. Therefore, it also shows two-point behaviour. The method
can be used in field synchronous as well as in stator-fixed coordinates. The
principle block structure is shown in the figure 5.9.

4B

Fig. 5.8 Tolerance-circle of the predictive
» current controller

. [ Predictive
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Fig. 5.9 Block structure of the predictive current control

If the actual vector iy overlaps the tolerance-circle at the time 7, the
predictive controller must, using the information provided by the observer,
e calculate all possible trajectories of the current vector (figure 5.10a) for

each of the seven possible standard voltage vectors, and
¢ following a certain criterion determine the optimal voltage vector for the

chosen current trajectory.
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)Dug(k)

Fig. 5.10 Possible current trajectories on output of all possible standard voltage
vectors (a) and simplified equivalent circuit of the IM (b)

a

The trajectories can be calculated as follows:

" « di,
lS <t):ls (to)“‘i t:t()(t_to)
j (5.1
. . 1,
1 <l>:ls (ZO)—FE l:to(t_ZO)

In the equation (5.1) the currents i, (f,) andi () are known. The

numerical derivation of i, produces di, / dt , and for calculation of di /dlt
the following equation is used:

iy (k) _w, () —ug (=)

” 7 (5.2)
as
with:
Ie =0,1,..,7
u, (k) = one of the seven possible standard voltage vectors
u,(t=t,) = theinduced e.m.f. at instant t,
L, = leakage inductance on the stator side

The formula (5.2) follows from the figure 5.10b in which the stator
resistance is neglected. The induced e.m.f. is calculated by a machine
model in the observer. Depending on the chosen trajectory (k=0, 1, ..., 7)
the following error vector:

Aig (t,k) =1, (1) —i, (t,k) (5.3)
can be calculated. For a detailed derivation the interested reader is
referred to the mentioned literature. Here only the final equation (5.4),

which shows the different error trajectories (figure 5.10c) in dependency
on the chosen voltage vectors, is given.
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|Ais|2 (t,k)= |Ais|2 (t=t9)+a(t—1y)+a, (t—t0)2 (5.4)

The error trajectories have the form of a parabola. From the figures

5.10a and 5.10c it can be seen, that the firing pulses corresponding to the

voltage vectors u, and us; would increase the error, while all others would
decrease it.

“(t.k) A
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|ai,
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o S 3 current trajectories at
c JAtk=3) instant t;

N

But naturally only one of the five vectors ug;,36 can be used. The
choice is made according to one of the following criteria:

1. For slow change of current (stationary operation): In this case the actual
vector has to be kept within the tolerance circle as long as possible. In
addition, the number of necessary switchovers of the semiconductor
switches should be as small as possible. Therefore the following
criterion is appropriate:

At (k)

n(k)

2. For fast change of current (dynamic operation): This case produces

very fast changes of the set point vector i: , and it requires that the

actual vector i, follows the set point vector exactly and as fast as
possible. uy(k) will then be chosen according to the following criterion:

At (k)= min (5.6)

For the example in figure 5.10c, using the first criterion would result in

choosing vectors u; or us;, whereas the second criterion yields vector ug.

= max (5.9
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The predictive control is predominantly used in high power drives,
where the assumption of a negligible stator resistance is fulfilled widely
and where a very large rotor time constant allows the choice of a relatively
large sampling period, what is necessary because of the extensive required
calculations.

The disadvantage of all nonlinear current control methods consists in the
bad current impression in the area of inverter over-modulation, resulting in
a certain orientation error and corresponding torque deviation.

b) Linear current control

Relevant references for this method are [Mayer 1988], [Meshkat 1984],
[Rowan 1987] and [Seifert 1986]. The first classical version of linear
current controllers was the application of three or two separate PI-
controllers to independently control the phase currents (see fig. 5.11). The
sinusoidal output signals of the PI controllers would be forwarded to pulse
width modulators (PWM) and compared with a sawtooth-shaped pulse
sequence. The firing pulses are the immediate result of this comparison.

isd o isu /1 -
— = —>O—> > PWM |—
N ¢P .+ 3] .. A | -
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= dg\-5) 2 >0l o LAY ] o —
A 1
- Y
T (ﬂ{% PWM =
= in| i

Fig. 5.11 Phase current PI controllers with pulse width modulation

The pulse width modulation was for long time the most widely used
control method for inverters. Like all methods in stator-fixed coordinates,
the control method shown in the figure 5.11 has the tracking error as a
main disadvantage, because the PI controllers permanently have to work in
dynamic operation due to the sinusoidal current set points. It was shown by
[Rowan 1987] that an abrupt reduction of the PWM gain arises if the
inverter control goes close to the maximum voltage amplitude (transition
mode). This effect of the control variable limitation could not be taken into
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account effectively with this control method. An essential improvement
could be obtained by transforming the control algorithm into the field
synchronous coordinate system (figure 1.4) in which the variables to be
controlled represent DC quantities in stationary operation.

This control version is very widely applied and possesses the following
advantages:

1. The precision is considerably higher because the controller does not
have to work in dynamic operation, particularly the current phase
error can be controlled to zero.

2. The response near the transition mode is improved.

3. The decoupling of the current components is improved, and therefore
a higher accuracy of the field orientation is obtained.

This method however still has a number of disadvantages which shall be
mentioned here to motivate the development of improved algorithms in the
following chapters.

1. The response time (or the dynamics) of the control strongly depends
on the stator leakage time constant. Therefore, a nearly undelayed
current or torque impression as ideally required by the speed control
loop is hardly achievable.

2. The current components iy, and i, are strongly coupled to each other
in field synchronous coordinates. Can an adequate decoupling be
ensured?

3. Can the transfer characteristic of the current measuring technique
actually used (measurement of instantaneous values, integrating
measurement) be taken into account with this control concept
effectively to guarantee a wide application range?

4. Can the one-step delay of the control variable u,, calculated by PI
controllers, effectively be integrated into the control equations?

5. How does the controller react to the control variable limitation, and
can switching-off of the integral part (anti-reset wind up) be regarded
as a sufficient method in the PI controllers?

These questions will be answered in context with new designs of the
current controller in this chapter. However, it has already to be highlighted
that this variant represented a considerable progress to formerly applied
methods.

A last method shall be mentioned yet, being a mixture between a linear
and nonlinear regulation. This is the method introduced in [Enjeti 1988]
and [Zhang 1988] with current modulus and current phase control (fig.
5.12a). The current modulus and current phase control loops are designed
separately and have in principle linear characteristics. The decoupling of
the two quantities, however, is of nonlinear nature. The references and the
actual values are rectified and then compared with each other. The current
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deviation is supplied to a PI controller. The phase angles are determined
and compared with each other by phase detectors. The phase deviation has
the form of a time interval during which a counter counts. The output of
the A/D converter, following the PI modulus controller, and the output of
the phase counter then build the address word for the corresponding
switching pattern stored in a 64 Kbytes EPROM table.
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Fig. 5.12 Structure of the concept using current modulus and current phase control
(a): the modulus control loop (b) and the phase or frequency control loop (¢)

This control concept is mainly used in current source inverters with the
control system designed according to the signal diagrams shown in figure
5.12b,c (see [Enjeti 1988]).

¢) Closing remark to the overview

This chapter tried to give a summary of the known current control
methods. Where possible, the functional principle was outlined. In
connection with this, reference sources are included so that the possibility
for background investigation is always ensured.
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Because of the wide variety of the known methods deviations to the
originals are conceivable. The aim of this summary was not to deliver a
complete analysis about all methods, but rather to give a stimulus for own
study.

5.2 Environmental conditions, closed loop transfer
function and control approach

The consideration of all environmental conditions is one of the most
important tasks of the controller design. Before the controller approach
itself is developed these conditions shall be discussed here. In addition, the
final closed loop behaviour to be achieved shall also be outlined.

a) Environmental conditions

The first condition to be considered is the applied technique for
capturing the actual-values of current and speed. Basically, two main
techniques exist: The measurement of instantaneous values using A/D
converters, and the integrating measurement using V/f converters for the
current and incremental encoder or resolver for the speed. The difficulties
connected to this were discussed extensively in the chapter 4, but how they
influence the controller design will be subject of this chapter 5.

The second environmental condition is the one-step delayed output of
the control variable u; of the current controller. This delay must be taken
into account in the controller approach.

The rotor flux of the IM is, in comparison to other electrical quantities, a
slowly changing variable. The pole flux of the PMSM is constant.
Therefore the fluxes can be looked at as disturbance variables and shall be
accounted for in the controller approach separately.

¢) Closed loop response

The closed loop response is the intended transfer behaviour of the
controlled system. In the case of the stator current controller, it is
characterized by the following properties:

1. The step rise time, characterizing the control dynamics, and

2. the decoupling between the components in steady-state and dynamic

operation.

The ideal dynamic behaviour can be achieved by the so-called dead beat
response which means that the actual value will match the reference value
after one sampling period, or, if the one-step delay of the control output is
taken into account, after two sampling periods. Considering that for some
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systems working with very short sampling times (e.g. T = 100us) this rise
time of 2x100us would be too small from the viewpoint of the required
energy to drive the current, a rise time of 3x100us or 4x100us (meaning
after three or four periods) could be more useful in these cases. The
dynamics does not become worse because a rise time of 300us or 400us
(still much smaller then 1ms) can only be wished for with conventional PI
controllers. To be able to express the demanded behaviour in general terms
we start from a closed loop response with » sampling periods (figure 5.13)
for the SISO process.

A
s(?)
1 .
Set point
1(?)

Response Fig. 5.13 Set point
signal and its response
of a SISO process

L controlled with dead-
et —t—t - ;
ﬂo 1 9 8 4 e 7l 1 mtl beat behaviour

The discrete control by means of micro computer allows for an exact
tracking of the actual value so that it can reach the set point after »
sampling periods exactly and without overshots. Such a controller is
conceived, as well known, for finite adjustment time (FAT response).
Considering the one-step delay of the control variable the FAT will then be
exact (nt+1) periods. Therefore, the approach for the output signal can be
written in the z domain as follows (figure 5.13):

Cy = 0
; = . k—1
i(z)=> ¢, z" with {c..c,=¢; = (k=1..n) (5.7
v=0 n
Cpi] =Cpyp =-.=Cy =1
With z < 1 it can be obtained:
), _
i(z)="—=+> (5.8)
l—z v=1 N
If a step change of the set point
s(z)=—— (5.9)
11—z~

is considered as characteristical excitation signal the general transfer
function is obtained as:
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n —_—
i(Z): Zf(n+1) +(1_Z—1)ZV IZ—I/
n
for the controlled SISO process with FAT response (figure 5.13).
The closed loop response of the vectorial stator current control is obtained

from equation (5.10) to:

i (z):

The closed loop response (5.11) means,

1. that the dynamic as well as the static decoupling between the current
components i, and i, will be guaranteed, because the transfer matrix
is the unity matrix or a diagonal matrix respectively, and

2. that the FAT response with FAT = (n+1) sampling periods will result
for the decoupled current components.

It will be shown later that a FAT response with a higher step number is
always connected with a complete change of the controller structure or
with an increased computing time. It is therefore impractical to increase
the number of steps exaggeratedly. The investigation has shown that a
FAT response with FAT = 2, 3 or 4 periods, referring to the computation
effort which must be handled during a very short sampling period (e.g.
100...200us), would be realistic and practicable. Therefore, only controller
designs for these three cases are offered later on. The reference transfer
functions or the closed loop response are obtained as follows for:

s(z) (5.10)

v=1

—(n+1) +(1_Z—1>Z”:V_—12

v=l N

i(z) (5.11)

1. n=1: FAT = n+1 = 2 (dead beat behaviour)

i,(z)=2"1i,(z) (5.12)
2.n=2: FAT=n+1=3

: | R

1S<Z):5(Z 24z 3)1S(z) (5.13)
3.n=3: FAT=n+1=4

i (2) —%(22 +27 27 iy (2) (5.14)

¢) Controller approach

It was tried in the subchapter 3.5 to agree on a common representation
for the current control processes for IM and PMSM, resulting in the
general process models (3.86) or (3.87) and the block structure in the
figure 3.16. The equations represent the control process both in the field
synchronous and in the stator fixed coordinate system. They are repeated
here in favor of a better overview.
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is(k—i—l):<I>is(k)+Hus(k)+h1b(k) (5.15)
In z domain:
zig(z)=®i;(z)+ Hu, (z) + h(z) (5.16)

Using these equations the controller design shall be carried out first in
general and then applied for concrete cases. Under the assumption that y is
the actual controller output quantity the following general controller
approach arises.

u, (k)= H' [y(k—l)—hlb(k)] or

u, (k+1)=H"'[y(k)—h{(k +1)
The term y(k-1) takes into account by the time shift (k-1), that in the

current calculation the value of the controller output quantity y calculated
in the period before is used. With that the one-step delayed output of the

control variable is included in the approach. The 2nd term with —h'lb(k)

(5.17)

compensates the flux dependent part. After inserting equation (5.17) into
the equation (5.15) this immediately becomes recognizable, and the
compensated general current process model (5.18) arises for the IM as well
as the PMSM:

i (k+1)=®i (k)+y(k—1) (5.18)
In the z domain the following equation holds:
[z1-®]i,(z)=z""y(z) (5.19)

The figure 5.14 illustrates the compensated current process model which
serves as a starting point subsequently for all controller designs. In the
following the methodical procedure will always be to address the general
design first. After that the design will be specified to the concrete case: IM
or PMSM, in field synchronous or in stator fixed coordinates. For this
purpose the designs are always represented both in the form of equations
and by circuit diagrams so that programming will be made easier.
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Fig. 5.14 General compensated current process model of the IM and PMSM
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5.3 Design of a current vector controller with dead-beat
behaviour

The designs in this chapter were introduced repeatedly in different
papers [Quang 1991, 1993 and 1996].

5.3.1 Design of a current vector controller with dead-beat
behaviour with instantaneous value measurement of the
current actual-values

The figure 5.15 shows the principle block structure of the current vector
controller with instantaneous value measurement for the example of the
measuring strategy in figure 4.1. The controller equation is for this case:

¥(2) =Ry fi} (2) i, (2)] (5.20)

i, (z) =Reference or set point vector of the current

After substituting equation (5.20) into the equation (5.19) the following
transfer function of the current controlled IM or PMSM can be obtained:

i (z):z*[zl—‘ﬁﬂ*lRI}*lRl ir(z) (5.21)

The approach (5.12) is valid for the closed loop response and
respectively for the reference transfer function. The equation (5.12) will be
identical with (5.21), if the following equation holds for R;:

~1
R =122 (5.22)
-z
The transfer function (5.12) illustrates by the diagonal matrix whose
elements are z” a both statically and dynamically good decoupling
between the current components. The controller Ry (5.22) in figure 5.15
shows that a decoupling network in the classical presentation (figure 1.4)

can be abandoned.
]
h

is(k+1)

P(k+1)

J (From flux model)

. - u,(k)
H' z'1

y(k) : L

Controller side ! Motor side

Fig. 5.15 Block structure of the current vector controller for IM or PMSM
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With the current control error:

x,,(z) =1, (z) —i,(2) (5.23)
it will be obtained:
y<z) =R;x, <Z) (5.24)

In the time domain the following controller equation results from
equation (5.22):

y(k):xw(k)—éxw(k—l)—i-y(k—Z) (5.25)

After inserting equation (5.25) into the equation (5.17) the control

variable and respectively the stator voltage, which must be applied on the
motor by the vector modulation, is obtained.

u, (k+1)=H'x, (k)= @x,, (k1) +y(k—2) = hib(k +1)| (5.26)

With the equation (5.26) the design is complete. Two notes, however,
are still necessary here.

1. The estimated rotor flux E)(k +1) (by equations 3.51, 3.55; in detail

cf. subchapter 4.4) is used to compensate its disturbance effect. It is
constant in the constant flux area and perhaps can be neglected in the
practical implementation. The implicit I part in the controller is able
to compensate for the missing flux compensation. However, the
slowly variable flux in the field weakening area is exposed to
permanent changes. It is therefore more advantageous to include the
compensation into the equation (5.26).

2. The voltage or the control variable u; will be calculated by processing
the equation (5.26) always one sampling period ahead. With that the
delay of the control variable u; by one sampling period is taken into
account.

a) Use of the controller for the IM in field synchronous coordinates

To be able to use the design (5.22) and respectively the equation (5.26),
the following matrix elements must be replaced corresponding to the
models derived in chapter 3:

& by &/, H by H/ and h by
From equation (3.54) it will be obtained:

Ti1 1—
(I) (I) 1—— F—FTU wST
: 11 12 o\ r
(I)lfl — & o }— (5.27)
12 11 T|1 -0
—w, T l-——|—4+—
o7, T,
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l—-cT 1-0
P P o T o T
@1/;: 13 14| _ r (5.28)
b, P _l—awT -0 T
o o T,
T
h 0 L 0
- o
T LT N L (5.29)
0o —
oL,

If the matrix elements from (5.27), (5.28) and (5.29) are used in the
equation (5.26) now, the following controller equations will be obtained
considering that the cross component ), of the rotor flux is zero because

of an exact field orientation:

g (k1) =y [, (6) = @y 3, (= 1) = Dy x,,, (K —1)
+yq(k=2)- ‘I’13¢/d(k+1)]

gy (1) = Iy [y () + @1 3, (k= 1) = @y, (K1)

g (k= 2) + @yl (k +1)|

Because of the necessary storage of the temporary variable y through
several sampling periods a direct programming of the equation (5.30) is
impractical. The following sequence is more advantageous:

1. Calculation of the vector y(k) using (5.25):

Va (k)= %0 () = Py Xy (k= 1) = Py x, (k= 1)+ 34 (k- 2)
Vg (k):qu (k)4 @y x,q (k—1)— ), X g (k—l)—i—yq (k—2)
(5.31)

(5.30)

2. Then calculation of the stator voltage using (5.17):
s (k+1)= hyy' [J/d (k) =13 ¢y (K + 1)}

uy, (k+1)=h! [yq (k) + Pyl (K +1)]

Now the equations (5.31) and (5.32) can be used for programming
provided that the axis-related deviations x4 x., and the accumulated
quantity y still must be corrected at stator voltage limitation to avoid
instabilities. The subchapter 5.5 will deal with the problem of the control
variable limitation later in detail.

(5.32)
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b) Use of the controller for the IM in stator-fixed coordinates
@, H and h are replaced by ®/';, H} and ®, from the equation (3.50):

T(1 1-0
ST T 0
@ 0 o ;
<I>1°1=\ 61 o }: ’ (5.33)
11 0 1—1 i_l_l—a
olTl, T,
. . l—a% l—JwT
. o - (o
<I>1°2—[ F e (5.34)
—*14 13 _UwT —o 1
o o 1,
T oy
f_\hu o]_ oL, (5.35)
0 hy 0 T
oL

If the matrix elements of (5.33), (5.34) and (5.35) are inserted into the
equation (5.26), then the following voltage components in ¢f coordinates
will be obtained.

o (k+1)= Iy [x,0 (k) = @y x, (K= 1)+ y, (k—2)
— P13y (k+1) =@y ¢r/ﬁ (k +1)}
g (k1) = Iy 5 (k) = @1y x5 (k= 1)+ 5 (k= 2)

U (k1) =y 0 (k1)

The next steps are again useful to support programming;:

(5.36)

1. Calculation of the vector y(k) according to (5.25):
Ya (k): Ko <k>_q)11xwa (k_1>+y(1 (k_2>
Y (k) = x5 (k) = @y x5 (k = 1)+ 35 (k = 2)
2. Then the calculation of the voltage using (5.17):
ug, (k+1)= hi' Ve (k) —P3 Ul (k+1) -y, @ﬁlﬂ (k+ 1)}

gy (k1) =y [J’ﬂ (k) + Dy 9y (k+1) =Dy )5 (k + 1)]

(5.37)

(5.38)
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¢) Use of the controller for the PMSM in field synchronous coordinates
Instead of ®, H and h, the matrices (I’SfM, H{;M and h from equations
(3.71) and (3.72) are used for the PMSM:

L.
o, @ I_Ti C‘J‘*TLi
(I)é‘M |1 2] sd sd (5.39)
Ty Py TLA_‘d 1_i
S
Ly, Ty
T
w0l |z, 0 0
. | _| “h=| wT|= (5.40)
M0k T - h
22 0 _t L 2
L 5

After replacing the matrix elements of (5.39), (5.40), the dg components
of the stator voltage result to:

g (k1) = 5 [, (B) = @1y 3, (k= 1) = @y 3, (= 1)+ 3 (k= 2)]
gy (k1) = 1oy 3, () = By, (k= 1) = @y 3, (K =1) 4y, (k= 2) = Iy 0, |
(5.41)

and the following programming equations will be obtained:

1. y(k) is calculated by using (5.25):
[yd(k):xwd (k)= @)y x, (k=1) =15 x,,,, (k= 1)+ y, (k —2)

Yy (k) = Xyg (k) — Dy x4 (k — 1) =Dy Xy (k — 1) +, (k — 2)
2. then the voltage calculation using (5.17) follows:

ugy (k+1)=hy'y, (k)
g, (k+1)= hyy [yq (k)— h, q/;p]

(5.42)

(5.43)

5.3.2 Design of a current vector controller with dead-beat
behaviour for integrating measurement of the current
actual-values

In principle the process equations (5.18) and (5.19) are only valid for
processes with instantaneous value measurement of the current values. In
case of an integrating measurement (cf. subchapter 4.1) the measuring
equipment is modeled by using the averaging function:
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il (k)= %[is (k) +i, (k—1)] (5.44)

raised index M: average value

and the result iéw (k) is available for the control as actual value of the

stator current. The final process equation in case of integrating
measurement results from (5.44) by using (5.18):

i (k+1)=®i) (k)+%[y(k—1)+y(k—2)] (5.45)
and in the z domain:
[21-®)iM ()= %[z_l +272]y(2) (5.46)

B(k+1)

(From flux model)

Eq. (5_44)|4—| Eq. (4.1)
(k) i () —

Fig. 5.16 Block structure of the current vector controller for IM or PMSM with
integrating measurement

The controller equation starts from:
¥(2)=Ry i} (2) =i (2) (5.47)

After eliminating y(z) in (5.46) and (5.47) we obtain the transfer
function:

1

1
iM(z)= E(Z_l +27°) R, i;(z) (5.48)

zI—@—i—%(z_l —i—z_z)RI]

The approach for the closed loop response and respectively the
reference transfer function is:

. 1/ _ 3\ .
li\/[ (Z>:E(Z 24z 3)1S <z) (5.49)
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This is equivalent to a dead beat response. The equations (5.48) and
(5.49) are identical, if the following controller is chosen:

-1
R—— 122 (5.50)
l—l(z_2 + 2_3)
2
The equation (5.50) looks as follows in the time domain:
1
y(k)= xw(k)—<I>xW(k—1)+5[y(k—2)+y(k—3)]

x, (6)=1 (k) (k)

N

(5.51)

The derivation of the equations for the controller application in figure
5.16 can similarly be carried out — for the cases IM or PMSM, in field
synchronous or stator fixed coordinates — like in the subchapter 5.3.1. For
the problem of the control variable limitation it is again referred to the
subchapter 5.5.

5.3.3 Design of a current vector controller with finite
adjustment time

The controllers introduced in this chapter are derived like in chapter
5.3.1 from the common theoretical approach (5.11) for the closed loop
response.

It was shown repeatedly in the literature references mentioned at the
beginning of the subchapter 5.3 that the fastest dynamics can be achieved
by a dead beat design. This approach provides a virtually undelayed torque
impression which is particularly advantageous for the conception of
superimposed control loops for mechanical systems (speed, position). Step
response times of under 1 ms were reached. The application of fast
microprocessors  (digital signal processors, high performance
microcontrollers) and the tendency toward higher pulse frequencies (10-
kHz and more) however result in yet faster sampling of the current control
(T = 100...200 ps). If the current control was prepared for dead beat
behaviour, the inverter could not produce the voltage over time areas
necessary to drive the required current step amplitudes (at dynamic
processes like magnetization, start up or speed reversal) within the very
short demanded rise times of 2x100us ... 2x200us = 200...400us. This is
extremely critical for inverters with small control reserve (low DC link
voltage). It becomes critical as well if the drive is operated at the voltage
limit and dynamic processes (e.g. speed reversal out of the field weakening
range) take place simultaneously. Preferably, at these small sampling times
and with fast processors like DSP's the current control is not adjusted to
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dead beat response any more, but to FAT behaviour with more than 2 steps
response time. As indicated in the section 5.2 it would be realistic to
realize the FAT behaviour with 3 or 4 sampling steps.

For instantaneous value measuring of the stator currents the transfer
function (5.21) results for the current-controlled IM in dg coordinates. The
reference transfer functions for the recommended step number are given in
(5.13) and (5.14). The equation (5.21) is identical with either (5.13) or
(5.14), if for:

1. n=2 (FAT = n+1 = 3) the following controller:

R, :l(lﬂl)[l_zﬂ,and (5.52)

2 L2 3
1— 5 (z +z )
2. n=3 (FAT = n+1 = 4) the following controller:
(1 +z 1+ 272)[1 — zfl<I>]

I (5.53)

1
3 1— l(272 +z273 4 274)
3

is valid. The controller designs (5.52) and (5.53) can be used —
regarding the available processing capacity — almost without problems by
application of digital signal processors with a sampling period of 100 us,
including necessary functions like the vector modulation, the coordinate
transformation, the flux model or flux observer and the feedback value
processing. The outlined design was carried out assuming an instantaneous
value measurement of the stator current.

The current driving voltage over time area is — in comparison with the
dead beat design — the same, but distributed over several steps. With that
the control voltage u_ rarely goes into the limitation. This property is seen
as an important advantage, especially for inverters with small control
reserve (low DC voltage). This also takes effect particularly if the inverter
is operated at the limits of the control reserve (e.g. in the field weakening
area or at full load). The system stability is fundamentally improved while
entering into and recovering from limitation.
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5.4 Design of a current state space controller with dead
beat behaviour

The main advantage of the current vector regulators introduced in the
chapters 5.3.1 and 5.3.3 is primarily the practically proven ruggedness
when applied to machines whose data are known only inaccurately or
calculated only from the name plate. This chapter on the other hand
introduces a design in the state space which can produce superior qualities
with respect to smooth running and dynamical or decoupling behaviour at
higher stator frequencies if exact machine data are available. This allows
the particularly advantageous use of the new controller, called the current
state controller from now on (figure 5.17), in precision drives.

P(k+1) : (k)
(From flux model) i
h i h
- _ ! i(k+1
i‘;(k) y(k} " U, (k) B
v ' H ' 1 : H 21
i
- |
i P
Controller side } Motor side
K
i,(k)

Fig. 5.17 Block structure of the current state controller with pre-filter matrix V
and feedback matrix K

The design starts out as usual from the general approach (5.17) and from
the compensated process model (5.18) or (5.19). The controller equation
can be written in the z domain as:

y(z)= Vi, (z)—Ki,(z) (5.54)

The equation of the closed loop system is obtained after inserting the
equation (5.54) into (5.19):

21— (@K fiy (z)= 2V (2) (5.55)

Using equation (5.55), the state controller can be designed now, and
it has to be noticed that
1. the feedback matrix K changes the pole positions of the closed loop
system, and is therefore decisive for dynamics and stability. With
that, different design strategies, such as the design
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¢ on dead beat behaviour or
e on well damped characteristic, can be derived, and
2. the pre-filter matrix V serves the adjustment of the demanded
working point, and therefore is responsible for the stationary transfer
characteristic.
This means with respect to the decoupling between the torque and flux
forming current components that K determines the dynamic and V the
static decoupling properties.

5.4.1 Feedback matrix K

By using (5.55) the characteristic equation of the closed loop system is:
det|z1 (@~ z*lK)} —0 (5.56)

The polynomial on the left side of (5.56) has the following general
form:

det

zI— ( —z_lK)} Zaz (5.57)

The system has two poles. To achleve dead beat behaviour, both poles
must be located (see e.g. Follinger [1982]) in the coordinate origin. This
means that

a;=0 for i=2; a, =1

Following the Cayley-Hamilton theorem (cf. Follinger [1982], Isermann
[1987]) the matrix (P — z7'K) fulfils its own characteristic equation.
From that, we obtain:

[<I>—271Kr —0 or [<I>—271K}:0 (5.58)
and then:
K=:® (5.59)

Two remarks shall follow to interpret this result:

1. The equation (5.59) contains a z operator, which means that a
prediction (one sampling period in advance) of the actual-value of the
stator current is necessary.

2. The dead beat behaviour would cause large control amplitudes (as
explained in the subchapter 5.3.3) at set point steps, and from this,
strong control movements for stochastically disturbed control
variables. Therefore the design (5.59) could have an unfavourable
effect for inverters with small control reserve (low DC link voltage).
A FAT behaviour according to the subchapter 5.3.3 would be sensible
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and useful. The application of this reference transfer function in the
state space, however, is not possible. A behaviour prepared for a good
damping is, on the other hand, practicable. The poles then should not
be assigned directly in the coordinate origin but in its near vicinity.

det|z1 (@~ 27 'K||=(z =) with 5 =0 (5.60)
From (5.60) it will be obtained:
K:z[q)—zll] (5.61)

For practical realization it suffices to determine the satisfactory behaviour
by varying z, experimentally without having to exaggerate the theory here
further.

5.4.2 Pre-filter matrix V

A stationary exact transfer characteristic and good decoupling between
the two current components can be expected if the following is valid:

i, (k+1)=i, (k)=i (k) fir k— o0
or:
is(z):iz(z) fir z—1
It follows from (5.55):
V=I-[®-K]| (5.62)

After using the matrix K like (5.59) or (5.61) it will be obtained:
1. For the dead beat behaviour:

vV=I (5.63)
2. For the design with good damping;:
V=(1-z)I (5.64)

With K and V calculated by equations (5.59) and (5.63) or (5.61) and
(5.64) we obtain from (5.55) the following transfer function of the
controlled process:

1. For the dead beat behaviour:

i,(z)=z"7i,(z) (5.65)
2. For the design with good damping;:

. l—2z .«

iy (2) = :Z ir(z) (5.66)

The two state space designs point to a good dynamic decoupling judging
from their diagonal transfer matrices. In contrast to the current vector
controller (cf. subchapter 5.3) however, a stationary error has always to be
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expected because of the missing integral term. This stationary error, partly
caused by the first order approximation of the discrete state models and
partly caused by parameter deviations, shall be eliminated by introducing
an additional integral term. Because the current components are
dynamically and statically decoupled by the controller design with K and
V, the elimination of the stationary error or deviation can be realized
separately for every single current component. Therefore the control
structure is extended by two additional integral controllers (figure 5.18).

B(k+1) b (k)

(From flux model)

Controller side

Fig. 5.18 Current state space control with two additional integral controllers

The equation of the additional integral controller R, will be:
(1= )yi(2) =¥, Qi (2) or

yi(k)=V; Aig (k)+y; (k1)
V;  Controller gain
Ai, Stationary current error

(5.67)

y¥;  Output variable of the integral controller
The controller output variables y, have the task to eliminate the
stationary errors Ai_ of the stator current. y, and Ai_ also fulfill the process
equations (5.18) and (5.19):
[zI—®]Ai (z)= 7y (z) or
Ay (k+1)=®Ai (k) +y; (k1)
Since an effective decoupling between the current components is
already ensured by the basic structure of the current state space control, the

equations (5.67) and (5.68) can be re-written in component notation as
follows:

(5.68)
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v
Controller -y, , (z)= %Aisd,q (2)
2_2 | (5.69)
Process:  Aiy ., (z)= Wy]d,q (2)
— P

The equation (5.69) is substituted into the closed loop transfer function
to calculate the gain factors V, ” which are usually chosen identical.
Because these factors correspond to the ratio 7/7, (7, is in comparison
with the sampling time 7 a very big integration time), it suffices in the
practice to choose for these factors after the normalizing (about
normalizing: subchapter 12.1) a value of approx. 0.05 ... 0.25.

An even better choice would be to feed the integral controller with the
current feedback not directly but through a model of the closed loop
control system. This would prevent the controller from being invoked at
every set point change.

The reader's attention was already drawn to the z operator in equations
(5.59), (5.61). The z operator requires a prediction of the stator current.
With the actually realized stator voltage, the estimated rotor flux and the
measured stator current this prediction can be simply carried out according
to the equation (3.74).

i (k+1)= @i, (k)+Hu, (k) +h$(k) (5.70)
The equation (5.70) has to be adapted to the usage of IM or PMSM and

in which coordinate system the motor will be controlled. The complete
structure of the current state space control is represented in the figure 5.19.

Bk +1)

(From flux model)

Fig. 5.19 Detailed block structure of the current state space controller for the IM
and PMSM

! Caution: Instead of @, ®@,, is used for g axis in the case PMSM

1
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5.5 Treatment of the limitation of control variables

Generally, the control variable or the stator voltage is limited by the DC
link voltage. At uncertain time, e.g. because of a dynamic transient, the
current controller requires excessive amplitudes of the control variable
which, however, cannot be provided by the inverter. So the control
variable hits its maximum consuming all available control reserve. After
the current has reached its reference the control variable still stays on its
maximum until the integral part has decayed. In this process, oscillations
or vibrations of the controlled variable around limitation may develop.

The described process is known and understandable. It is also known
that these difficulties can be normally solved by switching off the integral
part (anti-reset windup) once the control variable goes into the limitation.
Regarding the new current controllers this strategy could be applied for the
additional integral parts of the current state space controller because these
parts do obviously exist separately. What would, however, happen with the
current vector controllers? The integral part is here not recognizable as part
of the design in its own right. Furthermore, being a rather empirical
method, turning-off the integrating part does not fit into a fully consistent
design and leaves a number of open questions as to the optimal instants to
disable and re-enable integration. A better and consistent solution can be
provided by reverse-correction of the control deviation (cf. Schonfeld
[1985]) which is elaborated on further in this chapter.

q p

Ju|
° lmax

2U,./3

Fig. 5.20 Limitation of control variable: (a) Voltage vector u_with arbitrary phase
angle %, and (b) the maximum modulation ratio |u, |max of inverter



Treatment of the limitation of control variables 173

Instead of measuring the stator voltage to detect when entering
limitation, the stator voltage can be limited intentionally to the maximum
modulation ratio.

From the chapter 2 is known, that the maximum usable stator voltage
lies within a hexagon (fig. 5.20) and furthermore, that only the limitation
of the amplitude of the voltage vector is of importance. However, the
stator voltage actually exists in components, u,; and u,, or uy, und u, That
means:

The voltage limitation must be split into components as well.
Suitable methods for this have to be worked out for the chosen
coordinate system.

The voltage limitation itself is completed with its splitting into
components. But as mentioned above:

A reverse correction strategy, which prevents the vibrations or
oscillations caused by the implicitly existing integral part, must be
worked out.

The figure 5.20a has pointed to the possibilities of setting the limitation
boundaries on the inner circle touched by the hexagon or on the outer
hexagon. The limitation most simply works with the circle, but a loss of
control reserve (the area between hexagon and circle) would be the result.
The phase angle 2}, of the stator voltage then is:

Hsq.

v, =V, + arctan[ (5.71)

Usq

With the help of (5.71) and fig. 5.20b the maximum amplitude of the
voltage vector or the maximum modulation ratio (at normalization with
2Up/3) depending on the phase angle can be found as:

3 1

N (5.72)
v+ ”]
3

The limitation on the outer hexagon according to (5.72) yields the best
actuator utilization with respect to deliverable control voltage, however,
causes an additional third harmonic in the current. This is unwanted in the
stationary operation where the field and torque forming components
represent DC quantities. It is therefore recommended for high-quality
servo drives to limit on the inner circle. The maximum modulation
ratio then is:

|lls |max
Sin

I After normalizing with 2Up/3 the voltage is formulated as modulation ratio
here; the angle vy is defined in fig. 5.20b.
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3 (5.73)

o
max 2

In principle the limitation can be implemented on one of the three

following levels (fig. 5.21).

1. Level of dq components: This is the mostly applied, most effective

variant for the limitation. The decoupling between the dg axes or
between torque formation and magnetization can be ensured largely
with a correct splitting strategy (cf. chapter 5.5.1).

2. Level of off components: The application of this variant is only
possible if the torque impression is implemented using a current
controller in the stator-fixed coordinate system. Unfortunately, the
decoupling between torque formation and magnetization cannot be
ensured any more.

3. Level of switching times: This variant is rarely used. The decoupling
is not ensured any more. For low-quality drives, where
microprocessor power (for splitting and reverse correction) is missing
and/or slow semiconductor components are used, the use of this

variant could be interesting.
The following chapters only deal with the limitation at the level
dg coordinate system.

Vector + -
modulation

Usa | L | o L o
N T

i i 1 ——
Usq | dq Ugp ! - | | twi - 3~

i i ioul vlw

1 1 ]

: : :

1 3? 1 1

1 1 1

| : :

Field Stator-fixed Time

coordinates coordinates level M

Fig. 5.21 Possible levels for the realization of the control variable limitation

5.5.1 Splitting strategy at voltage limitation

of the

Geometrically the voltage limitation is equivalent to shortening the
voltage amplitude. For non-reactive loads, i.e. current and voltage have the
same sign, the current gets smaller at reduced voltage. For reactive,



Treatment of the limitation of control variables 175

inductive/capacitive or mixed (ohmic-inductive, ohmic-capacitive) loads —
i.e. current and voltage can have different signs — a voltage shortening
would be able to cause the current to increase and duly cause the system to
become instable. It is known that u , and i , as well as u, and i, very often
have different signs which indicate the operating state (motor, generator)
of the system.
These introductory words make already clear that a splitting
strategy, which ensures the system stability, must be able to
recognize priorities for the coordinate axes depending on the
operating state and then perform the limit splitting according to
the geometric possibilities.

a) Geometric possibilities for limitation

From geometrical point of view and depending on whether the outer
hexagon or the inner circle is chosen as the limitation curve, one of the
three following possibilities (cf. figure 5.22) can be used for the splitting:

1. u_,is cut down, u, will be kept or has priority:

Ugyy = SIgN (usd) \, |us |i1ax o uszq > Uggr = Ugq (574)

2.u, and u, are truncated in the same proportion (called: the phase
correct limitation):

2

_ |us|max . 5.75
Usgy = Usq 2 2 ( . )
Usq + usq
3. U, is cut down, u_, will be kept or has priority:
. s 2 2
Uggy =Ugg 5 Uggy = szgn(usq) |us|max — Uy (5.76)

p

-

Fig. 5.22 Geometric
possibilities for
limitation splitting: (1)
only d component, or (2)
d and g component in the
same proportion, or (3)

Ol only ¢ component will
be truncated
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The figure 5.22 clarifies that with the inner circle as limitation curve the
value of the maximum modulation ratio |us|maX is always given according

to (5.73). Unlike this, [u |

values (cf. fig. 5.22) for the same reference voltage vector, whose complex
calculation cannot be handled by every microprocessor and therefore is
rarely used. For this reason the limitation on the hexagon will not be
further followed here.

The equations (5.74) and (5.76) point to the possible case in which even

the component with priority can exceed the value of |uS |max . In this case

using the outer hexagon can adopt different

the component with priority must also be shortened.

b) Splitting strategy by [Quang 1994]
The strategy starts out from an analysis of the possible operating states
of the electrical machine.

Asynchronous drive using IM
In stationary operation the following system of equations is valid for the
stator voltage:

lusd = Rs lyg =W O Ls lsq

. . (5.77)
Uy =Ryl +wg Liigy

The operating states which lead to the voltage limitation are always
connected to higher frequencies so that resistive voltage drops are
negligible in the equation (5.77). Therefore they can be reduced to:

[usd ~—w, o Lgig,

. (5.78)
Wy Ls Ly

U,
The equation (5.78) obviously points to a static coupling between d and

q axes and implies that in the area of higher frequencies (where limitations

often take place) the components u_, and u, usually have to provide the

greater part for overcoming this coupling than for keeping its own current
component. The following facts can be stated in evaluation of equation

(5.78):

e The field forming current i , always has positive sign in stationary
operation. (Remark: The field forming current i , could accept negative
sign only for feedback-controlled flux for a short time).

® The product m,Xx@, or I, X0, is always positive in motor operation. l.e.
i,, and @, always have the same sign. This means, that:
= u, <0, oru and i have different signs, and
= u,, and i have the same sign.
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e The product m,X@, or isqxa)s is always negative in generator operation.
Le. i and @, always have different signs. This means, that:
= u_>0,o0ru and i  have the same sign, and
=u, and i have different signs.
The above short analysis says, that:
e In motor operation the component #_, and
* in generator operation the component
will get priority. If the priority component already exceeds the value
|ts|max, SO approx. 95% of |uy|m.x shall be assigned to this component.

Synchronous drive using PMSM
The following relation will be arrived at for the synchronous drive in
stationary operation similar to the case of the asynchronous drive:

Usg = Rs isd — Wy qu isq
. .Y (5.79)
Usg = Rs lsq +wy Lsd Lsa +_P
sd
or
Ugy R —Wy qu isq
o (5.80)
Ugg = Wy Lxd lg + £
'sd

In the two above equations, the term (isd +, /Lsd), in which the

current i, assumes the value zero in the basic operation range and negative
values only in the field weakening range, represents the substitute
magnetization current with always positive values. The equation (5.80) can
be interpreted now similarly to (5.78) of the IM so that the following
conclusions can be drawn:
o The product m X, or I, X0, is always positive in motor operation. i , s

either zero or negative. This means, that:

= u,<0,oru and i have the same sign, and

=u, and i, have the same sign.
* The product m, X, or I, X@, is always negative in generator operation.

i ,1s either zero or negative. This means, that:

=u_>0,oruand i have different signs, and

=>u, and i have different signs.

The analysis has shown the clear difference between the IM and the
PMSM: While in the motor operation with the IM the component u_, shall
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get the priority obviously, the priority must be assigned to none of the axis
voltages in the case PMSM.

The generator operation with PMSM seems to be more problematic than
with IM because both couples u_,, i , and U, 5 i have different signs. Also
this case can be realized exactly as for the IM: l.e. priority for U,
Amplification of |i,, for a short time after shortening |u,, only weakens the
permanent magnetization which in turn would increase the control reserve,
and the limitation would disappear. With these considerations a simple
algorithm outlined in figure 5.23 can be worked out for both types of

machines.

|u,|>

uS

max

sign (wc) = sign (iw) ?

No (motor operation) Yes (generator operation)
0] > 95%]u,| 2 || > 95%]u,| .2
No Yes No Yes
Ugy = Uy, Uy, = Sign (usd). Uy = Ugy Uy = sign (uyq).
Uy, = sign (u,, ). (95%lu,|,,.) | Ysari=sign (#a)- (95%lu,],..)
|ud. imx —ul, Uy, =sign (usq). |“s ,z,,ax *”fqr U, =sign (uxd).
u, fnax 7u3d" u; fnax - fqr

Fig. 5.23 Algorithm for voltage limitation by [Quang 1994] (index r: actually
realized)

¢) Splitting strategy by [Dittrich 1998]

The basic idea of this strategy is ensure decoupling between rotor flux
and torque in large-signal behaviour. To achieve this, an intervention in
form of a limitation should as much as possible only effect the voltage
component, which has caused the maximum voltage vector to exceed its
limit, and leave the other component uninfluenced. This concept presumes
that such a separation of causes is actually possible and that the voltage
vector can be reduced to its maximum value by reduction of one
component only. The context is generally more complex and requires a
detailed analysis, in particular, if the controlled system must be operated
for longer time at the limit of the control variable.

For splitting the voltage limitation after [Dittrich 1998] two questions
must be answered:
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1. Which component obtains the priority, i.e. which component must
remain as unchanged as possible?
2. Which value does the other component get?
The algorithm which is found and realized eventually answers these
questions as follows:

Priority decision

Stability considerations are decisive. If current and voltage have
different signs in one axis, a limitation of the voltage leads to a temporarily
unstable and uncontrollable behavior. If current and voltage signs are
different in one axis, this axis must get the priority. If the signs are
different in both axes, the axis with the larger current amplitude gets the
priority, or the phase correct limitation (using equation (5.75)) is applied.
Equal or different signs in the ¢ axis are equivalent to motor or generator
operation.

Voltage in the non-priority axis

Two cases have to be distinguished. If the priority component is smaller
than the maximum voltage, i.e. the limitation was caused by the non-
priority component essentially, the non-priority component results simply
from the geometric difference between the maximum voltage and the
priority component. In the other case, the non-priority component is
assigned the share from the cross-coupling of the current components to
support the stationary decoupling of the current components also at control
variable limitation.

o, > u,

max

[sign (uvd) = sign (isd)]\/{[sign (wx) =sign (i:q)]/\(i:d <1,5i, )}

Yes No

lica > [u,].,, 2 | >0, 7

Yes No Yes No

Uy, =0Lwiy Uy, =sign (usq). Uy, =—0Lwi, Uy, = Sign (”m)-

g = sign (i),

2 2
max T Usgr |llS

u
max sq

Uy, =sign (”.;;1)-

uS

2
max - u.\'d"

K

Fig. 5.24 Algorithm for voltage limitation by [Dittrich 1998]

The figure 5.24 shows the described algorithm in the overview. A
similar approach was attended in [Wiesing 1994].
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5.5.2 Correction strategy at voltage limitation

The basic idea of the reverse correction is a correction of the control
error X to prevent the windup-integration of the integral part which
implicitly exists in the control algorithm.

(k ]]xmk 1)

] ’-'.*‘ oL
Lsq B
xwd 3
Wy N 4312
1]
i:t.' Xug
isq - -1
Z e
rualb-1)| |
Kk —1)-——

Fig. 5.25 Complete structure of the current vector controller with dead-beat-
behaviour

To derive — the design in the chapter 5.3.1 serves as an example — the
formula for the reverse correction, the equation (5.17) is re-written as
follows:

y(k)=Hug (k+1)+h(k+1) (5.81)

Assuming a largely constant rotor flux the following result will be
obtained after substituting the equation (5.81) into (5.25):

Hug (k)=x,,(k—1)—-®x,,(k—2)+Hug(k—2) (5.82)

Assumed that the voltage goes into the limitation in time instant (k), i.e.
instead of the voltage u (k) to be realized only u (k) was realized, (5.82)
turns into the equation (5.83).

Hu,, (k)=x,,.(k—1)—®x,,(k—2)+Hu,(k-2) (5.83)
x,. = Control errors corrected

w

u,, = Voltage actually realized after limitation

The subtraction of the equations (5.82) and (5.83) produces for the
corrected deviation:

X, (k=1)=x,,(k—1)— Hu (k) —u,, (k)] (5.84)
Also the accumulated values y according to the equation (5.25) have to

be corrected according to the equation (5.17) with the correct voltage
values:
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¥i (k) =Hug, (k+1)+h(k+1) (5.85)
The formulae for the reverse correction for the designs with FAT
behavior or for the additional integral controllers of the state space design
can also be derived similarly. The figure 5.25 exemplarily illustrates
the design with dead beat behaviour.
The implementation of the complete control algorithm in figure 5.25 is
outlined by the program flowchart in figure 5.26.

J'[ i, (k). i, (k)

Correction of the old control
difference: Eq. (5.84)

Calculation of the new control
difference: Eq. (5.23)

A 4
Calculation of the new
vector y(k): Eq. (5.25)

A 4

Calculation of the new
voltage vector: Eq. (5.17)

Limitation of the voltage
vector: Fig. 5.23 or 5.24

'__ usdr ’ usqr
v
Correction of the vector Fig. 5.26 Program flowchart
y(k): Eq. (5.85) of the current vector

controller with dead beat
behaviour
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6 Equivalent circuits and methods to determine
the system parameters

For the clear specification of the electromagnetic processes in 3-phase
AC machines and as a starting point for control design, equivalent circuits
which are based on the representation of the physical quantities as complex
space vectors in a stator-fixed coordinate system will be a very useful tool.
The underlying mathematics is strongly related to the complex calculations
known from the AC technology. To abstract the physical operation of the
machines, inductances and resistances are represented as concentrated
components, and symmetrical conditions are assumed with regard to the 3-
phase windings.

For the satisfactory function of a controller designed using equivalent
circuits the parameters of the equivalent circuits must be known with
sufficient accuracy. From modern drives it will be expected that they fulfill
the projected quality parameters without special tuning to be carried out by
the customer, and keep the parameters durably. Because frequency
converters, particularly in small and medium power ranges, are offered in
principle as separate units without motors, parameter pre-setting or
measuring the used motor by means of classical methods (no-load or short
circuit test) are not practicable. Therefore the second part of this chapter
deals with possibilities of the automated computation of the electrical
motor parameters.

A first starting-point and also a base for start values of a more exact
estimation will be provided by the name plate or by the rated data of the
motor. For a more exact parameter setting off-line identification methods
which provide estimated values of motor parameters during a test run in
standstill are discussed.



186  Equivalent circuits and methods to determine the system parameters

6.1 Equivalent circuits with constant parameters

6.1.1 Equivalent circuits of the IM

6.1.1.1 T equivalent circuit

The general voltage and flux-linkage equations in the stator-fixed
coordinate system (cf. chapter 3)

u, = R,i, +, 6.1)
u =Rl + - jw (6.2)
B, =L, +L,i, (6.3)
by = Ly + L (6.4)

describe a transformer with an additional secondary (rotor-sided)
voltage source as represented in figure 6.1. In this case the superscript »
means that the so labelled parameters and quantities are related to the rotor
side, and therefore correspond to the values measured at rotor terminals
physically. Quantities without such index are related to the stator side.

5 s

——— 1+ o E—
Lm
iu
- ']

B L I . i R

L ]
us ‘I)s

-
. r
jwp,

Fig. 6.1 Transformer-equivalent circuit of the induction machine

The actual transformer symbol in the equivalent circuit marks an ideal
transformer with the transfer ratio #. This contains the turn ratio and
winding factors, and can be expressed by the relationship between the no-
load nominal voltages.

, _Un (6.5)
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Because the induction machine is fed normally from either the stator
side or the rotor side, it is usual and useful to relate all electrical quantities
to either the stator side or the rotor side. Subsequently, on principle, the
stator side reference shall be used. For the transformation of the
rotor quantities to the stator side the following relations are obtained by
using the transfer ratio 7, defined above:

u, ==
tr
i=1i (6.6)
W
o=
R =R
r 2
1.
: (6.7)
LV
L =—
r t}?

For the current through the main inductance L,, (the magnetizing
current i,) can be written:
i, =i, +1i, (6.8)

The reference to the stator side is primarily relevant for the treatment of
the squirrel-cage IM (u, = 0) which shall be also the object of the further
derivations. Because of the interchangeability of both approaches this does
not represent any essential restriction of the generality.

If the flux-linkage in (6.1), (6.2) is replaced by (6.3), (6.4), the equations
of the stator and rotor voltage can be changed into the form:

. di di
U :Rsls +Lsad_:+Lm d:

(6.9)

i di
i‘t’ Ly e, (6.10)

The mesh equations (6.9) und (6.10) describe the so called T equivalent
circuit shown in the figure 6.2a. After the transition into the Laplace
domain the following voltage equations will be obtained for the stationary
operation (s — jwy):

u, = R, + jw, (Lyd, + L, ) (6.11)

OeriV +L}"U
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R
0=""1i, + juw, (L
S

with the slip s= (ws — w) / w, , represented in the figure 6.2b.

i, +L,i

ro'r mu)

(6.12)

a Jonp, b

Fig. 6.2 T equivalent circuit of the induction machine: (a) non-stationary, (b)
stationary

With Ry, L,, Lss, L, and R, the T equivalent circuit contains five
parameters. The stator impedance, determinable by measuring stator
quantities, contains on the other hand powers of the stator frequency from
zero to three and is defined by four parameters (cf. the chapter 6.4.3).
Therefore the T equivalent circuit is over-determined and not completely
identifiable by measuring the stator quantities. For this reason L,; = L5 =
L is often assumed. However, for many tasks it is advisable to change to
an equivalent circuit with a reduced parameter number.

The two following representations achieve this by transformation of the
leakage inductances into the stator or rotor mesh and by introduction of a
total leakage inductance. At the same time this implies a redefinition of the
cross or magnetizing current and of the main inductance with the
consequence for these quantities losing their physical equivalent. As long
as all parameters can be assumed constant and linear, this fact is of minor
importance, though. Both new equivalent circuits are derived under the
premise that in the case of the squirrel-cage IM no transformation of the
stator quantities, measurable at the terminals, takes place.

6.1.1.2 Inverse I" equivalent circuit

A modified equivalent circuit with the total leakage inductance in the
stator mesh can be obtained by the introduction of a new cross current i,

=%y Ly (6.13)
L, ° L

m m

After some transformations to eliminate the current i, in equations (6.9),
(6.10), and after the introduction of the leakage factor:
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2

o=1- Ly, (6.14)

LSLT'

new voltage equations
u :Rsis—{—aLSdi—k(l—a)LSdi (6.15)

dz dr
2 .

ozL—'gRr f—mn +(1—U)LS%—jw(l—a)Lsim (6.16)

which can be represented by the so called inverse-I"-equivalent circuit
(figure 6.3) are obtained. The newly introduced cross current i, is
according to (6.13) identical with the rotor ampere-turns. This explains
why this equivalent circuit is particularly suitable for the treatment of rotor
flux orientated control methods. For stationary operation a representation
(figure 6.3b) which is equivalent to the figure 6.2b is here possible as well.

LR,
L ,2 K

a Jo(1-o)L i, b

Fig. 6.3 Inverse-I"-equivalent circuit for the induction machine: (a) non-
stationary, (b) stationary

6.1.1.3 T equivalent circuit

To transform the leakage inductance into the rotor side a new cross
current:

. b, . L.
i,, =—=i, +—i 6.17
ms LS S Lx r ( )
is introduced analogously to the inverse I'" equivalent circuit. After
substitution of i, the equations of the I" equivalent circuit represented in
the non-stationary and stationary form in figure 6.4 will be obtained:
di
U, = Rsis + LS % (618)
t

2 . .
0:L—2SR, L—’”i, +£ L, di, +Lsdli—jwimbr (6.19)
2L 1—o| L, dt di L,

S
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Also at this place equation (6.14) is valid for the leakage factor 6. The
rotor quantities appear, analog to the inverse I' equivalent circuit, in
transformed form.

As recognizable in the figure, the stator inductance now becomes the
cross or magnetization inductance, and the stator flux linkage assumes the
role of the main flux linkage. Therefore the I' equivalent circuit is
particularly suitable for the treatment of stator flux orientated control
methods.

1N
\J

L

§

rw y, b

a Jw

Fig. 6.4 T equivalent circuit of the induction machine: (a) non-stationary, (b)
stationary

6.1.2 Equivalent circuits of the PMSM

Due to the permanent magnet excited pole flux the relations here are
very simple. To derive a common equivalent circuit for both longitudinal
and traverse axes it will usually be accepted that the same inductance is
valid for both. The following equation holds for the stator voltage:

di
d; + jw, (6.20)

With (6.20) the equivalent circuit represented in the figure 6.5 is

obtained.

uS = RSiS _I_LS

Ol

Fig. 6.5 Equivalent circuit of the PMSM
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6.2 Modelling of the nonlinearities of the IM

For many control tasks the assumption of constant and state independent
machine parameters represents a too rough approximation which leads to
considerable deviations between model and reality at the examination of
non-stationary operations. Therefore, the embedding of nonlinearities
which are significant for different operating states into machine models
and equivalent circuits shall be discussed in the following sections.
Following the physical conditions, magnetic saturation, current
displacement and iron losses are discussed in separate approaches and
models. Symmetrical conditions and sinusoidal winding distribution are
still presupposed.

In mathematical sense nonlinear relations are indicated by the fact that
the superposition principle is not valid. Therefore an isolated treatment of
the nonlinearities is, strictly speaking, not permitted. With respect to an
engineer-like analysis however, it is fundamentally important to find easily
comprehensible and utilizable approaches also for nonlinear relations. In
the case of the 3-phase AC machines it is advantageous that the most
important nonlinearities are describable as state dependent parameters.
Since different parameters are affected, or the variable parameters depend
on different state variables, a separate treatment is justified additionally.

6.2.1 Iron losses

Losses in the iron appear in the form of eddy-current losses and
hysteresis losses. Because the rotor frequency remains small compared
with the stator frequency unless at very small speeds, the rotor iron losses
generally can be neglected compared to the stator side ones. The hysteresis
losses are produced by the flux reversal energy consumed due to the
sinusoidal with time varying iron magnetization. They are therefore

proportional to the area of the hysteresis loop (~| ¥, |2) and to the number

of flux reversals per time unit (~@,) [Lunze 1978], [Philippow 1980]. The
eddy-current losses are proportional to the square of the voltage

(~(ws [P, )?) induced in the iron and the effective electrical conductivity

of the iron core lamellac. They significantly increase in converter fed
motors because of the harmonic components in current and voltage.
Modeling is made difficult because the effects of eddy-currents and
hysteresis and from sinusoidal magnetization are overlapping in a not
exactly determinable way, and generally different magnetic conditions
occur in yoke and teeth. The hysteresis losses depend on the effective
permeability and therefore on the instantaneous flux amplitude. They
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disappear as soon as the area of the magnetic saturation is left (the upper
field weakening area).

The following, strongly idealized model following [Murata 1990] takes
into account hysteresis and eddy-current parts by respectively constant
factors kj, and k,. Through consideration of the slip frequency @, even
operating states in which the slip frequency will have a significant
magnitude compared to the stator frequency @ are included:

pv,fe = %[khy (ws + wr) + kw (wvz + w;% )} ‘ "‘b/:, ’ (621)

with:
P, =Ly,i, (6.22)
After separating the stator frequency and the slip s = (ws — w) / w, , and
with the general equation for the iron losses
2
3 s

= 6.23
pv,fe 7 Rf ( )

je

an iron loss resistance Ry, as concentrated component describing the
iron losses can be introduced:

Ry, = ! A (6.24)
ko (1457 )+ =2 (14 5)
wS

Because better usability in some circumstances the iron loss
conductance Gz, = 1/Ry, is also used. A measured Ry, characteristics is
represented exemplarily in the figure 6.6. The curves are the result of no-
load measurements at an inverter-fed and external driven motor so that the
influence of the friction losses is eliminated.

The iron loss power is dominated by the hysteresis losses rising nearly
linearly in the basic speed range. With field weakening setting in, at first a
strong drop can be observed because of the flux reduction. The eddy-
current losses dominate in the upper field-weakening area. In addition, the
inverter dependent eddy-current losses decrease strongly at the maximum
voltage (= less high-frequency voltage harmonics) so that different factors
k, are used in constant flux area and constant voltage range. The
corresponding diagrams calculated by least-square approximation and the
model approach (6.24) are drawn in the figure 6.6 (dotted lines). It turns
out that this simple approach with the above-mentioned modification
describes the actual behavior quite well.
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Fig. 6.6 Iron losses and iron loss resistance

Further analysis of the R.-diagram in the figure 6.6 suggests, however,
the possibility of using a yet more simplified model which only contains a
linear relation between loss resistance and stator frequency:

Wy

WeN
For this model only one parameter, the loss resistance at nominal
frequency, must be determined by measurement.

jo(l-0)L i

n

Fig. 6.7 Extended inverse I" equivalent circuit with iron losses

A comfortable inclusion in the equation system of the IM will be
obtained, if (as shown in the figure 6.7) the iron loss resistance in the
inverse I" equivalent circuit can be represented by a parallel resistance in
the stator circuit [Schéifer 1989]. The necessary supplementation of the
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equation system is immediately recognisable from the figure 6.7. The
actual input voltage of the machine will now be formed by the inner
voltage u; which drives the inner current i;. Following equations (6.15) and
(6.16) the modified system is obtained to:

di; di
w, =0l —+(1—-0)L,—* 6.26
S 4y (1-0)L, P (6.26)
s di, .
0= (1= jwT)i, +T,~ " i, (6.27)
u =u, — R, (6.28)
i =i, ——0 (6.29)
Ry,

6.2.2 Current and field displacement

With regard to current and field displacement effects it must be
distinguished between effects caused by the fundamental of the current on
one hand and by inverter dependent current harmonics on the other hand.
The principle physical mechanism is the same in both cases. The current
displacement leads to a frequency dependent increase of the resistance
values, and the field displacement to a reduction of the leakage
inductances. As a consequence the current harmonics produce higher
losses. Because the harmonic spectrum of fast switching inverters with
sine modulation is orders of magnitude above the fundamental wave, its
significance for control related parameters remains small. The
consequences of the fundamental dependent current displacement,
however, must be investigated for the modeling of the machine.

In stator windings of induction machines, fundamental wave dependent
current displacement effects can usually be neglected since they are
intentionally suppressed by a number of constructive measures. An
exception would merely be the big machines with accordingly large
winding diameters at high frequencies. For the bars of the rotor squirrel-
cage such a neglection is not possible from the outset because of the large
bar heights and diameters, except for rotors with intentionally current
displacement free construction. In the normal (stationary) operation current
displacement effects do not play a considerable role, however, because of
the low rotor frequency (slip). This turns different in special non-stationary
operation modes with high slip frequencies, where the current
displacement is used with purpose to increase the resistance, or if the input
quantities are controlled differently to the normal operation. In a field-
orientated control system however, also at start-up extreme slip values will
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not appear due to the current being controlled with defined amplitude and
slip.

Jjw(1-0)L i

m

Fig. 6.8 Extended equivalent circuit with current displacement in rotor

A consideration of the resistance changes in the machine model is
possible by an additional resistance Ry, being inserted in series to the rotor
resistance in the rotor circuit (figure 6.8). The size of this resistance is a
generally very unhandy function of material constants, construction data
and the rotor frequency. The following equation can be learned from [Vogt
1986] for a rectangular deep-bar rotor with the height 4;:

r - R, +R, _ ,sinh2(+sin2f
: R, cosh23 —cos23

There fis a normalized height of the conductor and is calculated by:

B =I5, 1o (6.31)

Mo  Absolute permeability
K Conductivity of rotor bars
Because the height of rotor bars is often designed over-critically (rotor

with current displacement), /; assumes values of up to about 70 mm.
Following [Vogt 1986] this corresponds to a machine with a rated power
of about 2 MW. Therefore it is not possible to come up with a uniform
approximation for k, for the complete interesting parameter range of A
The following variants for approximation approaches can be derived:

For S > 2 there will be sinhf >> sinf, coshff >> cosf and sinhff ~
cosh/f3, and therefore holds:
k.~( (6.32)
For <2, k, can be obtained by series expansion of the transcendental
function with a maximum relative fault of 0.036 to:

(6.30)
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2
1+~
ko~ 15

7

~ 5 (6.33)
1+ p*
45 b
A next approximation is possible for #< 1 by partial division of (6.33):
4 4
k, ~1+— 6.34
r 45 B (6.34)

Besides the increase of the electrical resistance by current displacement,
fast changes of the flux will cause a field displacement recognized by the
reduction of the leakage inductance. Also here, noticeable effects appear
only in rotors with current displacement because of the larger conductor
height. A reduction factor £ can be given in analogy to (6.30). Following
[Vogt 1986] this factor can be written for square deep-bar rotors with the
fictitious series inductance L,, to:

_L,—L,,  3(sinh23—sin2p3)

k. = (6.35)
L, 23(cosh23 —cos23)
As above the following approximations can be derived.
e For f>2:
k, ~ 3 (6.36)
26
e For1<(3<2:
2
1+-—p*
k, ~ 1—‘;5 (6.37)
1+ p*
45 b
e For f<1:
k. ~1 _8 Jia (6.38)

315
The equations (6.30) and (6.35) are represented in figure 6.9. For the
better classification the normalized bar height A is additionally referred to
the rotor frequency at different absolute bar heights. The computation was
made for copper bars because these also have greater values £ due to their
greater conductivity compared with aluminum at the same frequency.
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Fig. 6.9 Electrical resistance increase () and leakage inductance reduction
(esee.) due to current displacement in the rotor, parameter: bar height and rotor
frequency

For very big machines in the megawatt range [ already reaches great
values at rotor frequencies below 10 Hz, and k. and k, also become
significant. Such machines have a small nominal slip of typical below one
hertz, and will be less overloaded in dynamic operation, though. In low
power drive systems, only three to four times the nominal slip will be
applied in dynamic operation using field-orientated control. Thus f will
not exceed values of 1.5 through the whole power range, and for motors in
the medium and low power range there are values of =1 to be expected
at maximum. Because the rotor leakage inductance only shares about one
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half of the total leakage inductance, a special consideration of the
inductance reduction can be abandoned in the model for field-orientated
control. A consideration of the electrical resistance increase in the model
for the field-orientated control is required only for machines above some
hundred kilowatts rating.

The existence of the flux weakening and resistance increase must be
taken into account though at the estimation of parameter variations or for
example to define suitable excitation signals for the parameter
identification especially at higher frequencies (cf. section 6.4).

The structure of the equations (6.30) and (6.35) is essentially correct
also for usual bar cross-sections which differ from the rectangle form,
though with other coefficients. Approximately the same relations hold for
square bars with d = &; and for rods (diameter d). For wedge bars the value
k, increases in the extreme case (ratio of the trapezium front sides of 1:10)
at # =2 by 50%. k, assumes more favourable values [Vogt 1986]. Thus
the above statements remain also valid for these bar forms.

6.2.3 Magnetic saturation

At first the magnetic saturation has the consequence that the value of the
inductances is a nonlinear function of the amplitude of the actual flux
linkage. In addition, a general analysis of the saturated induction machine
must take into account that the spatial distribution of the saturation
depends on the current direction of the accompanying flux vector. This has
the consequence that in the right-angled coordinate system the inductances
assigned to the coordinate axes assume different values in the dynamic
case, and mutual couplings appear [Vas 1990]. These depend on the sine
of the angle between the main flux vector and the reference axis (real axis)
of the used coordinate system.

The main field saturation has essential significance for the dynamic
behavior of the machine, primarily in the field weakening and at great
torques. Its correct or reasonable approximated consideration shall be
examined in the following. At first the leakage inductances are considered
as constant.

For a representation as generally as possible the machine equations are
represented in the following in a right-angled coordinate system circulating
with the angular velocity @,. The main flux linkage

P, =L,i (6.39)

m*

is introduced into the general voltage equations of the induction
machine (cf. section 3.2). With (6.39) the following voltage equations will
be obtained:
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d,

di
u =Ri, +L, —+ + jwp (L, i + Ly, 6.40
ot q i 1) (6.40)
d(i, —i,) d
u, =R (G,—i)+L, G S)+ kil
/ ds ds (6.41)

+ j(wk - w) (Lri,u - Lrais)
The equations (6.40) and (6.41) are here still represented in an arbitrary
orientated coordinate system and contain no restrictions regarding their

validity at main field saturation. Following [Vas 1990] the next equation
holds for the derivative of the main flux:

dap, [Mx Mxy}diu
dt |M, M, |dt

(6.42)

with: M, = Lm cos? ju+ L, sin?
M, =L, sin® p+ L, cos® ju

1

M,, = (L, —L,,)sinpcos

' d dL

Thereby L, (li,|) is the static and L, (i, [)= by =L,+—=
dli,,| dli,,|

differential main inductance, y is the angle between the magnetizing
current vector i, and the real axis of the coordinate system. For the non-

d,
d

i,| the

saturated machine L,, = Lm and =L, % hold.

For the controller realization and also for a simulation of the saturated
machine the correct representation of the flux derivation following (6.42)
is quite unhandy. For the controller design primarily the rotor equation is
important because the estimation equation of the rotor flux, required for
field-orientated control, is derived from it. Therefore it would be desirable
to maintain the rotor flux oriented description.

A first simplification (without validity restriction or loss of precision)
arises with representation of (6.40) and (6.41) in a coordinate system
related to the main flux. If the axis of the main flux vector and the real axis
(x-axis) are identical, it will be © =0, and the next equation can be

obtained for the flux derivative:
vy, (LG, 0 ] di,
dt 0 L)) dr
In addition, there are ¢, =[{,| and ¥, , =0.

(6.43)
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Since obviously the flux derivative is the most problematic part of the
mathematical model, it seems reasonable to look for a form of presentation
which gets along without its explicit calculation. In addition, no derivative
of a state variable must be connected with the main inductance. Such a
model was developed in [Levi 1994]. The rotor current is replaced by the
flux linkage in the rotor voltage equation:

° . Rr
u, :¢r+J<wk _w),‘br +L_('¢'r _'lbu) (644)
The mutual flux can be calculated from:
lbu =, —Lm(iﬂ —iy) (6.45)
with: i, = L
L, (",

It shall be remarked that this model also does not contain any
restrictions regarding the saturation and is neutrally formulated with
respect to coordinates. The calculation of a differential inductance is not
required. As opposed to (6.41), the equation (6.45) contains with
Y, = f(L,(¥,]) an algebraic loop which can cause oscillations and

limit cycles depending on the sampling period or on the integration steps
in the realization.

A third model can be obtained after trying to introduce the saturation
into the rotor equation immediately without further substitutions. This
means, though, that the saturation is coupled to the rotor flux instead to the
main flux, what does not correspond to the physical conditions correctly.
The error can, however, be acceptable for many applications because the
leakage flux on the rotor side will always remain small compared to the
main flux. In any case this variant has the advantage to provide the
simplest and clearest model. A possibility for its derivation immediately
arises from the equivalent circuit in figure 6.3a. After substitution of the
rotor current and division by the leakage factor (1—o), which shall be

assumed as saturation invariant, the following equation for the rotor mesh
can be obtained after transition into the coordinate system circulating with
;.
u, =R.(i, —i,) +%+ Jlw; —w) L, (6.46)

After dissolving the derivative, the rotor equation can finally be written

in a detailed notation:
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L,(i,)+L, di,
R, d (6.47)
Ly (i) +Ly

R m

7

u,. =1, —I +

—i—j(wk —w)

In the same way the stator voltage equation can be obtained for an
assumed constant leakage inductance:

. di . .
U = Rslx + O-Ls d_; + ]wko-les

' di
+ (1= 0)( Ly (i) —i—Lg)% (6.48)

+ jw (1= 0) (L (i) + L, )i
The modified system matrix of the continuous state-space representation
finally can be derived from (6.47) and (6.48). It reads in complex notation

with the abbreviations L, = L, (|lm |> + L, and L'SM =L, (|1m|) +L,:

1 . l—o .
g e g (B oo
A= :
R, R, iw —w)LS“
LA;L L'su ¢ L_su
oL
ith: T, =—
h 7 R+(1-0)R.

At first the model (6.47) yields the rotor-side magnetizing current i,,.
The rotor flux linkage can be calculated from +, =L,i, . For this
calculation the main inductance has to be used depending on the
magnetizing current i " With (6.8) and (6.4) its amplitude can be derived in
the rotor flux orientated coordinate system (i, = i, img = 0):

2

2
. L., . L, . L. .
llt :\/[%lsd +L_mlmd] + Lrg lsq (650)
For the stationary case the following result arises:
2

L
i, = [ing +[ ro isq] (6.51)

L}"

The knowledge of the magnetization characteristic, either in the form
¢ﬂ = fi ﬂ) or its inverse form i, = g #), is required for all saturation

dependent models. Thereby the use of a closed representation is advisable,
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because this can more simply be implemented in the model and
simultaneously allows the calculation of the differential inductance
without difficulties from the measurement of the stationary characteristic.
In the literature different approaches can be found, which are based on
exponential or power functions and differ from each other in the number of
contained parameters. Polynomial approaches are also used. Exponential
and power functions have the advantage to provide good models even at
strong saturation. Two power functions, which are built on each other,
shall be examined and compared in the following. They are based on a
approach introduced by [de Jong 1980] and further developed by [Klaes
1992].

The main inductance is understood as a parallel circuit of a constant air-
gap inductance L (it corresponds to the main inductance in the linear
range) and a saturation dependent part which is a power function of the
obtained main flux or magnetizing current:

1 i,
Lm(’Y):ﬁ;'Y:i— (6.52)
-4 2 1
LO Lsat
With measured values L,=L,(0),L,=L,(1),L,=L,(v,) the

remaining parameters are obtained as follows:

(VL 1L
1 1/L, —1/L,
Ly = T 1 ;8= 7, (6.53)
L L

An extended approach takes into account, that the main inductance
converges towards a fixed final value and not towards zero for large flux
amplitudes, as it would result from the estimation function (6.52). This is
considered by the addition of a limit inductance L., into (6.52):

1
Ly()=— —+ 1L, (6.54)

R B
L—L, L

00 'sat

For the calculation of the coefficients however, no explicit solution can
be derived. With the additional measurement Ly =L, (7;) the saturation

parameter s arises from the iterative solution of the following equation:
S

N
V3

s (Lo = L)Ly — Lo) + (L — L1 (Lo — L3)

(Ly = L1)(Ly — Ly)

n
Y2

=0 (6.55)
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For the remaining parameters the next equations hold:
S

i
Ly(L — Ly) + Li(Ly — Ly)| -

L — e (6.56)

00 s
L —Ly+(Ly — L3) n
V3
1 1 1 1

(6.57)

Lsat 75 - 7; L2 _Loo L3 - Loo

The estimates are represented together with the characteristic for the

differential main inductance for an 11kW motor in figure 6.10. The

differential main inductance can be calculated for the three-parameter
approach from:

, d
Lm<v)=:7f@i=:Lm(v>bf—svS5§¥13] (6.58)

lu sat
and for the four-parameter approach from:
2
s LM —Ly)
L

sat

L,(7)=L,(y)—sy

(6.59)
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Lmn(¥p)|
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Fig. 6.10 Saturation calculation functions L, (iu ), Em <iu)’ L, (%) for 11kW

motor. (----): three-parameter model; (—): four-parameter model

The measurements of the static inductance are visibly better
approximated by the four-parameter approach. Apart from the area of
extreme saturation, which practically plays not a role, this also applies to
the differential inductance. It must be taken into account that the
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"measured values" of the differential inductance only were won by linear
approximation from the static measurements, though.

The saturation of the leakage paths is the reason that the leakage
inductances generally are functions of the current flowing through them. A
general relation like for the main inductance however, can not be derived
because it depends strongly on constructive influences according to the
composition of the leakage field (slot leakage, tooth head leakage, winding
head leakage, helical leakage). At the same time it is possible that almost
no current dependency of the leakage inductance can be found for many
motors in the complete current range. For this reason, a separate
consideration in the model is abandoned. If required, a feed-forward

adaptation L, = f (|is|) must be implemented.

6.2.4 Transient parameters

When discussing the current displacement effects it already became
obvious that inductances and resistances of the induction machine
generally have to be considered frequency dependent. Equivalent circuits
can be developed with concentrated parameters which, however, have to
be specified according to the operating point of interest and to the
operation frequency. In an inverter-fed drive the highest frequencies
practically appearing are determined by the switching slopes of the
inverter. These have an effect on the effective leakage inductance of
the motor which determines together with the voltage amplitude the
current rise time. The effective leakage inductance is to be expected
considerably smaller than the stationary leakage inductance oL, and will

be called in the following as the transient leakage inductance O'ES. At the

same time it is the only parameter which must especially be defined in the
practical controller design for transient operations.

6.3 Parameter estimation from name plate data

Lacking detailed and often not obtainable motor data sheets, the name
plate of the motor represents the first and only information source for
conclusions on the electrical parameters. For standard drives without high
dynamic demands on the motor usage, usually it fully suffices to calculate
the motor parameters from the name plate data. However, deviations from
50% to 100% depending on the parameter in question have to be taken into
account, because:
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e the manufacturer's information may be partly unreliable, and the actual
motor parameters are subject to spreads,

e the name plate data refer to a certain working point (the nominal
working point),

e not all parameters of the equivalent circuit can be directly set into a
physical relation to the usual name plate data.

The procedure becomes impossible at the use of special machines with
values differing from standard machines considerably. Understandably, the
calculation of the inductance saturation characteristic has to be excluded.
The usual name plate data are:

Nominal power P, [kW]

(Line-to-line) nominal voltage Uy [V]

Nominal current I [A]

Nominal frequency f [Hz]

Nominal speed n, [rpm]

(Nominal) power factor cos ¢

Because the last information is not available in many cases, calculation
equations are derived in the following without and with cos¢@. In the

case PMSM, the following data are usually given by the name plate:
(Line-to-line) nominal voltage U [V / 1000 rpm]

Nominal current I [A]

Nominal frequency f [Hz]

Maximum speed n,[rpm]

Nominal torque m,; [Nm]

6.3.1 Calculation for IM with power factor cos¢

The method starts out from the equation of the IM in the stationary
operation (cf. [Quang 1996)).
¥,
L, (6.60)

u, =R + jwoLi, + jwg(1—0)L

s

=R,i; + jw,oLi; +e,

The parameters are approximately calculated for the nominal working
point in the following steps:
1. Calculation of the field-forming current component i ;
(1) Nominal power of the motor: Py =3Uppuee

Phase cosy

(2) Amplitude of the nominal current: Ty =2 I, =Toay + Leoy

(3) Impedance of one phase: Zy = Upnase /T prase
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(4) Approximate rotor resistance: R ~sSZ,
(5)Nominal power of the motor: P, ~ 3[&]i§qw
S
(6)From (4), (5) is obtained: P ~ Sf;w
(7) Inserting (1) into (6): Toay zw
(8) Inserting (7) into (2): Toan ~ \/ﬁv —w
N

The following approximate formula can be derived from (8):

Tsanv ~~21 1= cos (6.61)

JooLi,

I Phase V

U,

Phase W e
ase \j}/ ‘..-""'-.._

. ~
Reference axis a N
.
~

N,
\Phase U

Fig. 6.11 Vector diagram of the IM in the stationary operation

In the step (5) the losses in the stator resistance were neglected without
great loss of precision for the calculation of the power P,.
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2. Calculation of the torque-forming current component i,

~ ~2
Tsgny ~A21% — Tsan (6.62)

3. Calculation of o,

zZ, Ny
wyy =27 fy — 2 6.63
rN fN 60 ] ( )
4. Calculation of the rotor time constant T,
7= Lav (6.64)
W,y Lsav

5. Calculation of the leakage reactance X, = w,oL

The voltage drop over the stator resistance is neglected, which is
justified for the nominal working point, compared to the voltage drop over
the leakage inductance in the vector diagram in the figure 6.11. The
simplified vector diagram of the figure 6.12 can be obtained then.

—er i.\'q
X i Xﬁ ist!
X.i, '
u, e,
Y .
1,
o
o i Ly Fig. 6.12 Simplified vector diagram
! for calculation of X;
—p

lsd ]'Pi'

Using the figure 6.12 the following calculation steps can be used:
(1) Amplitude of the nominal phase voltage: Uy = %
(2)Relations between ¢, Tsav and 1 sqgN @ sina = Iis"” ;cosa = I;"N

N N
(3)Relation between ¢, yand ¢ y=¢—(90°~a)

(4) Calculation of siny. siny = sinfp — (90" —a]|

= siny sina — cosp cosa
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(5) Inserting (2) into (4): siny =sing 1}“"” —cos g2

N Iy

(6)From fig. 6.12 it will be obtained: X, ~ sin 72~

Isgn

Uy
Iy

(7)Inserting (5) into (6): X, = |sin o — cos g 222

o

sqN

With these results the formula for the calculation of X, is obtained:

. }st UN
X, ~|sinp —cosp= (6.65)
7 IsqN \/glN

6. Calculation of the main reactance X:
The main reactance X, =w, (1—0)L, ~w,L, is the reactance of the

EMF ¢, In the case i = 0, i.e. no-load, the calculation equation is
approximately obtained from the figure 6.12:

X, ~ Uv _x = 2Uy —-X (6.66)

(o2 ~ g
I san \/glst
7. Calculation of the stator resistance Ry:

(1)1t is assumed approximately: R, ~R,

(2) Calculation of the EMF amplitude: e, =x, 1, ~ L}W
Wr.v/(z ™ .fN)

The definite formula then looks as follows:

R~ R~ LV (6.67)
2w f N 1 sqN
8. Calculation of the total leakage factor o:
X
oc~—2 (6.68)
Xy
9. Calculation of the stator-side time constant Tj:
Ls Xh

~N— 6.69
’ Rs 27 fN Rs ( )
The given calculation with using cos@ was tested successfully in the

practice and is not subject to any restriction regarding motor power.

6.3.2 Calculation for IM without power factor cos¢

Reference model is the inverse I equivalent circuit of the IM. All
formulae are valid for motors with a nominal power of greater than 0.7kW.
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The total leakage reactance determines fundamentally the short circuit
behaviour of the motor or the current amplitude at nominal frequency at
turn-on to the stiff grid. For standard motors the turn-on current
maximum is 4 to 7 times the nominal current. Empirical values show that
the most correct values for the leakage inductance oL, will be obtained,
if the 5 to 6-fold nominal current is used:
~_ Un

5.51ywy~3

For the transient leakage inductance a value of about 0.80l, can be
started with.

The stator reactance is responsible for the current consumption of the
no-load machine. This depends for comparable power ratings strongly on
the magnetic utilization of the machine, thus on the nominal working point
regarding the magnetic saturation, and therefore it can be subject to
considerable variations for different manufacturers. Without using the
power factor we can start out from the approximate rule that the nominal
no-load current /j is about half of the nominal current at small power (until
7.5kW) and tends above this power towards to a good third of the nominal
current. The following formula represents this empirical value:

oL

S

(6.70)

Iy +1.94
Iy N 77 6.71
0 76 (6.71)
U
L=—2N (6.72)
IOwN\/g

No physical relations can be given for the calculation of the stator
resistance from the nominal data. We are here completely dependent on
empirical values with the unavoidable uncertainties. The following
formula provides usable results:

0.02U
R, ~ — =N
Iy—204
The rotor resistance provides the physically best access. The stationary

slip equation in field-orientated coordinates
1

W, = —4
IsdTr

can be re-written for the nominal working point and I ; = I, and

(6.73)

solved to R,:
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zZ.n
2 PN
R i 60 )" (6.74)
' N
The stator inductance and the no-load current can be taken from
equations (6.71) and (6.72).

6.3.3 Parameter estimation from name plate of PMSM

Starting point for this is the stator voltage equation (cf. [Quang 1996])
in the stationary operation.
u, = Rs is +jwsLs is +jws pr
=Rii; + jw,Lii; +e,

§S

(6.75)

At the nominal working point and in stationary operation the stator
current i only contains the torque-forming component. This fact is
represented by the stationary vector diagram in the figure 6.13.

Fig. 6.13 Simplified vector
W diagram of the PMSM in
stationary operation

1. Calculation of pole flux ¥,,:

(1) Calculation of torque-forming current: Loy =1y =~21,
(2) Nominal torque using equation (3.63): my = %zp .
(3) Inserting (1) into (2) it will be obtained: Yo =3 N

2. Calculation of stator inductance L;: The voltage drop over Ry is
neglected. The next steps follow from figure 6.13:



Automatic parameter estimation for IM in standstill 211

(1) Amplitude of nominal voltage: Uy =ny\2 [%]
(2) Amplitude of EMF: e, =27 fy1,

er substitutin e stator inductance L, is given to:
3) After substituting ¥ the stator inductance L, is given t

02 ~2
N —€
L.~ £

PR S (6.76)
27TfN IsqN

6.4 Automatic parameter estimation for IM in standstill

6.4.1 Pre-considerations

For the complete description of the IM four parameters are required
with a constant parameter model. If the inverse I" equivalent circuit (cf. fig.
6.3) is chosen as the reference model, the four parameters are then the
stator resistance Ry, the rotor resistance R,, the total leakage inductance
oL, and the stator inductance L. The constant parameter model in its
precision does not suffice for the synthesis of advanced algorithms,
however. At least the inclusion of the saturation characteristics of the
inductances is required. Because of the different saturation functions for
main and leakage paths a division of the model inductance parameters into
leakage inductance oL, or L and main inductance L,, can be made.

For a current controlled drive the slip is limited also in non-stationary
states to values which not yet necessitate a consideration of the current
displacement in the rotor for the modelling. Harmonic caused current
displacement effects also shall be neglected for the modelling in
accordance with the presumptions made (inverter-fed operation at high
switching frequency). An exception for the consideration of frequency
dependencies is the leakage inductance. Depending on the excitation
frequency it has to be distinguished between different inductance values.
This means in particular that a transient leakage inductance 0'le for the
current controller design and a stationary (fundamental wave) leakage
inductance oL for the stator-frequent operation have to be estimated.

The consideration of the iron losses is not avoidable (cf. chapter 7 and
8) for some special tasks. Their identification is practically only possible
with the no-load test in a classical way, however, and shall not be
discussed more in-depth.
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Furthermore, from practical considerations for a useful incorporation of
the off-line adaptation into the technological regime of an inverter-fed
drive some conditions, which fundamentally narrow down the choice of
possible methods, have to be formulated:

1. If possible, no demands or prerequisites on the part of the
identification algorithms should be made to technological conditions
of the drive. This is the case if the identification runs at standstill
and does not need a speed feedback.

2. The safety of the methods and their transferability onto different
drive configurations increase if algorithms which run in the closed
current control loop are used.

Inverter
controlled by vector modulation
T T 1
L »
& /M
| - \ 3~
Test signal {‘_ f'_ '(
generator Current controller
i u
,r\”’\ I{\ !’\- Sex E”O Sy
Ty a1
N . .
'_l_'_ i.\':ﬁ' -l Ugz I e B
= I
i Ugn “\,)‘
. 3
I.\IZ:‘ 2

|dentification algorithm

Fig. 6.14 Principle structure of the off-line parameter identification

Regardless that the frequency dependencies are not considered in the
model except for the exception mentioned above, the choice of the
identification methods has to take into account that such dependencies
exist. Thus the test signal frequencies used by the identification should, on
one hand, be located in the same range as the frequencies at which the
models are operated later. On the other hand the test frequencies have to be
selected for current displacement effects not invalidating the identified
parameters. For this reason methods with predefined appropriately
selected excitation frequencies will be preferred for the concrete
identification methods in the following sections. The parameter estimation
is essentially accomplished by evaluation of the frequency responses of
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current and voltage. The identification shall be implemented without
voltage measuring sensors, and the voltage has to be estimated from the
control signals of the inverter.

For the decoupled identification of the parameters, a further criterion for
the choice of the excitation frequencies results from the consideration, if
possible, not to influence the identification of one parameter by inaccurate
other parameters. This suggests to optimize the excitation frequencies by
evaluation of sensitivity functions.

The test signals for the parameter identification are produced by
frequency inverters. These have a non-linear current-voltage characteristic
because of the effects of blanking time, switching delays and voltage drops
over the semiconductor switch primarily at small voltages. Just in this
voltage area the parameter estimation takes place because of w = 0.
Therefore, the current-voltage characteristic of the inverter must be
considered in the model, and also identified for a generally usable
identification algorithm. Because of the abandonment of voltage
measuring sensors this measure is also imperative for an adequately exact
voltage feedback.

The corresponding principle structure of the off-line parameter
identification is shown in the figure 6.14.

6.4.2 Current-voltage characteristics of the inverter, stator
resistance and transient leakage inductance

As indicated already, a great importance for the precision of the
parameter identification for inverter feeding and abandonment of special
measuring sensors relies on the voltage capturing. Blanking times and non-
linear current-dependent inverter voltage drops have to be considered as
error sources which have an effect in particular at small voltages and
around current zero crossings. The suppression of their effects on the
parameter identification is taken care of in two ways: Firstly by an
appropriate choice of the excitation signals, and secondly by embedding
the inverter characteristics into the motor model.

Suitable excitation signals are discussed in the context of the individual
identification methods specifically. The stator voltage equation is amended
by an additional current-dependent term to consider the inverter voltage
drops u.(i;) in the motor model and looks in the stationary case with w= @,
=0 as follows:

u (i) =u,(i;) + R (6.77)

At first the measurement of the complete characteristic u(i,) is carried
out point wise by impression of DC currents. It has qualitatively the
appearance of the dotted curve in figure 6.15. Because of a possible
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unbalance of the motor an averaging of the measurements from single tests
of the three phases is advisable. Assuming that the voltage increase at high
currents is only determined by the linear portions of the voltage drop, the
stator resistance can be calculated from the ascent of the current-voltage
curve at high current:

u

R, =12 (6.78)
L1 — 152

The then known linear term is now eliminated from (6.77), and the non-
linear characteristic remains. For the non-linear inverter voltage drop u.(i;)
different approaches with constant and/or exponential sections have been
proposed in the literature (cf. [Baumann 1997], [Rasmussen 1995], [Ruff
1994]). To avoid the on-line evaluation of exponential functions, a
piecewise-linear approximation also can be carried out. A characteristic
which also is represented qualitatively in figure 6.15 (solid line) is

obtained.
u, t LRI

»
i
Cl
-
o

g u,(i.)

Fig. 6.15 Inverter current-voltage characteristic

The actual compensation is made by a sign and phase correct addition to
the voltage reference values, similarly like described in section 2.3.3 for
the protection time compensation. With u_, =u_(iy,), u,, =u_(i;,,) and

u,, =u,(i,,) the following voltage components are obtained in stator-

fixed coordinates:
1

Uy = Z(zuzu —Uy — uzw)

(6.79)
uzﬂ = > (uzv - uzw)
4

To measure the transient leakage inductance a short voltage impulse is
applied to the stator winding, and the current gradient is measured. Since
the time needed for this test pulse is very short, and the process is barely
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noticeable, this measurement can be carried out also outside a special
identification run. The leakage inductance arises from:
CusAt
O—LS = . .
A
For an appropriate width of the voltage pulse and measurement over the
complete current slope a good average inductance value will be obtained.

(6.80)

6.4.3 Identification of inductances and rotor resistance with
frequency response methods

6.4.3.1 Basics and application for the identification of rotor
resistance and leakage inductance

By impressing a sinusoidal current into the stator all desired motor
parameters can theoretically be identified by measuring the waveforms of
currents and voltages and subsequent frequency response analysis.
However, before applying this method some preceding considerations are
necessary which follow up the preliminary remarks and determine the
most suitable environment.

The demand for an identification at standstill, and therefore the demand
that no torque must be developed, can be fulfilled by a single-phase
excitation.

The estimation of the stator impedance requires an exact acquisition of
the current and voltage fundamental waves. The compensation of the
inverter nonlinearities is decisive for the quality of the identification
results because of the low voltage amplitudes at standstill (cf. section
6.4.2). Furthermore [Biinte 1995] worked out, that the remaining error
only has an effect on the real part of the measured impedance, if the
impressed current is sinusoidal. The latter is achieved if the identification
is performed in the closed current control loop. Furthermore the current
should, if possible, be free of zero crossings because the largest deviations
from the sinusoidal form arise in the zero crossings.

A zero crossing free current can be produced by overlaying the sinus
reference with a direct current component. This component is reasonably
chosen close to the nominal magnetization. This corresponds to a direct
current pre-magnetization, and a main field excitation alternating
permanently around the working point is produced by the single-phase
sinusoidal excitation. Therefore the derivation of the transfer function has
to start out from equations of the saturated machine (6.40), (6.41) and
(6.43). Because of @ = 0 these equations are simplified to a great deal. In
addition, the excitation only takes place in the ¢ axis so that the dimension
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of the equation system is reduced to one. Under these prerequisites the
following transfer function between stator voltage and stator current can be
derived by elimination of i), ('s = Laplace operator):

uﬂ:bﬁb,swzsz

6.81
igg, 14+a;s (681)
! Rs
by=Ry;b;=(L, +1,) g
_ LO' ' o L'm +La
b=ty 41, oy = B e
In the steady-state operating condition (s — jw,, @, ... excitation

frequency) the equation (6.81) can be written as a complex impedance:

g, - lee Botlabbor ) b by tabol g
=i, 1+a;o? ‘ 1+alw?
or
R,(a)eﬂm)Z ' (weEm)Z(Em + LG)
Zsst+ 2+ja)e Lm+Lo'_ 2
Rr2+a)§(L'm+LO') Rr2+a)f(L'm+L0)

(6.83)
Under special conditions for the excitation frequency the formula (6.83)

e'r

could further be simplified. For example, with U(w T )2 >>1 it can be

written:
Z,~R,+(1-0)R, + jw,0L, (6.84)

This equation would be very comfortable for the calculation of the rotor
resistance and leakage inductance. The excitation frequency should be
within the range of at least 25 Hz, though. Here the current
displacement effects in the rotor already have a considerable magnitude
and markedly distort the estimated value of the rotor resistance. Under
certain assumptions these effects could be taken into account by an
additional approach. The safe way, if more than the leakage inductance
shall be identified, consists, however, in the evaluation of the complete
equation (6.81).

For the estimation of the four parameters of (6.81) current and voltage
values have to be captured after achieving the steady-state operating
condition over at least one period of the fundamental wave at two
excitation frequencies @,; and @,. Harmonics are conveniently



Automatic parameter estimation for IM in standstill 217

suppressed by discrete Fourier transformation of the measurement values.
Two complex resistance values are the result:
Zy(w,)=c+jd

) (6.85)
Z 5 (@,5) = ¢y + jdy
The coefficients of (6.81) can be calculated as follows:
a = weZdI _weld2 (686)
We1We2 (Cz - 01)
d,
bl :_+C2a1 (687)
We2
22 22
&) (1+a1 Wez)_cl (1+a1 wel)
bz = albl + ) 5 (688)
Wel — We2

Solving to the actual machine parameters is elementary. The obtained
value for the differential main inductance Lm', however, is not immediately
usable because only a small area of the hysteresis curve is passed through
at every direct current working point and the gradient at this point does not
or only at strong saturation coincide with the gradient of the actual
magnetization characteristic. To identify the main inductance the
frequency response method has to be adapted specifically (cf. section
6.4.3.3). The value for by contains apart from the stator resistance the
uncompensated inverter-caused voltage errors, and is therefore not
representative as an estimate.

For the determination of the current dependency of the leakage
inductance (saturation characteristic) a separate series of measurements is
required because the magnitude of the current must be varied without pre-
magnetization. Because of the zero crossing errors the received values
differ a little from the leakage inductances found with DC offset. Because
no general function for oL can be given due to the different leakage
saturation behavior, a linear approximation between the test points or a
polynomial approximation may be used.

6.4.3.2 Optimization of the excitation frequencies by sensitivity
functions

Depending on the excitation frequency, changes of a motor parameter
effect the frequency-dependent complex impedance Z; in the equation
(6.83) with different strength. This behavior can mathematically be
described by the sensitivity function E(p) of the complex impedance Z;
regarding a parameter p. For the separate investigation on the influence on
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real and imaginary part of Z;, the sensitivity function is calculated one by
one for real and imaginary part respectively:

oIm(Z,) s

Ei(s) = s Im(Z,) 690)
_0dRe(Z,) s

() = Rez))

After some transformations the following equations result:

W?L2 R2(3Em i 2L0) + w;‘ﬂm(ﬂm + 2L0)(Em + Lg)2 oL

Ey(L,)=|1-——— . 3 R
(R,2+a)§(Lm+LU) ) =
(6.91)
wzz;(zef_(zmwa)z) . o
E(L,)=|1- ' [t (6.92)
(Rf +@}(L, +L,) ) =
2R}L}(L,+L,) R 6.93)
EI(Rr)= ' 9\2 Irn(Z ) ’
(Rf + 0 (L, + L) ) =
wzzz(wZ(z AL )2—R2]
e—m e m o T Rr 6. 4
Eg(R) = ' N Re(Z) (6.94)
(Rf +o(L, +L,) ) =
_zwgﬂi(zm +L0')Rr a)eL(, (6 95)
ER(LO'): ' 9 2 Re(Z ) '
(Rf+a)f(Lm+La) ] =

For reasons which will be discussed in the next section, the sensitivity
function of the real part regarding L, is not of interest. For one example
the sensitivity functions are represented in figure 6.16. The typical
qualitative characteristic can be transferred and generalized to other motor
power ratings.

Values between 2 and 12 Hz prove to be suitable excitation frequencies
for the identification of rotor resistance and leakage inductance. The
frequencies are still low enough to neglect current displacement effects, on
the other side however, adequately high to achieve a decoupling of the
main inductance. Optimal values to estimate the main inductance are in the
area from 0.1 to 0.4Hz.
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An exact pre-computation of optimal excitation frequencies with the
help of the sensitivity functions, however, is not possible because these in
turn contain the parameters to be identified. But an iterative optimization
of the excitation frequencies within several identification runs is
possible, thereat no more than 2 - 3 iteration steps are generally required.

1.2 : . :
Epl E(L) . . E(L.)]
0.8 bovomeeeaannn f f . : ...............
- . : ER)|

04 Lemoaae. : — g
0 f-- J A.gl==:‘:-.--}: .......... -

' e Eq(L.)

04 e
0.01 0.1 1 10  f.[Hz] 100

Fig. 6.16 Sensitivity functions of a 3kW motor

6.4.3.3 Peculiarities at estimation of main inductance and
magnetization characteristic

Also the main inductance can be identified by single-phase sinusoidal
excitation like leakage inductance and rotor resistance. The hysteresis
problem mentioned in the previous section can be solved by working
without direct current offset. Because of the necessary lower excitation
frequencies, zero crossing errors have a less strong effect. Because
the voltage measuring errors primarily distort the real part of the measured
impedance, only the imaginary part of (6.83) is used for evaluation.
Because the imaginary part is mainly determined by the phase shift
between current and voltage, this phase shift must be measured with
sufficient accuracy which in turn sets a lower limit of approximately 0.1
Hz for the excitation frequency. At this time R, and L, are assumed as
known parameters.

Solving the equation (6.83) yields for the main inductance:

R+ X5 +2X,(X, ~Im(Z,))~ \/(Rf - X2)’ ~4Im(Z,)R(Im(Z,) - 2X,,)
L =
" 20,(Im(Z,) - 2X )

(6.96)
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Because the stator current is divided between inductance branch and
rotor, the exact magnetization current has to be calculated:
2 2
=iy | er LRI (6.97)
R +w; (L, +L,)

Different operating points on the magnetization characteristic are
adjusted by different current amplitudes. It has to be taken into account
that the identified main inductance is not identical with the effective main
inductance at three-phase excitation. The reason is that the magnetizing
current has constant amplitude at three-phase excitation, but changes
sinusoidally at single-phase excitation. The amplitudes coincide for the
two cases. The voltage at single-phase excitation is distorted due to
saturation. The amplitude of its fundamental wave evaluated for the
frequency response does therefore not represent the instantaneous
maximum value of the magnetic field strength correctly. The described
relations are qualitatively represented in the figure 6.17.

A

"l"

u

m3 m1

Fig. 6.17 Single-phase and three-phase
i, main inductance

In [Klaes 1992] the difference between single-phase and three-phase
inductance is compensated by a constant factor established heuristically
which subsequently compresses the scale of the magnetizing current or
flux axis. An interesting systematic solution was described in [Biinte
1995]. It assumes that single-phase and three-phase inductance curves

L,( 1) and L,;3(i,) can be described by polynomials of the n-th degree in
the following form:

~ & ~k . & &
L) = ay s Lys(,) =) ayi, (6.98)
k=0 k=0

The single-phase main inductance L,,; is calculated for a sinusoidal
magnetizing current i,(f)=1,sinw,/ from the continuous Fourier

coefficients of the fundamental of the magnetizing current, and the voltage
drop over the main inductance u 1 from:
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m/w, m/w,
WLyt [ i, @Osinwtdt= [ u,(t)cosw,t dt (6.99)
0 0

Furthermore the following equation applies for the voltage over the
main inductance:

dy dL,;(@i,) di

u,()=—L=—F0 + 1 .3,)—" 6.100
w0 ds de * 3 () ds ( )
After substituting, processing of integrals and comparison of

coefficients the result is:

k/2
2 ﬂ for k even
_ —020+2
alk :bka3k Wlth bk = 4(k+1)/2 21 (6101)
= 11 else
T I=1 21“‘1

For the above mentioned second method of the adjustment of the
characteristic by coordinate axis compression, power-dependent
compression factors:

i3 =chiyy mit ¢, =4b, (6.102)
with values of ¢, = 0.85 ... 0.88 for a polynomial degree » = 3 can be
derived. Thus this method also should provide a useable characteristic

transformation. The polynomial approximation is obtained from the single
measurements by applying least squares approximation (cf. section 12.3).

6.4.4 ldentification of the stator inductance with direct
current excitation

The basic concept of this method is derived from the fact that at
impression of a direct current into the stator windings a part of the
applied voltage is consumed by the stator resistance, the other part is used
to build the stator flux. From the stator voltage equation:

d,
u, =R, + dd;é (6.103)
and after integration for the stationary state it follows:
[ugde=R, [i,dit+L (6.104)

Because the leakage inductance and the stator resistance are known
from the previous measurement, the main inductance can be calculated
from that theoretically without difficulty. Offset errors, stationary errors of
the voltage measurement or an incorrectly estimated stator resistance can
be eliminated, if the integral term on the right side of (6.104) is replaced
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by the stator voltage in the steady state condition (£ — o). In time-
discrete notation the computation equation of L, with the sampling period
T, the time step k and the total integration time N7 is:

Tius(k)—us(oo)NT
[ —_k=0

S

6.105
is(c0) (109

For the determination of the complete magnetization characteristic the
identification is realized at different current levels. Because different
single tests, particularly at small currents, partly show a considerable
scattering of measurements, an averaging of the values from several tests
is recommendable. The measurement should be carried out in all three
windings to eliminate machine unbalances.

The figure 6.18 shows finally some measurement results. The values for
the stator inductance L from alternating current and direct current methods
delivered by the identification are plotted together with the results of the
no-load test. The consequences of voltage measuring errors are most
distinctive particularly at small currents and simultaneously small voltage
amplitudes. A very good correspondence to the no-load characteristic is
shown in the area of high saturation. Altogether, the precision of both
methods can be considered as sufficient for the purposes of the self-tuning.
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Fig. 6.18 L, identification for a 5kW motor: no-load test (+), direct current
method (o), alternating current method (X), solid line: four-parameter model from
no-load measurements (regressed by polynomial of 3rd order)
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7 On-line adaptation of the rotor time constant
for IM drives

A typical problem of the field-orientated control consists of the system
having to evaluate the actual value of the rotor flux without flux sensors
through a model from the measurable terminal quantities of the motor and
the speed (cf. section 4.4). The often used current-speed model contains
the rotor time constant of the motor as an essential parameter whose exact
knowledge influences decisively the quality of the control. This fact and
the working point dependence of this parameter motivate the introduction
of special measures to primarily compensate the temperature dependence
of the rotor resistance. To achieve this, two approaches are in principle
conceivable: Either the rotor flux model can be completed by an on-line
adaptation method which corrects the rotor resistance permanently, or the
rotor flux is estimated by an observer which is insensitive against
variations of the rotor resistance. The first approach is subject of this
chapter.

In the first section the range and effects of temperature-dependent
changes of the rotor resistance on other characteristic quantities are
examined. A summary of published compensation methods follows.
Thereafter adaptation methods with a parametric error model are
discussed in greater detail. Such on-line adaptation methods use error
models for the tracking of the parameters which in turn contain at least
another two machine parameters. Their precision therefore also influences
the quality of the field orientation. Thus these dependencies form a further
main emphasis in the discussion besides adaptation dynamics and
problems of the adaptation in the non-stationary operation.

7.1 Motivation

When using the i;-@ flux model in field coordinates (cf. section 4.4) the
amplitude and phase angle of the rotor flux linkage (model quantities
indicated with ") are:
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d;md 1

ey —Fr(—lmd ‘l‘lsd) (7.1)
19_5' = (:Js =w ‘I‘ liq (72)
T; Imd
m

Thus the rotor time constant 7, is obviously the decisive parameter for
both dynamics and precision. Assuming an exact initial setting and the
possibility of an exact modelling of the rotor inductance, the rotor
resistance R, remains as not predictably variable parameter. Considering
the temperature coefficient and the possible change of the rotor
temperature it can be shown that a resistance variation of about 50% has to
be expected during operation. This undoubtedly causes a loss of quality in
the system behaviour. The size of it and its tolerability or non-tolerability
shall be examined in the following. The following criteria will be
analyzed:

e Stationary torque and flux deviation (or difference).

e Linearity between torque and torque-producing quantity (the torque-
forming current component).

e Dynamics of torque impression.

A faulty rotor time constant generates according to (7.2) a flux phase
error and thus a phase difference between model current and motor current
in the consequence:

i, =ise/", s =05 — 0, (7.3)

After solving into components, the equation (7.3) can be written as
follows:

= — g Sin
Igg = isd COSVs —isq SINVs (7.4)

lyg = ;sq cos Vs + isa sin U

Because the speed is measured and the slip has to adjust to the existing
load after dissipation of all transient processes, the slip values in the model
and motor are identical in stationary operation, and therewith the next
equation is valid according to (7.2):

i i

— - (7.5)
Ly T;, isd Tr

Using (7.4) and (7.5) the phase error 95 can be calculated as follows:




Motivation 227

tan O :[AT—’—lJLYi‘IZ (7.6)
r Isd +—=—1sq

0.6 0.8 1.0 1.2

Fig. 7.1 Torque errors caused by inaccurate rotor resistance: a) without main
field saturation; b) with main field saturation ( Tsg =isd 5 =mmmnn isg = 2iga 5 e

isg =3isa)

With the help of the stationary torque equation:

3. Ly
my, :EZPL—mlsdlsq (7.7)

relations can now be derived for the stationary torque and flux
amplitude deviation. After some intermediate steps the following formulae
will be obtained:

my L2 Ly T. 14 (w,T)?

m r r
= = 5 =~ (78)
my L po Tr 14+, T,)
W (1.9)
v,

After inserting (7 4) and (7. 6) into the torque equation (7 7), the torque

characteristic m,, (z sq) Will be obtained assuming constant l sd

~2 ~2
~ 27T . - > >
my, (z-sq)zisz—mA—wsdiwﬂ (7.10)

2 v Ty ~2 T; 2A_2
Isd +|=— lsq
T
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The equation (7.8) is graphically represented with and without the
consideration of the main field saturation in the figure 7.1 with the data of
an 11kW standard motor. Without saturation the equation (7.8) does not
contain any further machine parameters apart from the rotor time constant
deviation and therefore describes a generally valid relation. With the

consideration of the saturation there is also Ly, = L, for a wrong rotor

time constant in the model because of ;u =1, . As shown in the figure, the

saturation will have a weakening influence on the torque error at larger
load. The reason is that the fraction in equation (7.8) and the terms before
it describe contrary trends of the torque deviation. One of them
predominates depending on the load, also an approximated compensation

is possible, as in figure 7.1b for Esq = Dia.
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Fig. 7.2 a) Flux amplitude errors, b) Flux phase errors: by R, deviation (with
magnetic saturation);

isg =lsd 5 =====- isg = 2isd s T isq :3isd

The size of the torque deviation is approximately half as large as the
model resistance error at nominal operation and therefore actually
remarkable. Whether a too small or too big model resistance represents the
more critical case can be recognized in connection with the flux deviation.
The corresponding characteristics using (7.9) and (7.6) are shown in figure
7.2.

For a speed controlled drive the motor torque to be produced will
correspond to the load torque in any case. If the rotor flux is weakened by
a wrong orientation, a higher current must be applied to achieve the
demanded torque which can possibly exceed (at full load) the maximum
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inverter current and then leads to premature breakdown or the drive not
reaching its rated speed. According to figure 7.2a this is the case for a too
big model resistance. With a too small model resistance, a flux increase
will follow which at corresponding speed causes a premature approaching
the voltage limit. It is possible that the reference speed can not be reached
at nominal torque, and the error of the rotor time constant leads to a
reduction of the available power. Because the drives are usually designed
with a current reserve on the inverter side, but the voltage of the DC link
cannot be increased beyond a certain limit, the second case (small model
resistance) has to be classified as the more critical one.

E : ! /
m : : L/
Nm : X : |
80 -------- . J:- -------- . AR
40 F-aemone R

~ : :
0 L i
0 10 20 30 s

Fig. 7.3 my,(isq) characteristic: — Ry =R, , --- Rr =0.66R, , - Rr =1.33R,

The depicted area of the 7, deviation is approximately within the
temperature-dependent limits which can be practically expected, if with
regard to the initial settings of 7, the following two cases are considered:
On one hand an initial setting on the cold machine, in which case an
increase of the rotor resistance by 50% has to be taken into account during
operation; and on the other hand an initial setting on the medium-warm
machine with an operation dependent resistance change of  25%.

For the pictures 7.1 and 7.2 three different load cases were analyzed in
which the largest load approximately corresponds to the rated torque.

For a speed-controlled drive without high dynamic and precision
demands the appearing flux and torque errors are probably tolerable. A
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superimposed speed control will compensate stationary torque errors. With

adjustment on the warm machine an unintentional flux increase and power

reduction will be avoided. However, depending on technical conditions

and demands on the drive quality and on the intended optimization goals

the expected errors could become too large and therefore no more

acceptable. Such cases can be:

e The current reserve of the inverter is so small (or there is no overrating
at all) that a flux weakening caused by wrong orientation really leads to
a prematurely reaching of the current limit.

e An exact control of the state variables at variable rotor flux and in the
field weakening becomes impossible.

e Drives which require an exact torque impression cannot be designed
without additional measures. This becomes clear also by the stationary

characteristic m,, ( ;5(1 ) in figure 7.3.

e The recommended operation to avoid power reduction with a reduced
flux automatically leads to an increase of the slip, and thus to a worse
efficiency.

p A
] ~
m —_—=
Rr
40 - T— 0.66
P — 1.0
J 1.33
20 A
T L] T T L] >
400 800 t[ms]

Fig. 7.4 Dynamic torque impression at faulty adjustment of 7,

The figure 7.4 shows the influence of a wrongly adjusted rotor time
constant on the dynamic torque impression in the constant flux area.
Because the rotor flux remains constant in the first instance after the
reference step, the actual torque responds non-delayed in the first place as
in the case of correctly adjusted parameters. The following settling process
is determined by the transient of the rotor flux and is finished if the rotor
flux also has reached its new stationary state.
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Thus the consequences of a wrong adjustment are less serious in the
dynamic case in the basic speed range. Altogether, the stationary torque
and flux errors represent the more serious effects and ask for the search of
compensation measures in high quality and highly utilized drives.

A high-dynamic torque impression is not conceivable in the field
weakening or at low voltage reserve without an exact machine model,
though. These issues will be discussed in chapter 8 more thoroughly.

7.2 Classification of adaptation methods

Because of the significance of an online adaptation of the rotor time
constant outlined in the previous section these problems are a standard
topic of the pertinent technical literature with a mass of papers since the
first publications about FOC. An overview is found in [Krishnan 1991] for
example.

On-line adaption of rotor time constant

With supplementary signal Without supplementary signal

Model method Non-linear observer Use of special signals
and maschine states

]

Linear faults Quadratic faults Deterministic Stochastic
(Luenberger observer) (Extended Kalman Filter)

Fig. 7.5 Systematization of the methods for online adaptation of the rotor time
constant

Because of the variety of different methods, only a certain group,
namely the model methods with different kinds of error signals, shall be
dealt with in detail subsequently. At first, a general survey will be worked
out comprising a systematization and summaries of characteristic features
to give to the reader a broader insight and the possibility to analyze the
subject more deeply with the help of secondary literature. The figure 7.5
only shows a rough classification. In this picture only adaptation methods
which work without physical changes on the motor (additional windings or
the like) are included.



232 On-line adaptation of the rotor time constant for IM drives

a) Methods using additional signal injection

The classic method in this group was published in [Gabriel 1982]. It
uses the property of the rotor flux process to low-pass filter high-frequency
disturbances in the flux forming current and therefore to keep the torque
un-effected from such signals. But this is only valid in the case of exact
field orientation, if the flux forming current does not directly contribute to
torque production. If consequences of a high-frequency pseudo-noise
signal injected on the flux forming current are provable in the torque (by
correlation calculation), the field orientation is not exact and the noticed
error can be used for the correction of the rotor time constant. A similar
approach is used in [Nomura 1987]. A higher-frequency sine-wave signal,
however, is fed into the d axis instead of the noise signal.

In the method described in [Chai 1992] with spectrum analysis the
supplementary signal is added to the reference value of the rotor flux. At
the same time, flux and torque forming current components are controlled
in such way that no disturbance of the torque takes place. The suitable
choice of the harmonic frequencies to be evaluated in relation to the
stationary stator frequency enables an on-line emulation of the classical
short circuit and no-load tests using simple algebraic equations for the
parameter calculation following digital Fourier transformation of the
measurement values. The method was used for the online adaptation of
resistances and leakage inductances. Because of the harmonics produced
additionally by the saturation, an estimation of the main inductance is not
possible.

The method [Sng 1995] which was especially developed for extremely
low speeds works similarly. A MRAS estimator for the rotor time constant
is combined with an on-line estimation for resistances and leakage
inductances which is excited by a high-frequency sine-wave signal.

A method which uses harmonics produced by the inverter as excitation
was finally published in [Gorter 1994]. These harmonics are in the range
of 300....600Hz. The rotor resistance, the leakage and main inductances are
online-identified using the RLS method. The required linear machine
model was derived by transition into rotor coordinates and use of a stator
current - stator flux model.

b) Methods using models

The methods of this group work according to the model reference
principle. A physical quantity of the motor is calculated by two different
and independent models, and an error signal is derived from the output
signals of both models. This error signal works as a driving quantity of an
adjusting controller which corrects on-line the rotor resistance, rotor time
constant or other parameters as well. Of course, the designed error signal
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must depend on the parameter to be estimated in a way which supports an
unambiguous tracking. Input quantities of the models are measured
terminal quantities of the machine, whereby a sub-model can immediately
be identical with a measured quantity. In different ways stability
considerations can be included, for example through an observer approach
or by exploiting the theory of model reference adaptive systems (MRAS).

The methods described in the literature differ from each other primarily
by the choice of the physical quantity used for the calculation of the model
error. Furthermore it can be distinguished between the linear and quadratic
error signals. Linear error signals are formed from stator current
components [Pfaff 1989], [Reitz 1988] (in this publication all parameters
are adapted by an adaptation law designed according to the Gau3-Newton
method), stator voltage [Dittrich 1994], [Rowan 1991], motor EMF
[Kazmierkowski] or rotor flux [Ganji 1995]. Also the method described in
[Fetz 1991], which works with a field-orientated open-loop current control
and an adaptation signal derived from the output signal of a current by-
pass controller implicitly uses the stator voltage components as reference
values. Estimated and measured stator current trajectories are compared in
[Holtz 1991] to calculate all machine parameters and rotor current
components by using a gradient method.

Quadratic error signals can be derived from the amplitude [Rowan
1991] or the phase angle [Schumacher 1983] of the stator voltage or the
motor EMF, from the air gap power [Dolal 1987], the active and/or
reactive power [Dittrich 1994], [Koyama 1986], [Summer 1991], [Summer
1993], from the electrical torque [Lorenz 1990], [Rowan 1991], the
magnitude of the stator flux [Krishnan 1986] or from especially designed
signals [Vucosavi¢ 1993], [Weidauer 1991].

c) Non-linear observers

These estimators also could be assigned to the methods with additional
signal injection as far as extended Kalman filters (EKF) are used for the
parameter estimation, because here the harmonics produced by the pulse-
width modulated voltage are partly used as excitation signal [Zai 1987].
For the classification carried out at this place the observer approach shall
play, however, the decisive role.

Compared with simple model methods, an observer approach offers the
possibility of predicting the dynamic behaviour of the adaptive system in
certain limits, and of targeted adapting the feedback matrix. Furthermore,
certain properties like the robustness of the system, can be influenced by
the suitable choice of the feedback matrix. The parameter adaptation is a
by-product to the actual task of the observer, the flux estimation.
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When state observers are used for parameter estimation at the same
time, non-linear or extended observers [Zeitz 1979] arise. A complete
observer for the electrical quantities of the induction machine with
inclusion of one parameter would have the order of five. Because the
currents usually are being measured, the order of a reduced observer (flux
and one parameter) is cut down to three, and the realization expenditure is
substantially more favourable. The observer error essentially corresponds
to the stator voltage component error model mentioned above. Observers
of reduced order with parameter adaptation are described in [Dittrich
1998], [Nilsen 1989], [Schrodl 1989].

As opposed to Luenberger observers, Kalman Filters (KF) or Extended
Kalman Filters (EKF) take into account stochastic uncertainties of the
system and measuring errors for a combined state and parameter
estimation. As already mentioned they can also work with stochastic input
signals. The realization effort is, however, considerable. Although the
asynchronous machine represents a deterministic system, a number of
papers have been published on the application of EKF [Atkinson 1991],
[Loron 1993], [Pena 1993]. [Du 1993] is to mention as an interesting
contribution on the topic of applying extended observers or EKF’s.

d) Evaluation of special signals and machine states

All methods which work without injection of an additional signal and
can not be assigned to other groups shall be assigned here. So [Vogt 1985]
evaluates the speed oscillations caused by torque vibrations from an
inaccurately adjusted rotor time constant. The method described in [Hung
1991] calculates the rotor flux and a correction signal for the rotor time
constant from the third voltage harmonic caused by the magnetic
saturation, and therefore independent of rotor parameters, this under the
assumptions of an exact voltage measurement, operating the motor in the
saturation and star-connection of the windings.

An essential weakness of the methods with additional signals is
certainly the influence on the normal operation which can really have a
disturbing effect, even if the torque remains undisturbed as indicated in
[Chai 1992]. The adaptation can be carried out only in the stationary
operation; a general proof of stability is barely possible. Furthermore great
care is required to ensure that only answers to the excitation signals are
actually evaluated and no harmonics and disturbances caused by other
influences (saturation, mechanical oscillation). On the other side, an
identification of the rotor parameters is also possible in no-load operation
[Chai 1992] with appropriate design of the excitation signal.

This is fundamentally impossible for methods without additional signal.
Furthermore it cannot be assumed that the signals appearing in the normal
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operation have an adequate information content suitable to carry out a
multi-parameter identification (what is not intended in the context of this
chapter, though). Error models for the identification of the rotor time
constant always contain other machine parameters which decisively
influence the precision of the adaptation. On the other hand an adaptation
is conceivable and theoretically also possible in the dynamic operation.
The system behaviour including stability can be designed and assessed in
an uniform approach, at least with certain limitations (e.g. partial
linearization).

7.3 Adaptation of the rotor resistance with model
methods

In this section some approaches from the group of the model methods
shall be discussed in more detail, whereat for design and stability analysis
principles of the nonlinear observer theory will be applied. Linear and
quadratic fault models (reactive power) are included. The online
adaptation is focused on the compensation of temperature variations and
therefore on the rotor resistance. The state variable dependent main
inductance is adjusted in feed-forward mode. If the adaptation is
implemented primarily for the optimization of the stationary operation, an
immediate tracking of the rotor time constant as a whole is also
conceivable and sufficient.

The observer is designed from a linearized process model based on a
local approach of the system at small state errors. This approach is justified
because a state observer is designed for the purpose to keep deviations
minimal between observer and system state variables. Prerequisite is that
the initial values of the observer states are chosen accordingly, i.e. close to
the actual system states.

All fault models contain besides the rotor resistance at least two further
machine parameters whose precision fundamentally influences the
adaptation error and with that the precision and stability of the adjustment.
For this reason corresponding sensitivity studies will occupy a relatively
wide room in the following considerations.

In principle it is possible to implement the online adaptation like the
flux model in arbitrary coordinate systems. But because the flux model
was already established in the rotor flux orientated coordinate system, and
thus the rotor flux is immediately available in this system, the adaptation
methods are also designed in field-orientated coordinates.
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7.3.1 Observer approach and system dynamics

As already indicated, the adaptation algorithm shall be designed using
the theory of non-linear observers. This approach has the substantial
advantage that the adaptation dynamics and stability can be examined in a
uniform design procedure. The design is carried out for a linearized system
in quasi-stationary operation. The essential design prerequisites are:

e The observer is designed exclusively for the rotor resistance, therefore
being the only state quantity.

e For the analysis of the observer dynamics the steady-state condition
with regard to the rotor flux vector is assumed:

by =lgy,im = isd,Os = Vs — v, = const (7.11)
It has to be made sure for the functionality of this approach that the rotor
resistance observer is assigned a sufficiently slow dynamics ensuring a
dynamic decoupling to the remaining system. For the compensation of
thermal resistance changes such a dynamics is completely sufficient.
With these prerequisites, for the system state and output equations can
be written (for clarity the current time step k is written as an index in the

following equations):
Rr,k+1 = Rr,k
Vi =h(R, ;u;)

Here y is the output vector, and u is the input vector of the system.
The output equation represents the equation of the later error model.
Therefore the distinction between input and output quantities has not to be
understood in the strictly literal meaning. Both vectors are assumed multi-
dimensional in the general case.

The observer for this system is formulated as extended Luenberger
observer [Brodmann 1994], [Zeitz 1979]. It consists of a model of the
system and a linear, but state variable and time dependent feedback of the
output error (difference between model output and system output vector)
to the observer state:

Rrji1 =Rrk —K(Rrj,u,)" ()A’k - Yk)

(7.12)

~ R (7.13)
Y. =h(Rrk,uy)
The equation (7.13) corresponds to a general adaptation approach with
the adaptation fault

& = —kRriu) (v, — i (7.14)

in the structure of the figure 7.6. For the following design procedure two
tasks remain:
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e Specification of a fault model — subject of section 7.3.2.
e Design of the observer dynamics by determination of the weighting or
feedback vector k.

=)

Adaptat10n gain
Adaptatlon faults

— Stator voltage equation
— Power balance

— Torque

— Stator flux

Fig. 7.6 Rotor resistance observer

The dynamic analysis is carried out using the difference equation of the
observer error:

Rriest = Redert — R gy = Rek —k(Rrseyuy) (&k - yk) (7.15)

If suitable starting values which already are close to the system state are
chosen for the observer state, being the rotor resistance, the design can be
performed by a local analysis following the linearization around the model
state. Then the equation (7.15) can be written as follows:

7 Oh

Rrjs1=|1— Rrk (7.16)

T \Ry ke ,uy,

From this a relation for the linearized output error can be derived by
comparison with (7.13):

~  0Oh

Y = R

7

Rr (7.17)

Rr,k SUy
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The actual design of the fault dynamics is carried out with help of the
characteristic equation of the linearized fault system. This is in the z
domain:

kT =0 (7.18)
OR, |
rok Wy
or with (7.17):
1+ kT 2 (7.19)
Rr,k

From this the coefficients of the feedback vector k can be calculated
using the corresponding terms for the special error models. The most
important design goals consist of achieving a time-invariant and system
signal independent fault dynamics and of obtaining a stable transient
response by specification of a constant eigenvalue z;. In addition, to satisfy
the demand for adequately slow adaptation dynamics (dynamic decoupling
to the remaining system) z; should fulfil the equation:

0<l—z <%Al (7.20)

p

For all simulation and test examples given subsequently the value of the
upper limit was used respectively.

Because the observer is designed in field-orientated coordinates, the
coordinate transformation is an integral component of the model.
Therewith actual input quantities are currents and voltages in stator-fixed
coordinates. If the observer equations are formulated and designed
nevertheless in field-orientated coordinates, it has to be taken into account

that the transformation angle % or the phase error J; is a function of the
state error R,. All currents and voltages in field coordinates depend
implicitly on R, . Therefore the equation for the linearized output error has
to be extended to the complete error difference:

BCLE I S
Y=or|. T ow

N

Vs (7.21)

Ry Ds
Here s is given by (7.6) for the interesting stationary case. For the
relation between the phase error and the rotor resistance, it follows then in

linearized form:

~ A~

PRI B S LA 3 (7.22)
OR; R=R, Rr i, +isq

Using
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i/ =ise /% (7.23)
the next equation will be obtained for the derivative of the stator vector
in field coordinates with respect to the phase angle:

al{ I f
= —jige Y =—Jiy (7.24)
a,ﬂs N \)
Analogously the following equation is valid for the stator voltage:
ou’ .
oy = e =—ju] (725)

N

7.3.2 Fault models

The stator voltage equations provide the first approach for the derivation
of the output equation and in due course for the observer fault. In addition,
the active and reactive power balance were chosen as an example for
quadratic fault models. The reason for this special choice consists in the
fact that characteristic model parameter constellations, which allow
representative statements also for other methods, are produced in the
context of these methods. These relations will be more exactly examined
in the next section. At first the fault models shall be assembled, and the
associated feedback coefficients shall be derived. The magnetic saturation
remains so far unconsidered, and linear magnetic conditions or a constant
rotor flux are assumed. If the saturation of the main inductance shall be
taken into account for the adaptation in the field weakening area or for
rotor flux transients, the corresponding relations from section 6.2.3 have to
be used for the derivation of model equations.

7.3.2.1 Stator voltage models

In this case the system output equations can be derived immediately
from the time-discrete stator voltage equation of the IM in field-orientated
coordinates. To avoid the flux derivation it is started from the state
equation with Euler discretization (cf. chapter 3):

. oL, . . . .
us,k = Rsls,k + Ts<ls,k—|—1 - ls,k ) + ]wsUles,k
(7.26)
~(1= )R, (i —igs )+ w0 —0) L

Models which use voltage equations in d or ¢ axis or as a combination
of both components are practicable.
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a) Stator voltage model in d axis
The output equation of the system is obtained by using the real
component of (7.26):

oL
B . 5 (- .
Yagt =7 TUsak F Ryl i t= (lsd,k+1 - lsd,k)

1—
(7.27)
- Ustsisq,k - Rr (im,k - Z'sal,k ) =0
and the output error follows to:
- 1 ~ ~ oL 1 A
Vg =Yg =—|"Usdk + Riisak +— (lsd,k+1 — lsd,k)
l—0o T
(7.28)

- O—LSWS isq,k —Rr,k (lm,k - lSd,k)

To obtain the adaptation gain the linearized output error has to be
calculated using (7.17) and (7.19). The calculation is carried out according
to the assumption for the steady-state condition indicated by (7.11). The
explicit indication of the current time step is omitted subsequently. Using
(7.21), (7.24) and (7.25) it follows from (7.27):

Oh 1 . ; .
87::<—usq + Ryig, +0stszsd) =—w,L, (7.29)
S
Finally, the stationary linearized output error is found using (7.22):
N [ Im isq 3
yd :—WSTrlm ﬁRV (730)
Im + lsq

After substituting this expression into (7.19) the adaptation gain can
now be calculated with the predefined eigenvalue z;:
-2z
kg = = (731)

-5 l.ml.sq
W Trim SRR

Im + isq
b) Stator voltage model in q axis

Analog to the d axis model the output equation immediately results from
the imaginary component of (7.26),
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Vgt =7 | “Hsqk + Rigy k +0-_71:S(isq,k+1 - isq,k>
(7.32)
+oLwgigy i |+ wsLgiy, p =0
with the output error:
-~ 1 ~ - ol -
Ve =Yy :E —Usqk + Ryisqk + T (lsq,k+1 — lsq,k)
(7.33)

toLwgisdk|+weLimk

For the stationary linearized output error we obtain in the same way
with:

Oh 1 . ;
87 = l—0o (usd - Rslsd + O-stslsq ) (7:34)
N .
+wy Ly, = woLig,
the following equation:
N i., n Im isq }é
yq =Wl risq ~2 ~2 r (7.35)
Im +lsq
Accordingly the adaptation gain can be calculated as follows:
l—z
k, =— J
q ~ o~ G (7.36)
T3 m lsg
ws rlsg 2 9
Im + isq

c) Voltage vector fault model

So far several approaches have already been suggested in the literature
to combine both error components [Rowan 1991], [Schumacher 1983].
Thereat the amplitude or phase angle of the error vector was calculated.
Furthermore it is conceivable to simply add both weighted error
components derived above. However, this way shall not be followed here,
because in spite of more information flowing into the adaptation the
possibility to use the additional degree of freedom for dedicated
weightings of the error components will be given away. The combination
of the error components shall be aimed to define the dynamics with one
weighting factor and to balance the contributions of both error components
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to the total error with a second factor. The addition of both components
has to ensure that the sign of the total error (= adjustment direction of the
rotor resistance) is only determined by the direction of the resistance
deviation or the phase error, and not distorted by the combination of the
error components. The following approach is chosen:

€ag =k (Vg —Ya) _kql(yq — Vg)sighisg

= kg [(yd —Va) —kag (v, — y,)signisq (7.37)
kpy >0, ky>0

The adaptation dynamics is determined by k,;, and the error weighting
by kg, =k /kdl. By inserting (7.30) and (7.35) the linearized output

error is obtained to:

FEEN

imisq =
)—fz 5 R (7.38)
Im +lsq

;dq =W Ty (kdlgm +kq1 ;sq

At positive im the bracket term is always positive, and thus the above-
mentioned condition is fulfilled. The adaptation gain can be calculated as
follows:

1-— Z]
kg =— = (7.39)
o+ g ] 78

bsq|| 02
Im +lsq

The derivation of a suitable value for k,, is subject of section 7.3.3.

7.3.2.2 Power balance models

The first step at examination of an error model is to find out whether it
is suitable for the rotor resistance adaptation at all. This is the case if the
error signal proceeds steadily and there is an unambiguous connection
between the variation of the rotor resistance and the sign of the model
error. Particularly for error models of higher order these prerequisites are
not obvious. With the method used here to analyze the adaptation problem
with the help of the nonlinear state observer the corresponding proof can
be adduced very comfortably.

Unlike to the previous models, for the power balance methods the
system output vector is derived from the components of the complex
power. Starting point is the equation of the complex power:
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s= %usi: (7.40)
Neglecting the factor 3/2 it follows in vector notation:
Ugglog + Ul
s:[p]: SAd s (7.41)
q “Usqlsg + Usqlsa

The output or model equations are obtained after inserting the voltage
equations into (7.41). To simplify the representation they are written in the
following in time-continuous form. As in the case of the stator voltage
methods the dynamic analysis is carried out for steady-state condition
regarding the rotor flux linkage and the stator current (di,/d¢ = di,,/d¢ = 0).

a) Reactive power method
Following the described procedure the system output equation is:

_ dl _ di,
Yo = Ugglsg — Ugy sd+0L ds lsa — dt lsq +
+w Lol +(1-0 ] (7.42)
+ (1 — )wL iy, ( )
With:
Oh
819 =2(1 = o)w,Lyiyig, (7.43)
the following expression is obtained for the stationary linearized error:
22
3y =2(1—0)w, Ty 2R, (7.44)
im—+ isq
The adaptation gain then will be:
1—z
ky =— : P (7.45)
2w, Ty (1—0) 5"
im+ l.sq
b) Active power method
The output equation arises as described:
. i i disq .
Yw = TUgglsg — Usglyg +OL dl ] ds lsq +
2
+ Ry + (1= 0)w L, i, (7.46)

+ (1 — O')Rrisd (lSd — lm)
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For the stationary linearized output error and for the adaptation gain it
can be derived in the same way as above:

oh 2
5y =(1-0)ely (2 —in) (7.47)
N
- ) D c 7 ~
v =(1—0)w,T, [isq - im]%m (7.48)
im—+ isq
1—z
Y= 1 — (7.49)

o, T (1_0)[§§q _Ef,,];m’sjfz
i m + isq

It shall be noted that obviously the active power method cannot produce
any observer fault in the area i;, =i,,and therefore its usefulness is
limited substantially. Thus further consideration is abandoned.

7.3.3 Parameter sensitivity

All error models contain machine model parameters which practically
always show a certain deviation compared to the actual motor parameters.
This means, however, that at use of such a faulty model the rotor resistance
too cannot be estimated exactly. The knowledge of the relations between
model parameter errors and a wrong adjustment of the rotor time constant
resulting from these errors is therefore of essential importance for the
choice and assessment of an adaptation method. Such an analysis shall be
carried out now for the error models introduced in the previous section.

The vector of the error model parameters is referenced by f), and the
vector of the machine parameters by p . At first the adaptation is looked at

in stationary operation. Stability of the overall system assumed, the
adaptation algorithm will regulate the adaptation error to zero in every
case:
lim e(us,is,p)=0 (7.50)
t—00
For a speed and rotor flux controlled system, the system state and the
model state are unambiguously determined by the motor torque m,, (= load

torque) and by the set point LA,; (= im) of the rotor flux linkage. The

current component fsq of the model is adjusted by the speed controller

according to the required torque. The connection between system and
model currents is given by (7.4). A statement about the model parameter
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dependent adjustment error of the rotor resistance can be obtained if an
analytical connection:

Rr = f(myy, im, D) (7.51)
can be derived. Unfortunately, this is not possible in explicit form,

though, so that a simulation study or an iterative calculation must be
undertaken. A possible approach for the iterative solution consists in

computing the resistance error R, fora given f) for which the adaptation

error € becomes zero. This way the searched dependencies (7.51) can be
determined point-wise.

In the first step the model current component ;Sq shall be determined in
dependence of m,, and isq . For this purpose (7.4) and (7.6) are inserted

into the torque equation (7.7). After some rewriting the following
expression arises:

~ 32 ~
2 T, | 2| 3 I[AET,~~ (2 =2
My |isqg + Tr im :EZPL—’:'Trlmlsq [lsq +lm] (7.52)

which can be solved to ;Sq iteratively. After that the motor currents can

be calculated by (7.4), and after inserting the result into the stator voltage
equation the motor voltages will be obtained. With that the model voltages
are finally found out also by (7.4) making all required quantities for the
calculation of the model error complete. Unstable areas of the overall
system are indicated by the fact that no solution £=0 for a given
parameter mistuning exists. In a dynamic system simulation this case can
be recognized by the fact that no stable stationary operating point will be
reached.

The results of the sensitivity calculations for the error models introduced
above are summarized in figure 7.7. They were obtained by using the data
of an 11kW standard motor. The voltage vector error method still remains
excluded in this figure because the second weighting factor to be
determined shall specifically used for the robustness improvement.
Although the validity of the results remains limited to the used motor,
characteristic trends can be recognized, which result from the structure of
the fault models and which also are transferable to other motors.

In the calculations the model parameters Rs, L» and oLs were varied,
and the motor parameters were held constant. For the discrimination of the
parameter influences only one parameter was changed at one time.
Therefore it is practically definitely possible that divergent results arise by
the overlapping of parameter errors. A parameter variation range of
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-50%...+50% was examined for two characteristic rotational frequencies
(1.6Hz and nominal speed) and two loads (nominal torque and half
nominal torque). If a curve is not drawn over the full area, the overall
control system reaches a stable operating point only in the marked area.
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Fig. 7.7 (a) d axis voltage model, (b) g axis voltage model, (¢) reactive power
model: — Ry/R,, === L /L, , " oLs /oL, , top: @=10s1, bottom: w=300s"1, left:
m=73 Nm, right: m=36 Nm

At first all parameter mistunings have an effect on the adjusted rotor
time constant which thus represents a characteristic quantity representing
the parameter errors. From this it can be concluded to flux amplitude and
phase errors corresponding to section 7.1.

As a trend common to all measurements, it can be noticed that the
sensitivity to the stator resistance drastically decreases at higher
frequencies while the sensitivity to leakage and main inductance is only
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weakly or not frequency-dependent. This connection can be proved also
arithmetically [Dittrich 1994]. In the models where the leakage inductance
appears as a parameter (d axis voltage model and reactive power model)
the influence of the leakage inductance is strongly load-dependent and a
tendency towards a restriction of the stability area exists at increasing
frequency and too small model values.

Among the examined methods the reactive power model proves to be
the one with the most favorable robustness qualities despite the stability
problems at leakage inductance errors. These can be avoided if the leakage
inductance of the model is prevented from becoming smaller than the
leakage inductance of the motor. The complete independence on the stator
resistance must be highlighted as particularly positive.

At a more exact comparison of the results for the voltage models two
facts can be noticed: The stator resistance sensitivity curves show a
contrary trend, and at higher frequencies the main inductance or the
leakage inductance determine the sensitivity characteristic, with their plots
stretching from the third to the first quadrant.

From that it can be concluded, that it is possible to compensate the
sensitivity to R; almost completely if a combination of both fault models
according to the voltage vector fault model established in the previous
section is used. Only a certain balance of the sensitivity to the inductances
will be reached, though, thereat the primary objective consists in extending
the stability area. For the complete compensation of the R, sensitivity the
factor kdq in (7.37) should be chosen to:

i
kay == (7.53)
isq

The factor kdq must approach this value at low stator frequencies. For
weak load the weighting must be shifted to ()A/ 4 — Ya) because of the more

favourable ol characteristics of the d-axis model, and at rising load and
frequency a balanced weighting of both components should be obtained.
One possibility to achieve this characteristic is provided by the following
approach for the weighting factor kg,

kim +k,

/Z:Sq‘
— and ky, <1 (7.54)
+kL lm

gy (s 0 = =
Im +

i sq

with kR:I—ZM and k>0
Wen
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isq

_ ] [l gy

2wy im Iy

The factor ki has the effect that k,, will be shifted in the direction (7.53)
at low stator frequencies because &, also is small at low frequencies. At
rising load and frequency a balanced weighting of both fault components is
reached by k;.

ky

Fig. 7.8 Voltage vector fault model: —— R, /R, == Lu /L, , = oLs/oL,; top:
®=10s"1, bottom: @= 300 s71, left: m = 73 Nm, right: m =36 Nm

The obtained results are represented in the figure 7.8. The stator
resistance sensitivity is reduced drastically compared to the individual
methods, and the stability area extended significantly. The balance
between leakage and main inductance sensitivity can be described as
optimal in the upper frequency area. Also compared with the reactive
power method, a reduction of the leakage inductance sensitivity at high
frequency and strong load and of the main inductance sensitivity at weak
load is established.
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Altogether it is recognizable, that the influence of stator resistance
inaccuracies can be suppressed almost completely. Despite compensation
measures, the model errors of the inductances should not become greater
than 10%, though.

7.3.4 Influence of the iron losses

The iron losses are a parameter which generally falls into the category
"neglected or negligible quantity" at modeling for control design. This is
generally justified because the iron loss resistance lying virtually parallel
to the rotor resistance (cf. section 6.2.1) is about 1000 times greater than
the rotor resistance, and the consequences of the neglection still remain
acceptable for the normal operation of the field-orientated control. With
inverter feeding and accordingly higher eddy current losses however,
significant amplitude and phase errors of the rotor flux are already
provable [Levi 1994]. Furthermore, for some operating states and control
goals the perspective renders fundamentally different. One of these cases is
the adaptation of the rotor time constant.

At first this can clearly be explained from the stationary equivalent
circuit. The iron loss resistance is located quasi-parallel to the slip-
dependent resistance R,/s (section 6.2.1). Thus not R, but the parallel
connection of both resistances is estimated in reality. Particularly at small
slip values near the no-load operation Ry, reaches the range of R,/s and
influences the estimation result significantly.

In order to approach the problem quantitatively the equation system
introduced in section 6.2.1 is now pursued further. After some
transformations the following stator and rotor voltage equations in the
Laplace domain will be obtained assuming R;<<R; (G ... iron loss
conductance):

_ Rsix + O-Lsix (S + jws) + (1 - U)Lsim (S + jws)
B 1+ G oL (s+ juw,)
0=[1+(s+ jw, )T ]i,, — i, + G, (7.56)

The rotor voltage equation can be solved into real and imaginary
components:

u;

(7.55)

i —Geou
= sd fettsd (757)
14T,
i, —Gou
W =S4 TfeTsq (7.58)

g T.i

r



250  On-line adaptation of the rotor time constant for IM drives

The disorientating influence of the iron losses on the field orientation is
owed primarily by the G, term in the slip equation. The Rg, model error
produces an additional pl‘flase error, which also exists at no-load conditions
and overlaps the phase errors produced by a rotor resistance model fault.
Because all error models eventually derive their output error from the rotor
flux phase error, the rotor resistance estimator may yield completely wrong

results.
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Fig. 7.9 Measured R, estimation faults caused by iron losses

Some stationary measurements shall give a picture about the
quantitative estimation error to be expected at different loads and stator
frequencies. The results are shown in figure 7.9. For the R, estimation
the voltage vector error method is used. The ratio between torque and flux
forming current components i,/i,; serves as an equivalent for the motor
load. It can clearly be recognized that the misadjustment is most critical at
the upper limit of the constant flux area (greatest hysteresis losses). It
diminishes considerably in the field weakening area, and also with
increasing load. Altogether, it turns out that in stationary operation the
estimation error can be safely kept below 4% if the adaptation is only
allowed at current ratios of i/i;s > 1,5.

The conditions are more unfavorable in dynamic operation. The reason
is that after starting a transient the error due to the rotor time constant
difference is built-up delayedly, but the iron loss dependent error already
exists in the no-load state. Therefore a restriction of the adaptation to
appropriately great values of iy, proves ineffective. Only the inclusion of
the iron losses in the system equations according to the model in section
6.2.1 would make the additional error disappear completely.
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7.3.5 Adaptation in the stationary and dynamic operation

At first the adaptation algorithms were developed for the stationary
operation of the drive regarding current and rotor flux, and the parameter
sensitivity examinations were also carried-out for this operation mode.
Therefore it is interesting to examine, whether the methods can work
stably also in dynamic operation and are able to adapt the rotor resistance.
The discussion of the influence of the iron losses has already shown that
different properties have to be expected in dynamic operation with regard
to parameter sensitivity.

4 R, -R,(0) [0.03 C/div]

JEHi Adaptation release

i

i

t[5 s/div]

Fig. 7.10 R, adaptation cycles with voltage vector error method

At first the functionality of the adaptation shall, however, be illustrated
by some examples during stationary operation. The oscillogram in the
figure 7.10 shows a settling transient of the estimated rotor resistance after
a load step. The initial error of the model rotor resistance is 30%. As
already indicated in the previous section, the influences of the iron losses
can be suppressed by switching-off the adaptation at insufficient torque.
The detection of the stationary operation with adequate reliability is
relatively easy by using a high pass filter for the torque forming current
and the rotor flux. Together with the rotor resistance and the torque
forming current the figure shows this adaptation release.

As pointed out above, the proportion between torque and flux forming
currents is shifted by the rotor flux phase error at wrong model rotor
resistance. In the case without adaptation a slow drift of the torque
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producing current in the model, caused by the warming-up of the machine,
will be noticed at constant load until the thermal balance is reached. The
effectiveness of the adaptation can thus be shown by the torque forming
current keeping constant at constant load over long time. The oscillograms
in the figure 7.11 show the corresponding plots during a warm-up process.

t[100 s/div] t[100 s/div]

Fig. 7.11 i, and R, at constant load, iy, [10 A/div], R, —R.(0) [0.03 Q/div]: (a)
without adaptation; (b) with adaptation

Similarly to the iron losses the parameter sensitivity to other model
parameters also becomes more critical in the dynamic operation, and the
demand to increase the precision of the error model increases. Like in the
stationary operation, the influence of the leakage inductance is particularly
strong and therefore shall be treated here with priority. Primarily this is
caused by the following reasons:

e A dynamic speed change is connected to a short-time impression of a
high torque forming current. The oL sensitivity assumes its most
critical values just at high torque.

e Parameter errors in the error model have an immediate effect to the
adaptation error. The model error of the rotor resistance, however,
delayedly adds to the adaptation error through detuning of the phase

angle Us. Thus it is very probable at sufficiently short transients that the

adaptation can only be activated (and detuned) by the model parameter

eITors.

For an appropriately exact adjustment of the error model the derived
methods are definitely able to adapt the rotor resistance also in dynamic
operation without an additional steady-state load torque. The figure 7.12
exemplarily shows such an adaptation process for the voltage vector error
method recorded for longer time. The prerequisite is that the error
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equations, as done in section 7.3.2, are programmed using the dynamic
machine equations.

t[s]
150

l
| R, - R(0)[0.018 Q]

Window plotting

0: / \ /_t-[mS]:
] \N / \ / 1200

1.0

Fig. 7.12 Adaptation cycle with voltage vector error model, R-(150s)=0.27Q

The result of a comparison of different methods with regard to the
sensitivity to leakage inductance changes and iron losses in dynamic
operation is represented in the figure 7.13. The adaptation was excited by
speed transients between 200 and 700 rpm. The error of the model value of
the leakage inductance was +5% for all tests. The initial error of the model
rotor time constant is zero.

The reference curve (curve 1) was taken with a simultaneous adaptation
of rotor resistance and leakage inductance. The used method is not
transferable to arbitrary operating states, though. It uses different
properties of the model error contributions caused by the leakage
inductance and the rotor resistance deviation in regenerative and motor
operation.

The adaptation to the motor warm-up is already visible in the second
part of the plots. As far as possible, the tests were recorded until achieving
a stationary state of the adaptation.

Related to the final stationary value of curve 1 the following final
deviations develop:

e Curve?2:-1.6%
e Curve3:-54%
e Curve4:-45%
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4 R[0.026 Q] oL, oL (0) [0.9 mH]

1a

ms .--..,-o-...u-._,.-._..-....-"-w"-.----..--nd"--.-JQ..-'-] 00s
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Fig. 7.13 R, detuning caused by model error of leakage inductance and iron
losses: curves (1 — 3) with compensation of iron losses, (1) combined adaptation
of R, and oL, , voltage vector error, (2) reactive power method, (3) voltage vector
error, (4) like curve (3), without compensation of iron losses

With that it is clear that an adaptation without consideration of the iron
losses in dynamic operation must be considered impossible. The reactive
power model proves to be the most suitable method for the dynamic
operation here. The explanation can be found in that for this model the oL

part of the flux phase error Js, representing the rotor resistance deviation,

is weighted approximately twice stronger than in the linear error model of
the voltage vector method. This can be shown by deriving an error
expression including all parameter errors according to (7.38) or (7.44)
[Dittrich 1998]. Thus its share on the total error is increased with the
consequence of a better suppression of parameter errors of the model.
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8 Optimal control of state variables and set
points for IM drives

8.1 Objective

At the design of drives an energetically optimal operation represents an
essential point of view. Losses increase the energy requirement and
produce heat which must be dissipated by additional measures and
constructive efforts. Modern power electronic devices achieve efficiencies
of 98%, motors of medium and high-power ratings of over 95% at the
nominal working point. A different picture arises in the partial load area
where the efficiency can decline considerably. Besides optimization
possibilities in the hardware sector and the use of loss-optimized pulse
pattern for inverter control, also the "soft" control faction is challenged to
come forth with approaches for an efficiency optimized operation. In order
to keep the analytical and realization effort within reasonable limits, only
stationary or quasi-stationary solutions are examined.

Another question arises from the technically existing limitations of
the hardware equipment with regard to currents and voltages. The control
of the state variables should be designed for the drive or the motor to
always being utilized as optimal as possible.

The method of the field orientation provides the tools to realize a
decoupled control of rotor flux and torque by impressing torque and flux
forming current components. In a speed controlled system the set point of
the torque forming current is provided by the speed controller, in a torque
controlled system it is an independent control quantity. Thus the amplitude
of the rotor flux or the ratio of both components, the slip frequency,
remains as a degree of freedom for the optimization.

As shown in the next sections, the exact knowledge of difficult
measurable machine parameters is required for an effective optimization of
the efficiency, or this optimization can only be implemented with
reasonable effort by a dynamically slow control algorithm. For this reason
a second optimization approach, the torque optimal control, becomes
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interesting. The optimization goal consists here to control machine and
inverter in the best possible way from the point of view of torque
production at the given limitations, i.e. the demanded torque has to be
generated by the minimal current, or the maximum torque hasto be
provided at limited current or limited voltage. Such an optimization
strategy also will deliver a good efficiency because of the current
dependency of the ohmic losses although this does not represent the
optimization goal in the first place.

8.2 Efficiency optimized control

At first it is required to perform an analysis of the controllable losses.
Losses in the motor appear in the form of stator and rotor copper losses,
iron losses and additional losses. Additional losses are produced in the iron
and copper by the non-sinusoidal field distribution, and they can be
calculated with a factor of approximately 0.3 proportionally to the copper
losses [Murata 1990]. A quantitative expression for the copper losses can
be derived from the active power equation:

pW = Re{usi:} = %(usxisx + uSylSy> ! (8'1)

After replacing the voltages with the help of the stator voltage equation
(cf. chapter 3 and 6) this equation can be re-written in field-orientated
coordinates for stationary operation in the following form:

Ri2 + (R +(1-0)R,), + (l—a)stiSdisq] (8.2)

_3
Py =7

The copper losses including one part for the additional losses added
with the factor k, can be separated to:

According to the section 6.2.1, the iron losses can be calculated
approximately to:

_§<ws u)z
2 R,

Using R, ~ R,y w,/wy (cf. also section 6.2.1) and 1, ~ L, i, it

Pre (8:4)

can be finally written for the total losses:

! xy can be either dq or o8
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2
P, :3[ (k)R + S5 12 (14, )[R +(1-0)R, [,
feN
(8.5)

Therefore the total losses can be split into an i,~dependent (flux
dependent) and a torque (or i,-) dependent part, in which the partition is
defined by the parameters of the machine, and the flux dependent part is a
function of the stator frequency:

Py = alwy)izg +bisy = P (ia) + Pralisy) (8.6)

With the side condition of a constant or given torque:
My, ~ isdisq = const

the condition:

Puiligg) = pioigy) (8.7)
follows for the minimal total losses, i.e. the flux dependent and the

torque dependent loss components must have the same value.

A clear representation of the relationship between both loss parts can be

derived if it is referred to the slip frequency. The corresponding equations
are obtained similarly as above:

(8.8)

R R.R
(I_O)Rr Lz

m r
The factored out term is proportional to the torque and can be treated as
a constant for the further calculation. For the iron losses the more exact
two-parameter model from the section 6.2.1 is used now which leads to the
following relation:

3 ..
Pcu = 5(1 + kz a— U)lesdlsq

3 ..
Pre = 5(1 - U)lesdlsq + 2RVkaV (89)

R, (khy + kww)[2 —l—wi

7

The slip-dependent loss balance at two speeds with the nominal and half
the nominal torque is represented corresponding to the equations (8.8) and
(8.9) for an 11kW standard motor in the figure 8.1. Because of the main
flux getting smaller by an increasing slip at the same torque, the iron losses
behave inversely to the slip frequency. The copper losses drastically
increase at small slip because of the magnetization current demand
strongly increasing with higher saturation. They show a minimum and
increase once more at the slip getting greater. The optimal point with
respect to the total losses depends on the respective share of the iron
losses. The operation at nominal speed represents the operating point with
the greatest part of the iron losses in the total losses, because here the
maximum stator frequency without field weakening is reached.
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Fig. 8.1 Losses as a function of the rotor frequency: (a) m=0,5m,, n=500rpm,
(b) m=m,, n=500rpm, (¢) m=0,5m,, n=1500rpm, (d) m=m,, n=1500rpm

The explanations so far open up different possibilities for the practical
realization of an optimal control strategy with respect to efficiency, in
which the optimization goal is predefined by equation (8.7). Two variants
shall be discussed in more detail.

a) Balancing of torque and flux dependent losses

The equation (8.7) shows the way for a direct control of the balance
between the two parts. The method is schematically represented in the
figure 8.2 (cf. [Rasmussen 1997]). The flux dependent losses can be
directly controlled by the rotor flux without influencing the torque
dependent losses. According to the equations (8.3) and (8.4) model values
of the two loss parts are calculated. The difference of both forms the input
quantity (control difference) for an I or PI controller which adjusts the
equality of both parts with the rotor flux set point as a control variable.
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Fig. 8.2 Loss optimization by balancing of torque and flux dependent parts
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A comparatively fast dynamics is achieved for adjusting the optimum,
an exact compensation requires, however, an exact knowledge of the
model parameters, which is difficult and requires some effort particularly
with regard to the iron losses.

b) Loss compensation with search algorithm

The active power is calculated by equation (8.1), and by means of a
search algorithm the rotor flux is modified until the minimum of the active
power and with that the minimum of the losses is reached. Different search
strategies are applicable with fixed or variable step, cf. e.g. [Moreno
1997]. A careful adjustment is required because of possible convergence
problems. Such a method does not need any model parameters. Thus the
power could also be measured at the input of the inverter, and the inverter
losses could be included into the optimization. Caused by the searching
method and the at first unknown "suitable" adjustment direction of the
rotor flux, the method works slowly in this simple implementation, and is
suitable exclusively for steady-state operation.

8.3 Stationary torque optimal set point generation

8.3.1 Basic speed range

Initially it shall be noted, that the relations discussed in this section are
not exclusively limited to the basic speed range. They are valid
everywhere where no limitation of the stator voltage becomes effective,
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thus also in the field weakening area at low load. The derivations start out,
however, from the basic speed range initially because no voltage limitation
occurs here in stationary operation also at the current limit.

Under this presumption maximum torque at given stator current
amplitude will be achieved if the operating point is always on the
maximum of the slip-torque-characteristic (cf. figure 8.3). This maximum
corresponds graphically to the breakdown torque of the known torque-
speed-characteristic.

The torque equation is with consideration of the main field saturation in
stationary operation (cf. chapter 3):

3 LG
2 me(i/L)+L70' i

It is easily comprehensible from (8.10) that the maximum torque will
be reached at a given stator current with i ; = i, for constant inductances.
Because of the magnetic saturation the calculation of the maximum point
becomes, however, essentially more troublesome and requires the iterative
solution of a nonlinear system of equations. Parts of this system are
besides (8.10) the relation of the magnetization current amplitude (cf.
section 6.2.3):

My, (8.10)

i, = (8.11)
the slip equation:
R i
W, =—T——— (8.12)
Lm (l,u) + Lra s
and the boundary condition:
i =iy +iy, (8.13)

The figure 8.3 shows the calculated characteristics for an 11kW
standard motor. The characteristic which would be obtained with constant
main inductance (at the nominal working point) is drawn for comparison
as dashed line.

As mentioned above, it would be the task of a torque optimal control to
control the rotor flux in a way to keep the operating point always on the
maximum of the torque-slip-characteristic depending on the demanded or
available stator current. An online calculation of this point, however,
practically has to be excluded because of the necessary iteration. Therefore
it would be interesting to know, how the usual field-orientated operation
with constant flux (nominal flux) fits into this analysis. The nominal value
of the flux forming current would be calculated by:
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Ly = Uy
\/gwsN Ls ([ sdN )

Equation (8.14) contains an iteration which would have to be solved in
the practical implementation, but in the initialization phase and not in real
time.

(8.14)
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Fig. 8.3  Slip — torque — characteristic as function of the stator current amplitude:
---- L,=const; ..... 1sq = lsaN

The corresponding curve is drawn as dotted line in figure 8.3 and shows,
at least at higher currents, a surprisingly good approximation to the
optimal value. Therefore the constant flux operation is obviously
distinguished as a quasi torque optimal control strategy in the basic speed
range at higher stator currents. This connection is understandable, because
the motor is designed for the rated working point.

This is further illustrated in the figure 8.4. In figure a) the necessary flux
forming current to achieve the exact torque maximum and additionally the
control characteristics for constant flux and for i,y = iy, are drawn. In the
linear area the optimal characteristic coincides with the characteristic iy, =
is; as expected. For higher stator currents the optimal characteristic
deviates from the constant flux characteristic with a tolerance of
approximately +£20%. The figure 8.4b shows the actual effects of the
deviations on the torque. Obviously they are negligible in this case.
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Fig. 8.4 (a) iy control characteristic, and (b) maximum torque as function of
stator current and flux control

Under consideration of a minimal rotor flux which has to be kept to
ensure a torque generation with an acceptable dynamics, the following
simple control law can be used for the quasi torque optimal control:

@b* im,min for isq,f < im,min

T . . .

LL— by =Vlsqr  fOT @y in <lgg 7 <ipy (8.15)
m

by for iy, »>1,y

Here iy, ris the low-pass filtered current iy,. Because of this filtering and
the anyway existing delay in the forming of the rotor flux, a dynamic
decoupling is given between flux control and iy, control. It has to be taken
into account, however, that a variable flux inevitably leads to a
deterioration of the torque dynamics. If a high torque dynamics represents
the central optimization goal, the constant flux operation has to be
maintained over the complete basic speed range. The torque dynamics then
only depends on the dynamics of the current impression. This is illustrated
by the figure 8.5 with some transients for constant flux operation and the
described flux control algorithm. In addition, it is obvious that an
approximately optimal operation mode with respect to efficiency in this
area is not conceivable any more with fast flux tracking in the dynamic
operation.
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Fig. 8.5 Speed dynamics in the basic speed range: (a) Load step change with
constant flux, (b) Set point step with constant flux, (¢) Load step with torque
optimal controlled flux, (d) Set point step with torque optimal controlled flux

8.3.2 Upper field weakening area

Different to the basic speed range, the limitation of the stator voltage
represents a decisive additional influencing variable for the flux control in
the field weakening. Two areas must be distinguished: The first area, in
which the voltage limitation is the only deciding limiting variable, and a
transition zone, in which both current and voltage limitation determine the
character of the control characteristics. At first, only the voltage limitation
shall be taken into account as a boundary condition, and the currents shall
be assumed to develop freely.

Similar to the current-limited case, typical speed (slip) over torque
characteristics can be calculated which contain the speed as a parameter.
Because the calculations are only significant for the high field weakening
area, the saturation can be neglected.

From the stator voltage equations in the field-orientated coordinate
system (cf. chapter 3 and 6) the following equations will be obtained for
steady-state operation with respect to the stator currents:

Usqg = Rs ixd - wsO-Ls isq (816)
Usg = insq + wso-insd +wy (- O-)Ls - (8.17)
with: i, = Yrd

m
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For constant rotor flux it follows from (8.17):

ug, = Riig, +wLigy (8.18)
The system boundary condition is here:
U, = g 115 (8.19)

If the slip equation in field orientated coordinates (8.12) is inserted into
(8.16) and (8.18) and the current components are eliminated, the following

torque equation will be obtained:
2 2
3. Lyt w1,

=—z
27 L R (T, +w,T,) +(1-woTw, T, )

my (8.20)
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Fig. 8.6 Slip-torque characteristics at limited stator voltage; parameter: stator
frequency

The equation (8.20) is represented in the figure 8.6 for the stator
frequency as a parameter. This case corresponds to the natural behavior of
the induction machine at frequency control. In contrast to the constant
current case, differently high torque maxima, which are also characterized
by differently high stator currents, appear for motor and regenerative
operation. The slip frequency at the torque maximum or break-over
point is calculated by (8.20):

~ L for (0w, T, >>1 (8.21)

For speed controlled operation with the speed as a parameter the
characteristics represented in figure 8.7 apply. In regenerative operation an

absolute maximum at @, =0 appears. This means that the greatest
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regenerative braking torque can obviously be generated at a (negative)
direct current feeding. The torque maximum itself, however, might be
barely possible to be used, because it is connected to impractical high
currents.

100
0] — —t
g —
W e !
(Nm[ Y @ / [Nm]
YA
-400F- %7\ |
Vil \ ’ 0
v
Vool
8001 ;= 800’8‘1"\” ”””””””””
©=600s"
-1200 100
©=400s"
-1600
-900 ©, [s"] -600 -300 0 -80 -40 0 40 80 w, [s]

Fig. 8.7 Slip-torque characteristics at limited stator voltage; parameter: speed

Analog to the constant current operation, a torque optimal control law
should adjust the currents for the maxima of the slip-torque characteristic.
The solutions for the control characteristic will be obtained by an extreme
value problem for the torque given by the equations (8.16), (8.18), (8.19)
and the torque equation (8.10).

Because the solutions are interesting only for high stator frequencies the
stator resistance can be neglected. This simplification actually makes the
equation system accessible for a closed solution. Furthermore it is
presupposed that because of the field weakening the main inductance can
be regarded as constant.

At first, (8.16) and (8.18) have to be dissolved into components. With
the mentioned simplification the following current equations are obtained
(cf. equation (5.78)):

. sq

ig=—— 8.22
sd u)SLS ( )
. Usq

i, =— 8.23
4 woL, ( )

Strictly speaking, the two equations also contain on the right side the
current components iy, and iy, implicitly through the slip frequency, and
would have to be solved further to equations with the speed as parameter.
This would however make a closed solution impossible, whence the more
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transparent variant with the stator frequency as a parameter shall be kept.
The arising error is tolerable because the share of the slip frequency in the
stator frequency is small at high rotational speeds. An advantage of this
consists of the fact that the same control characteristics are valid for both
motor and regenerative operation because of the symmetrical position of
the torque maxima with respect to the slip frequency (cf. figure 8.6).

After inserting (8.22) and (8.23) into the torque equation the following
Lagrange function for the extreme value calculation can be formulated by
inclusion of (8.19):

sq° /\) = m(usd > usq) + A(urznax - uszd - uszq (824)

From the partial derivatives with respect to u,; and u,, the following
equation system is obtained:

L(usd U

i oI,
0=k, |i, —L+i —L|_2\u 8.25
m [ sq ausd sd ausd sd ( )
i, oi
0=Fk, zsqa’—édﬂsd o |- 2, (8.26)
Ugy Ugy
3 2
with: &k, =—z 2
"2

After solving to the current components it yields the control
characteristics:

. u
I tim = —\/EZ”L (8.27)
Ss
gq.lim = e (8.28)
’ \/ECUSO'LS

The figure 8.8 shows these characteristics for an 11kW motor together
with the characteristics calculated by means of search method without the
above mentioned approximation. They are identical for both motor and
regenerative operation. The maximum inverter current i,,, . and the no-load
current (the magnetizing current) i are also included in the plots.

In order for the torque optimal control strategy to be effective, both
current components must be able to develop freely. As shown in the
diagrams, this depends fundamentally on the maximum inverter current,
and for the sample drive this would be the case above approximately @, =
450 s-1. If the rotor flux is controlled below this frequency by the derived
characteristic too, no torque optimal operation is achieved, because the
inverter voltage cannot be utilized.
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Fig. 8.8 Current limit characteristics for maximum torque at limited voltage: ---
exact curve with searching method, — approximate solutions (8.27) and (8.28)

Thus it is also shown that the flux with high probability at the cut-in
point of the torque optimal control characteristic may already be weakened
and the operating point having been shifted to the linear part of the
magnetization characteristic. Therefore the neglection of the saturation for
the derivation of the characteristics is justified.

8.3.3 Lower field weakening area

The lower field weakening area shall be understood as the zone between
the frequencies Wy and @y (cf. figure 8.8). This area is indicated by the
following characteristics:

e Coming from lower frequencies, the stator voltage reaches its maximum
value so that a flux reduction is needed to continue the frequency
increase.

e An operation using the torque optimal control characteristics is not
possible or expedient, because the torque forming current i
corresponding to these characteristics is either not needed or cannot be
produced.

Without voltage limitation the drive would be controlled according to
the rules of the basic speed range, hence with i;; = i; . Thus it seems
reasonable to operate the control system as close as possible at this set
point in the lower field weakening area, meaning to operate the drive with
the maximum possible flux at the voltage limit. This rule is well known
and general practice.

For the implementation a voltage regulator is often used (figure 8.9).
The actual stator voltage feedback can be calculated from the (unlimited)
current controller output signal via low-pass filter to eliminate transient
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parts. With that it is possible to keep the voltage always at the limiting
level in stationary operation independent of motor parameters. This
method has, however, also decisive disadvantages. It is attempted to
control a very fast variable quantity (stator voltage) by a slowly variable
quantity (rotor flux). This demands for an artificial delay of the voltage
dynamics and makes it impossible to react to variable operating states
(load, acceleration) with an adequately fast change of the flux set point.
For this reason a feed-forward controlled flux set point calculation shall be
derived in the following.

|us, max

Fig. 8.9 Flux set point calculation using voltage controller

The stationary voltage equations (8.16) and (8.18) are again the starting
point. The solution of the implicit relation current/stator frequency is
refrained from because in this case a closed solution would require too far-
reaching approximations. Both equations are squared and added up. The
stator voltage amplitude is equated to the maximum voltage, and the
equation is solved to iyy = i,,. One obtains:

2
K (I_U)stsLs . urznax RS2 +O-(WSLS )2
) 2 'sq 2 2 ) 2 'sq
R; +(w,Ly) R: +(w,Ly) R: +(w,Ly)
(8.29)
For RS2 << a(wSLS)Z, which should be fulfilled in the interesting

frequency area (w, > 300 s, this relation can further be simplified. At
the same time the current i, is replaced by its set point with regard to the
practical implementation which enables a faster reaction to forthcoming i,
changes:

. 1—0)R, » 2 )2
P Clc) L S T S 2

m sq

(8.30)

Wy Ls
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A pure flux set point control in an open-loop has of course the
disadvantage of the parameter dependency which here would have the
effect, that the available stator voltage would not be utilized in stationary
operation, or the flux set point would be adjusted too high. Therefore it is
useful to combine both methods, voltage controller and flux feed-forward
control, in a suitable way. In this combination, the voltage controller has
the task of keeping the voltage at the operating limit during stationary
operation, and the open-loop set point control takes care that changes of
the iy, set point can be answered quickly with the corresponding flux
change. The voltage controller should control a quantity corresponding to
its input signal. The maximum voltage u,,x in (8.30), which is regarded as
variable now, would be such a suitable quantity.

|u.\',1IlEL:\: u,_. . “l! o
> o > : p— O max T
A
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Upe U (Uc)
—

Fig. 8.10 Flux set point calculation using a combination of voltage (feedback)
controller and set point control in open-loop

The figure 8.10 shows the correspondingly modified structure. The set

s.max corresponds to the maximum output voltage of the current

point u

controller. The control variable of the voltage controller is added to the
maximum stator voltage u,,. (upc) " calculated from the DC link voltage.

The sum of both forms the input quantity u,,,x of the control equation.

Because the control equation (8.30) was derived in exclusively algebraic
way, the saturation does not influence the result. Operating point
dependent parameters can be adapted on-line by an open-loop control.
Remaining differences are stationarily compensated by the voltage
controller.

Y u,,.=DC link voltage
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8.3.4 Common quasi-stationary control strategy

In the previous sections the theory for torque optimal control strategies
has been outlined for basic speed, upper and lower field weakening area or
limitation of current and/or voltage. For the implementation in a control
system there are still the following additional tasks to be addressed:

e A common strategy which provides a continuous transition between the
areas is to find.

e The developed strategy must be usable in a control structure, such as
described in the section 1.2.

From the previous considerations the following conclusions can be
summarized:

e The rules developed for the basic motor speed range can be generalized
for all operating states in which no voltage limitation appears.

e The rules for the two field weakening areas show that the best utilization
of the machine is always given at a maximum voltage output.

e The current limit characteristics in the upper field weakening area show
such a relationship, that the limit characteristic of the torque forming
current iy, ;,, can be equated to the maximum value of the stator current
with good approximation.

Therewith the following rules can verbally be formulated:

e Rule 1: The torque and flux forming current components are equated as
long as either the flux forming current reaches its maximum value
(nominal value) or the stator voltage goes into the limitation.

e Rule 2: If the torque forming current amplitude exceeds the flux forming
current, either the flux forming current remains on its nominal value or
is controlled to keep the drive always on the voltage limit.

e Rule 3: The stator current is limited to either its absolute maximum or
the limit characteristic of the torque forming current in the upper field
weakening area, depending on which of both quantities has the smaller
value.

With the nominal value of the rotor flux linkage i, and the maximum
inverter current 7,,, the rules can be summarized in equation form as
follows:

i for i

m,min sq,f < I, min

. . . . . .* .*
. Isg.r for I min gzsq,f < i,y and lyg. r <lIn (umax,zsq,ws)
3

. . . . .* .
by for iy, o> i,y and i,y <i, (Ul Ws)

S
*

.* . .
Iy (Uay »1sq W) Otherwise

(8.31)
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. max for lxq,lim > Iax

ls,max =. h . (832)
lgg lim Otherwise

*

The quantity i;; (Upmax »15q>wy) results from the equation (8.30). The rules

*

or the control laws start out from the assumption that the set point i,

exists as an independent input quantity. They will appear somewhat more
complicated and contain components to be calculated possibly in iteration
if the torque is immediately provided as a set point. In the configuration
with superimposed speed control looked at here, the adjustment of
the torque is subjected to the speed-feedback control loop.
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Fig. 8.11 Current limit characteristics for the torque optimal operation and
maximum voltage output

The current limit characteristics are represented in expansion of figure
8.8 in figure 8.11 corresponding to the proposed algorithm for the
complete speed range. The differences are recognizable clearly in the
transition zone: The cut-in point of the field weakening is shifted to the
frequency @y, the maximum flux range is extended to substantially
higher stator frequencies then defined by the torque optimal characteristic.

With this control, the area of the utilizable torque-speed range
represented in the figure 8.12 for the first quadrant finally results. This
area is delimited by the available current in the basic speed range, at high
rotational speeds by the ceiling speed of the motor, and as discussed in the
upper field weakening area by the available voltage, in the lower field
weakening area by the maximum current and maximum voltage. The
transition point between the upper and lower field weakening areas in turn
is given by the frequency @,).
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Fig. 8.12 Utilizable torque-speed range

The difference in the operating behaviour between torque optimal
operation and conventional flux control can be shown best with the results
of a practically realized control. For this purpose a speed reversal process
is most suitable because quasi-stationary conditions (slowly variable
currents and flux linkages) can be found here in wide areas. The
comparison is made using a control characteristic of the form:

Wy \/gUs,max LmN
w Uy L,
i =i (8.34)

s, max max

i.e. a flux characteristics, which is inversely proportional to the speed,
and which adapts to changes of the DC link voltage and the main
inductance. The plots of the most interesting quantities are shown in the
figure 8.13. The differences in the reversal time are significant. An
essential difference consists in the fact that although the stator voltage
with torque optimal control under load permanently resides at its limit
during field weakening, the current controller predominantly, works in the
linear area. On the other hand the controllability of the system is
temporarily lost with the simple flux control. It shall not remain
unmentioned that similar results like those of the torque optimal control
can be achieved also with a simple flux control in favorable parameter
constellation and choice of the field weakening cut-in with respect to the
reversal time. The temporary loss of the system controllability under loads
is, however, hardly avoidable.

Furthermore it has to be noticed that a dynamically correct flux model
(with saturation, cf. sections 6.2.3 and 4.4.1) is strongly necessary for the
successful realization of the flux control algorithms.

i =0.9i

(8.33)
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Fig. 8.13 Speed reversal processes +3100 rpm <> -3100 rpm: torque optimal
control (left) and speed inverse flux control (right)

8.3.5 Torque dynamics at voltage limitation

As long as a sufficient voltage reserve is available, the torque dynamics
is primarily a question of fast current impression. In the field weakening
area this problem appears to be fundamentally more complex because of
the missing voltage reserve. Regarding this the optimization goal consists
here in reaching a rise time as short as possible also at the boundary
condition of the limited voltage.

One of the outstanding features of the FOC consists in the possible high-
dynamic impression of the torque because the torque rise time, constant
rotor flux assumed, is identical with the rise time of the torque forming
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current. Prerequisite for a fast current impression is an adequate voltage
reserve, though, so that a really fast torque impression is only possible in
the basic speed range. According to the above derived rules, no voltage
reserve would be available in the field weakening area at all. It is therefore
necessary before an intended stepping-up of the torque to produce this
voltage reserve by a (dynamic) flux reduction. The whole process should
take place at unchanged maximum stator voltage for an optimal utilization
of the machine.

After squaring and adding-up of (8.16) and (8.17) and neglection of R,
at the same time, the following equation is obtained:

Y . . \2
uf = (wso—[‘slsq> + <ws0—Ls lsa + (1 - O—)ws Ls lm) (835)

From this relation it is recognizable that a dynamic control reserve can,
considering the slow variability of 7, be created by reducing the
component i;;. The derivation of the control law must, however, start out
from the dynamically correct voltage equations. In the first instant the
rotor flux linkage is constant changes compared to the stator current only
very slowly, and therefore has influence on the calculation as a parameter

and not as a variable. Regarding the searched-for current set point i:d

quasi-stationary conditions can be assumed, and therefore the leakage time
constant can be neglected. Furthermore it is assumed that the current
transients are progressing approximately linearly and therefore the stator
resistance is also negligible. The leakage inductance in the ¢ axis must not

be neglected however, because after the current i.; to be calculated is

reached, the decisive iy, transient will unfold. Thus the initial equations
are:

Usg = _wsO-Lsisq (836)
oL, .. ) )
sy =~ Dy + w0 Lidyy + (1= 0)Lwi, (8.37)
q

The parameter 7, q is the time needed by the isg transient, and represents
a free design parameter in certain limits (see below). Aig, is the difference
between the actual and the set point value. Both equations are squared,
added-up and solved to iy

P a oy - T e 2—(01' )2 (8.38)
4 " w7, w L, * '

The radix expression in (8.38) shall be abbreviated to i,,;. The equation
(8.38) is then:
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Jk 1 . . . Aisq
Isg = ;(lml - lm) + Im —

(8.39)
wS q

In the stationary state the last term disappears, and i:d is equal to i,

Therewith i,, has also to be equal to i, and can be understood as the
stationary flux set point. The stationary set point for maximum voltage is
provided normally by (8.30). Therefore also this value could be used
instead of i,; in (8.39) resulting in a sliding transition between dynamic
and stationary flux control.

With respect to its structure, the equation (8.39) is comparable with an
integral controller. The reciprocal leakage coefficient forms the controller
gain, and the last term can be interpreted as an additional disturbance
compensation. Nothing speaks against using this "controller" instead of the
usual flux controller. Caution is just necessary for machines with very
small leakage factor and great sampling period of the flux control because
the controller gain then can accept inadmissible high values. In this case a
PI flux controller may be used in stationary operation.

The determination of 7, must be carried out empirically. The influence
of this parameter becomes clear by the simulation examples shown in the
figure 8.14. A set point step of the torque forming current and thus of the
torque was applied from zero to maximum for an acceleration process at
about the double nominal speed. The sampling period 7 of the current
control is 0.5 ms. The sampling period of the flux set point generator, flux
and speed control is 2 ms. The optimum for 7, is found to approximately
T,= 207 and valid for the complete field weakening area. Further
reduction brings no benefit for the reduction of the rise time, just increases
the overshooting of i,

At the beginning og the transient a temporary drop of the torque forming
current (and therewith the torque) appears. This is understandable because
at first the voltage required for the impression of i;; can only be gained at
the expense of the voltage in ¢ direction.

The rise times of the torque are in the area of 5....6 ms. It must not
remain unmentioned that to obtain the shown transients besides the
optimal set point generation a current controller is required which can
impress the current components with the necessary dynamics and
precision. The state-space dead-beat controller described in section
5.4 fulfills these prerequisites.
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lug| [225 V]

—

| i, [10 A]

Fig. 8.14 Torque impression at maximum voltage: 7, = oo (top), 207 (middle),
107 (bottom), ® = 700s"!

Satisfactory results at the practical implementation fundamentally
depend on the precision of the model parameters. A dynamically correct
rotor flux model is required as an essential component. The figure 8.15
shows results from a sample drive. Because of the voltage maximum
practically only one current component is actually controlled (in motor
operation i,), all model inaccuracies and simplifications or unbalance and
offset errors are mirrored in the second current component. The rise time
of the torque forming current component confirms the values obtained by
simulation.



Comparison of the optimization strategies 279

u, [300 V]

1.0

8 12 16

-0.6-

Fig. 8.15 Torque impression at voltage maximum, @ = 500 s!

It has to be remarked that the described method manages with relatively
moderate computation power. As shown by the figure 8.15, the current
control works with a sampling time of 0.4 ms; the flux set point
calculation, the flux and speed control are realized with a sampling time of
5 ms.

8.4 Comparison of the optimization strategies

Starting point of this chapter was the control of the state of the IM under
the objective of energy optimal operation. The torque optimal control was
introduced because of the advantages in the dynamic case and under the
aspect of current and voltage limitation. In connection with this, it is
interesting to compare the control methods with regard to the efficiency
actually achieved.

The achieved efficiency for the different control methods is represented
for the sample drive (11kW motor) in the figure 8.16. The curves for
efficiency optimal and torque optimal control are approximately identical
at loads above the half rated torque, because the total losses are dominated
by the copper losses. The control with constant rotor flux also reaches the
efficiency of the other methods at high torque, because the slip gets close
to the optimal value (cf. section 8.3.1). Significant differences arise at
medium and low torques, though. Here obviously the decisive possibilities
for improvements by using optimized methods are to be found. For the
examined example, the efficiency optimal control achieves visible
differences compared to torque optimal control only at high speeds and
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small loads, because the share of the iron losses is here the biggest one.
Also the values of the approximated torque optimal control described in
the section 8.3.2 are only sparsely below those of the exact method. At
higher loads a decrease of the efficiency can be found for all methods
because of the increasing total current. This trend is more distinctive at
smaller speeds, because the loss minimum shifts to lower slip values due to
lower iron losses, and the main field saturation is reached earlier.

1.0

= 1500 min"/

07 . . - ‘ - - - .
0 20 40 60 80 m[Nm] 100

Fig. 8.16 Load-dependent efficiency for different control methods: —
efficiency optimal control; - - - - - torque optimal control, exact calculation; -+
constant rotor flux (= nominal flux); - - - - - (thin line) torque optimal control,
approximated calculation

This behaviour can also be comprehended from the figure 8.17 in which
the control characteristics for rotor flux and magnetizing current depending
on the torque and speed are represented for the efficiency optimal and
torque optimal control. Also here it can be recognized, that distinctive
differences in the control characteristics only appear at high speeds and
according share of the iron losses. The characteristics for torque optimal
control are as expected independent of the speed, and insignificantly
different from the efficiency optimal control at small speeds.

In the example, a rotor flux slightly higher than the nominal flux adjusts
itself at high torques. The increase of motor voltage caused by this
accompanying effect of the optimal control necessitates a voltage-
dependent limitation of the rotor flux. Thus the optimum operation would
be no longer practicable near the nominal operating point.
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0 30 60 m[Nm] 90 0 30 60 m[Nm] 90

Fig. 8.17 i, and 1. at torque optimal and efficiency optimal control:

efficiency optimal control; ««+-+-+ torque optimal control; (a) n = 500 min"! (b) n
= 1500 min™!

In the field weakening area, the efficiency optimal operation will once
more approach the torque optimal operation because of the strongly
reduced iron losses. Thus noticeable efficiency improvements by an
efficiency optimal control remain limited to the upper area of the basic
speed range at low load. This statement is valid of course under the
assumption that the ratio between copper and iron losses approximately
corresponds to the one of the motor used for the calculations.

The following can be summarized to compare the control methods with
respect to the efficiency behaviour:

e As opposed to constant flux operation the torque optimal control
(optimization on minimal stator current at given torque) already delivers
a considerable improvement particularly in the partial loads area.

e Further possibilities for efficiency improvement using a loss-optimal
control strategy confine to the upper basic speed range at partial loads,
and account to some per cent for usual ratios of iron and copper losses.
The absolute loss reduction is even lower because visible effects are
only obtained in the low load area.

e Further system boundary conditions like voltage and current limitation,
which largely determine the optimization capabilities, come into play in
the field weakening area. The iron losses decrease strongly with flux
reduction.

e An exact optimization requires in any case iterative on-line calculations,
because of the magnetic saturation, and measuring of the iron loss
characteristic for loss-optimal operation. At least for the torque optimal
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operation, however, simple control laws can be derived, which avoid

these two problems and match the results of the exact control very

closely.

Altogether, the torque optimal operation represents a very effective and
recommendable control method also with respect to efficiency
optimization. The efficiency optimal operation is generally
recommendable if all optimization reserves have to be utilized (high motor
power). It offers itself for stationary operation as an addition in form of
an active power controller outlined in the section 8.2.

8.5 Rotor flux feedback control

The last section of this chapter deals with the rotor flux control in
concentrated form because the calculated flux set points would be realized
by a flux control loop according to the control structures discussed in
chapter 1. Appropriately, the control is designed in the field-orientated
coordinate system.

R I
W |
i (k) /_, i) [ ] WEOE] )
— 0O — 7 —O—] 2~ -
| r
- [
i, (k) : T
| 17F -+
:_Rolor flux process -

Fig. 8.18 Flux control loop with inner current loop

As described in the chapter 5, the inner-loop current control is optimized
for finite adjustment times, and runs compared to the flux control with a

considerably shorter sampling period of characteristically 7/7,>0.1.

Therefore the current impression can be regarded undelayed with respect
to the flux control, and the actual controlled process is given by the rotor
voltage equation in field-orientated coordinates (cf. chapter 3 and 6):

di
0=i +7.3m _; 8.40
a (8.40)

It can be written in time-dicrete form:

i (k+1)= [I—Ti]im(k)—leisd(k) (8.41)

r r
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The current component i;; forms the control variable. The control loop is
represented in the figure 8.18. The flux controller is generally designed as
a PI controller (digital magnitude optimum) and quasi-continuously
optimized for transfer behaviour. If a PI controller is assumed with the
equation:

R, (z)=V, B — (8.42)
—z
then the magnitude-optimal setting for the flux controller is:
1 A
Vym—————; dy e I (8.43)
3l1—e /T

T, = Sampling period of the flux controller; 7, = Rotor time constant
The figure 8.19 shows a transient process with magnetization and

the following motor start-up up to the field weakening area, and illustrates
the transient response of the flux at magnitude optimum.

0.7 gd L

m

Ly

t [s]
0.06516 0.13032 0.19548 0.26064 0.3258

0

Fig. 8.19 Transient response of the flux at magnitude-optimal setting for the flux
controller

A second approach for the flux controller, especially in connection with
the optimization strategy discussed in this chapter, immediately arises
from the control equation (8.39) for iy, derived in the section 8.3.5 for
the dynamically torque optimal current impression at the voltage limit. The
equation is rewritten as follows:
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k=i, (k>+§ £5 (k) — i,y (k) (8.44)

The compensation term, dependent on the iy, control error, was
neglected because this term is only required for a fastest possible torque
dynamics at the voltage limit. If the first term on the right side would not
read i,(k) but iy, (k-1) (what is fulfilled in the stationary operation), the
equation (8.44) would describe an I controller with the controller gain
V,=1/o.

[

—

m

lsd

0.2 t[s]

Fig. 8.20 Transient response of closed flux control loop with quasi-I controller

As shown in the figure 8.20, the closed control loop has in small signal
operation approximately the transfer behaviour of a first-order delay
function, in which the rise time is predefined by the controller gain. The
unusual feature of the design consists in the fact that because of V; =1/0

the dynamics does not have to be predefined by "external" optimization
rules, but is determined by the "point of view of the torque impression".
For a very small leakage factor the controller gain can become too big,
though, and cause unstable behaviour together with the amplitude
quantization, hence a limit of /; = 15...20 should be set. On the other hand,
if the dynamics of the controller is to be adapted to certain needs, nothing
would speak against a deviation from the implicit setting V; =1/0.
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9 Nonlinear control structures with direct
decoupling for three-phase AC drive systems

9.1 Existing problems at linear controlled drive systems

It is clearly recognizable that the 3-phase drive system engineering has
reached a relatively mature stage of development (cf. chapters 1-8). The
principle of the field orientated control also has largely asserted to be the
most used method in commercial systems. The spectrum of solved
questions extends from the control and observer structures over the
problems of parameter identification (on-line, off-line) and adaptation to
the self-tuning and the self-commissioning.

The most implemented structure (chapter 5 or [Quang 1999]) contains a
2-dimensional current controller for decoupling between the magnetization
and the generation of torque as well as for undelayed impression of torque.
Because of the decoupling the flux and speed control loops could be
designed rather liberally. In these structures the current controller and the
flux observer are always based on motor models linearized within a
sampling period (cf. section 3.2.2).

The linearization is made under the assumption that the sampling time 7
is small enough for the stator frequency ws to be regarded constant within
T. Because of this assumption the frequency w; is now a parameter in the
system matrix, and the bilinear model becomes a linear time-variant
system for which the known design methods of linear systems (cf. chapter
5) can be used.

Although the present concept was very successful, it is recognizable
that:

e because of the nonlinear process model (the input quantity w, appears in
the system matrix) in high-speed drives with synchronous modulation

(cf. section 2.5.2) or in sensorless controlled systems (cf. section 4.3), or
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e because of the nonlinear parameters (the main inductance is strongly
dependent on the state variable i, or 1)) with respect to the system

stability in systems with parameter identification and adaptation,

some problems often appear, particularly if the system must work at the
voltage limit (i.e. in the nonlinear mode) and therewith the condition ws =
const is no longer fulfilled. If these problems remain unsolved, the drive
quality will be affected considerably. In such cases at least a nonlinear
design would be able to deliver better results.

Within the last approx. 15 years different new ways to design nonlinear
controllers were shown ([Isidori 1995], [Krstic 1995], [Wey 2001]) or
even experimented in motor control ([Ortega 1998], [Bodson 1998],
[Khorrami 2003], [Dawson 2004]), but they were mostly theoretical
works. The practical developments were completely missing. Recently,
some more thorough investigations ([Cuong 2003], [Ha 2003], [Duc
2004], [Nam 2004]) concerned with practical implementation of the
methods had been forthcoming, particularly on the exact linearization
method discussed in this book.

9.2 Nonlinear control structure for drive systems with IM

In the section 3.6.2 the nonlinear process model of the IM was already
derived as a starting point to the controller design:

X:f(X)+h1u1+h2u2 +h31/l3

9.1)
y=g(x)
/
—dx +ciy a 0 X,
f(x)=|-dx, —cT.wily|;h; =|0;h, =|a|;hy =|—x,
0 0 0 1|2
yi=81(X) = x5y = & (X) = x5 y3 = &3(X) = x3
e Parameters: a=1/oL;b=1/0T,;;c=(1—0)/oT,;d=b+c
e State variables: X| =lggs Xy = isq; x3 =1
e [nput variables: Uy = Uggs Uy = Ugy s Uz = Wy

Output variables: V| = lgg3 Vo =I5 V3 = 0y
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9.2.1 Nonlinear controller design based on "exact linearization"
Using the idea in the section 3.6.1 the design can be realized in the
following steps:

e Step 1: Calculation of the vector r:[rl,rz,---,r

m] of the relative

difference orders.
e Step 2: Calculation of the matrix L(x) using the formula (3.99) and
check of its invertibility.

L, Ljfl g(x) - Lthjil g (x)
L(x)= : : ; det[L(x)]=0 (9.3)
th L;”?flgm (x) Lhm L;”?flgm (x)

After that the fulfillment of the condition (3.95) is checked.
e Step 3: Realization of the coordinate transformation using (3.96).

)] [ )
z my (x) || L g (x)
z=|!|=m(x)=| = : 9.4)
z, mlm(x) gm'(x)
i (s)) (570

e Step 4: Calculation of the state-feedback control law (3.98):

L'} g (x)

u=a(x)+L' (x)w=-L"(x) : +L (x)w 9.5)

Ly g, (x)

Using the represented steps or the formulae (9.3) - (9.5) the design for
drive systems with IM can now be proceeded as follows:

e Step 1: Calculation of the vector r.
a) Casej=1:

a
hy=[1 0 0]|0j=a=0 (9.6)a
0

19)
th &1 (X) = gél)((X)
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0
Og(x
Lhzgl(x):%hzz[l 0 0]la|=0
0

X2
h3:[l 0 0]—x1 =x,=0
1

Therewith | = 1 follows from the equation (9.6).
b) Casej =2:

0,
Ly (0 =

a
thgz(x)zagazix)hlz[o 1 0]o|=0

0

0
Lhng(x)zagziX)hzz[o 1 0]a|l=a=0

0

X2
L, gz(x):agzix)h3:[0 1 0]|—x|=—x =0

1

From the equation (9.7), r, = 1 similarly follows.
c) Casej=3:

a
0g,(x
L,g(x) = gi)hl:[o 0 1]0|=0
0
0g;(x) °
X
L, g(x)= g3X h,=[0 0 1]ja|=0
0
93 (x) "
X
L, g3(x)= ggx hy=[0 0 1]|—x|=1=0
1

From the equation (9.8), r; = 1 follows then.

(9.6)b

(9.6)c

(9.7)a

(9.7)b

(9.7)c

(9.8)a

(9.8)b

(9.8)c
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e Step 2: Calculation of the matrix L.
Ly, g (x) Ly, g1(x) Ly, & (x) a 0 x,
L(x)=|L,2,(x) L, &(x) L,g(X)|=|0 a —xi| (99)
L,gs(x) L, g;(x) L,gy(| [0 0 1
It is easy to see that det [L(x)} =a’>=0 , and therefore the matrix L(x)
can be inverted. The necessary and sufficient conditions are summarized:
det[L(x)|=a” =0
H+nrn+rn=3=n
The fulfilled condition (9.11) indicates that the system (9.1) can be
linearized exactly, or that the coordinate transformation can now be made.
e Step 3: Realization of the coordinate transformation.
a) The state space X is transformed into a new state space z using (9.4).

z m]1 (x) g1(x) X
z=|z,|=|m?(x)|=|g,(x)|=|x, (9.11)
) mlx)| &™) [x

(9.10)

b) The new state space model is calculated as follows.
dz;  0g(x) dx
dt Oox dr
=L;g (%) + Ly, g (X)uy + Ly, g (X)uy + Ly, g (X)uy
dz, 0g,(x) dx
fdiox di (9.12)
=Lrgy(X)+ Ly, (X uy + Ly, 85 (X)uy + Ly, g5 (X) 13
dzy  Ogz(x) dx
o Ox dt
=L,g3(x)+ Ly, g3(X)u; + Ly, g3(X)uy + Ly, g3(X)u3
The unknown terms in the equation (9.12) have to be calculated now.
—dx; +ciy
L0 =20 210 0] - —eT, vl | = —dx +ev),
0
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—dx +ciy
Lg,(x)= 8g2ix) f=[0 1 0)|-dx,—cT, wily|=—dxy +cT, wily
0
—dx; +ciyy
9g; (x) /
Lygy() =" 27 =[0 0 1] ~dx, ~cT,wijy|=0
0
The result of the coordinate transformation is then:
(dz
7;:—07"1 + ety +au +x=w
dzy /
E:_dXZ_CTrwwrd tauy —xuz=w, 9.13)
dzy
—, T U3 =W
| dt
The following equation will be obtained from (9.13):
/
w —dx; +cy a 0 x|y
W=|w,|=|-dx, —cTrwwid +0 a —x||u,
w3 0 0 0 1 |u (9.14)
‘ —_—

p('x) L(x) u

w=p((x)+L(x)u
e Step 4: The control law, thereat w represents the new input vector, can
be calculated by equation (9.14).

u:—Lfl(x)p(x)—i—L*l(x)w:a(x)—i—L*l(x)w (9.15)
a(x)
Using the matrix L in equation (9.9), L™ is then obtained to:
l/a 0 —-x,/a
L'=|0 l/a x//a (9.16)
0 O 0

The state-feedback control law or the coordinate transformation law
(9.15) can be written in detailed form:
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dxfa—c ld/a l/a 0 —xy/a|lwm
u:uzzdxz/a—i—cTrwwid/aﬁL 0 l/a x/a|wm

u

—_

" 0 0 0 0 Jiw
1 1-0 l—0o
— 4 —|Lx,———L
7; Tr X1 Tr swrd
1 1 ULS 0 —aLsxz wy
- F—F%U Lixy +(1=0)wLafly|+| 0 oL oLy ||w,
s r 0 0 1 1z
0 ‘ . —
L—l(x) w
a(x)
(9.17)

9.2.2 Feedback control structure with direct decoupling for IM

Using the state feedback or the coordinate transformation (9.17) the
exact linearized IM model can be represented as in the figure 9.1. The new
state model will now be the starting point for the controller design.

VL’ l[,\n' - i
W ‘ s  bsd
—,—»3 State :
b} > Iy‘{,‘
| W IFeedback |4, IM
| Eq. 017 . Eq. (3.44) >,
\ > > W
I
\
| @l';fd <z
} Wy Flux Model [|=
‘ <

Fig. 9.1 Substitute linear process model of the IM as starting point for controller
design (cf. figure 3.17)

It is not difficult for the new linear model to derive the input-output
relation. After some transformations the following transfer function will be
obtained:
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fst0 0 /s 0 0
Y= 0 1/s® 0 |ws)=|0 s 0|ws) (.18)
0 0 l/sr3 0 O l/S

At more exact analysis of the equation (9.18) the following essential
knowledge can be learned:
¢ Besides the exact linearization achieved in the complete new state space

z, the input-output decoupling relations are totally guaranteed.

e The three transfer functions respectively contain only one element of
integration.

Based on both these new results it seems to be possible to replace the
two-dimensional current controller (figure 1.6) by a coordinate
transformation and two separate current controllers for both axes dg
(figure 9.2).

The direct decoupling concept in the figure 9.2 is dynamically effective
for the complete state space. The two current controllers R;,; and R;, need
not have the PI characteristic, and can be designed with modern algorithms
such as dead-beat control. A dynamical and nearly undelayed impression
of the motor torque can be guaranteed without breaking any linearization
condition.

Coordinate
i R, Transformation
sd Wy U U, t

—| O u
O_ _ |Eq. 9.15) " m r
" R or eJ‘ s 1=
Ly B wo [T7] 0 |4 U | | Lo | 3~
- ) ul viw
. 85
|_ Wy = Ws is(t i.s-u ig,,
——e)
Flux w -39, 3 Ly .)
model i, |€ iy | 2 T

Induction M
Motor 3~

Speed

measuring

Fig. 9.2 The new control structure of the inner loop (impression of the stator
current components) with direct decoupling designed using the method of exact
linearization



Nonlinear control structure for drive systems with PMSM 295

9.3 Nonlinear control structure for drive systems
with PMSM

The nonlinear process model of the PMSM was derived in the section
3.6.4 as follows:

X = (%) + by (X), +hy (X + by (x) a1

(9.19)
y=g(x)
—cx a 0 ax, [b
f(x) =|—dx, [; h;(x) =|0[; hy (x) = |b|; hy (x) = | —bx; Ja — b, (9.20)
0 0 0 1
1= 8g1(X) = x5y = 8(X) = X3 3 = g3(X) = x3
e Parameters: a=1/Ly;b=1/L,;c=1/T,;d=1/T,
e State variables: x| = lgys Xy = lgys X3 =g
e Input variables: Up = Uy Uy = Uy Uz = Wy

Output variables: V| =iy YV =gy V3 = (L

9.3.1 Nonlinear controller design based on "exact linearization™

The design is carried out similarly as in the case of the IM.
e Step 1: Calculation of the vector r.

a) Casej=1:
a
0
L, g (x)= galix>h1=[l 0 0]0j=a=0 (9.21)a
0
0
19)
Ly, g1 (x)= gé)EX)hz:[l 0 0]b|=0 (9.21)b
0
9, (x) ax, /b
X
Ly g(x)= galx hy=[1 0 0]—bx/a—by, :%io (9.21)c

1
From the equation (9.21) r; = 1 follows.
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b) Casej = 2:
0g5(x) )
L, 8,(%) = g; Yh=[0 1 0]jo|=0 (9.22)a
¥ 0
0
_0g(x) _
L, g,(0)= h,=[0 1 0]b|=b=0 (9.22)b
¥ 0
ax, /b
s, _ 2/
Lh3g2(X)—a—h3_[0 1 0]—bxl/a—bwp
X { (9.22)c
bx
:—Tl—bq/)p =0
With the equation (9.22) , = 1 is obtained.
c) Casej =3:
a
O0g; (X
Lh1g3(x):%hl =[0 0 1]jo|=0 (9.23)a
0
0
L _Os(x), _
5, &3 (X) = h,=[0 0 1]b|=0 (9.23)b
0
ax, /b
7 _ 0Ogy (x) B 2 B
h3g3(X)—Th3 —[O 0 1] —bxl/a—deP =1=0 (923)(}
1

With the equation (9.23) 3 =1 is obtained.
e Step 2: Calculation of the matrix L.

Lyg(x) Lyg(x) L,g(X)| |a 0 ax, /b
L(x)=|L,g2(x) Ly g, (x) L, g(x)|=|0 b —bx;/a—by,
Ly g3(x) Ly g3(x) Ly g;3(x) 0 0 1

= det[L(x)|=ab=0
(9.24)
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e Step 3: Realization of the coordinate transformation.

a) The state space x is transformed into a new state space z using (9.4).
After replacing | = r, = r; = 1 into (9.4), the same result like (9.11) is
obtained:

Z ””11 (x) g(x) X
z=|z,|=|m (x)|=|g,(X)|=|x, (9.25)
3] m(x)| &) |x3
b) The new state model is similar to (9.12).
dz;  0g(x) dx
d - ox dr
=L,g(x)+ Ly g (X)uy + Ly, g (X)uy + Ly, g1(X)u3
dz, 0g,(x)dx
dr o ox dr
=Ly (X)+ Ly, (X uy + Ly, g5 (X)uy + Ly, g5 (X)u3
dzy;  0g3(x) dx
dat ox dr
=L;g3(x)+ Ly, g3(X)uy + Ly, g3(X)uy + Ly, g3(X)u3

(9.26)

with:
—cXx
Og (x
L,g (x)= i )f:[l 0 0]|—dx,|=—cx
ox
0
—cXx
0g, (x
Lyg,)(x)= g;< )f:[O 1 0)|-dx,|=—dx,
X
0
—CcX
0g, (x
Lg5(x)= ggi >f:[0 0 1]|—dx,|=0
0

After inserting of the above calculated terms into the equation (9.26),
the result of the coordinate transformation is given as follows:
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ad cxy+au + l XoU W
- - = a [ =
dt 1 1 b 243 1
dz b
a3 = Uy =W
dt 3 3
From the equation (9.27) the new input vector w is derived as:
wl |—ex | la 0 ax, /b U,
W= W2 = —dx2 + 0 b —bxl/a—bwp u2 (928)
Wy 0 0 0 1 U
— \ v ——
p(x) L(x) u

e Step 4: The control law or the transformation law results from the
equation (9.28).
u=-L" (x)p(x) +L! (x)w = a(x) +L7! (x)w

[ —’

a(x)

ul C.xl/a l/a 0 —xZ/b Wl
U 0 0 0 1 w; (©.29)
Lyx[Ty| |Lsa 0 —LyXy |[w
= qux2 /qu + 0 qu Lsdxl + ,(pp %)
0 0 0 1 w3
- / N~
a(x) Lfl(x) w

9.3.2 Feedback control structure with direct decoupling for
PMSM

Similarly to the IM and using the state feedback or the coordinate
transformation (9.29) the exact linearized PMSM model can be
represented as in the figure 9.3. The difference between IM and PMSM
consists here in the fact that a flux model is not needed any more, because
the pole flux is permanently available.
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w, | u
T"‘ sd > o fﬂ
“—|—> State " -i
Ws _|Feedback Ly PMSM B
> Eq (929) w, E(.] (364) = '!;}\

|

|

| — - W
|

| ( b,

|

|

Fig. 9.3 Substitute linear process model of the PMSM

The new model in the figure 9.3 can be written in equation form as
follows:

Lo [m] oo oo
£=w2=000z+010w

wyl 100 0 Jo 01
y=|z,|=|0 1 0|z

5| [0 01

Similarly to the case IM with the equation (9.18), the following transfer
function for the PMSM is obtained:

st 00 /s 0 0
Y& =| 0 1s® 0 |ws)=[0 1/s 0|ws) (931)
0 0 1 0 0 s

It can be seen easily that the same conclusions about the direct
decoupling between the dg axes and the transfer functions of the decoupled
input-output couples are valid also here. The summary then is that
the control structure with direct decoupling in the figure 9.2 (of course
without the flux model) can be used for the PMSM.

The new control concept in the two cases IM and PMSM with direct
decoupling has some features besides the mentioned advantages which
should be mentioned here:

e The transformation laws or the control laws (9.17) and (9.29) contain
only static feedbacks, no time dependent components like integration
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and differentiation so that this nonlinear concept is very well suitable for
a digital implementation.

e Because of parameter faults caused by an inaccurate parameter setting
or by parameter changes during operation, stationary faults of the
coordinate transformation always exist. This can be avoided by a
dynamic concept using an additional parameter identification and
adaptation or by additional integral parts in the transformation law.

9.4 References

Bodson M, Chiasson J (1998) Differential-Geometric Methods for Control of
Electric Motors. Int. J. Robust Nonlinear Control 8, pp. 923-954

Cuong NT (2003) A Nonlinear Control Strategy based on Exact Linearization for
the 3-Phase AC Drive Using Permanentmagnet-Excited Synchronous Motors.
Master Thesis (in Vietnamese), Thai Nguyen University of Technology

Dawson DM, Hu J, Burg TC (2004) Nonlinear Control of Electric Machinery.
Marcel Dekker, Inc., New York Basel

Duc DA (2004) A Nonlinear and Observer-based Control Strategy based on Exact
Linearization for the 3-Phase AC Drive Using CSI-fed Induction Motor.
Master Thesis (in Vietnamese), Thai Nguyen University of Technology

Ha TT (2003) A Nonlinear Control Strategy based on Exact Linearization for the
3-Phase AC Drive Using CSI-fed Induction Motor. Master Thesis (in
Vietnamese), Thai Nguyen University of Technology

Hoa ND, Loc NX (2007) Construction of a drive test bed using DSP
TMS320F2812 and Brushless DC motor, design of the non-linear controller
by means of the method of the exact linearization. Bachelor Thesis (in
Vietnamese), Hanoi University of Technology

Isidori A (1995) Nonlinear Control Systems. 3" Edition, Springer-Verlag, London
Berlin Heidelberg

Khorrami F, Krishnamurthy P, Melkote H (2003) Modeling and Adaptive
Nonlinear Control of Electric Motors. Springer, Berlin Heidelberg New York

Krstic M, Kanellakopoulos I, Kokotovic P (1995) Nonlinear and Adaptive Control
Design. John Wiley & Sons, Inc., New York

Nam DH (2004) A Nonlinear Control Strategy based on Exact Linearization for
the 3-Phase AC Drive Using VSI-fed Induction Motor. Master Thesis (in
Vietnamese), Hanoi University of Technology

Ortega R, Loria A, Nicklasson PJ, Sira-Ramirez H (1998) Passivity-based Control
of Euler-Lagrange Systems: Mechanical, Electrical and Electromechanical
Applications. Springer, London Berlin Heidelberg

Quang NP, Dittrich JA (1999) Praxis der feldorientierten Drehstromantriebs-
regelungen. 2. Aufl., Expert-Verlag

Wey T (2001) Nichtlineare Regelungssysteme: Ein differentialalgebraischer
Ansatz. B.G. Teubner Stuttgart - Leipzig - Wiesbaden.



10 Linear control structure for wind power plants
with DFIM

Due to the mechanical wear at the slip-rings wound rotor induction
machines are only rarely used as motors today. Regardless, they gain
increasing importance for generator applications in wind and water power
plants. Their main advantage in this area is that the inverter in the rotor
circuit can be designed to a smaller capacity with regard to the maximum
generator output. Furthermore, the DFIM can be ran in a comparatively
large slip range which allows for better utilization of the available wind
energy.

10.1 Construction of wind power plants with DFIM

By means of a bidirectional converter in the rotor circuit the DFIM is
able to work as a generator in both subsynchronous and oversynchronous
operating areas. In both cases the stator is feeding energy into the mains.
Figures 10.1b and 10.1c show the energy flow in both operating areas. The
rotor:

e takes energy from the mains in subsynchronous mode and
e feeds energy back to the mains in oversynchronous mode.

Independent  of the  mechanical speed  (subsynchronous,
oversynchronous) only the sign of the electrical torque determines if the
DFIM is working in motor or in generator mode. According to figure 10.1a
the generator mode is defined by a negative torque. The torque amplitude
is equivalent to the delivered or received active power of the machine.
During dynamic changes of torque or active power the adjusted power
factor of the plant is required to stay uninfluenced and constant.

The front-end converter controls the active power flow into the DC link
by controlling the DC link voltage amplitude. The inverter on the rotor
side (figures 1.9, 1.10) is responsible for the adjustment of the desired
torque. The control strategy for the reactive current in both inverters is
designed to establish the desired power factor of the overall plant.
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Therefore the generator is capable to work as reactive power compensator
or reactive power generator as well.

n s

oversynchronous .1 oversynchronous
generatoric motoric
0>s>-0 0>s>-c

1>s>0 1>s>0
generatoric motoric
subsynchronous 1 subsynchronous
a) m
S grid S S grid S
rotor
I stator A% stator
wind energy wind energy

b) c)

Fig. 10.1 Operating arecas of the DFIM and energy flow in generator: (a)

Operating areas of the DFIM; (b) Energy flow in subsynchronous mode; (c)
Energy flow in oversynchronous mode

A number of works have been published in the recent years dealing with
the problem of variable speed generators in wind or water power
applications ([Suchaneck 1985], [E-Cathor 1987], [Dietrich 1990], [Pena
1995], [Tnani 1995], [Stemmler 1995]). Some of them are investigating
different configurations for the converter-generator system like
synchronous generator [E-Cathor 1987], oversynchronous cascade
converter with natural commutation [Dietrich 1990]. In [Suchaneck 1985]
a DFIM generator system for the small power range is proposed using the
rotor current components as actuating variables for active and reactive
power. A decoupled control of torque and rotor excitation current is
presented in [Pena 1995] using stator flux orientation. Special attention is
given to optimum speed tracking of the wind turbine. In [Tnani 1995] a
decoupled control of active and reactive power is developed using a
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complete dynamic machine model for decoupling. A predictive load model
is introduced to consider changing consumer conditions on the grid.

The chapter 10 deals with the often and successfully practiced control
concept with decoupling between the torque mg and the power factor coso,
and therewith between the active power P and reactive power O [Quang
1997]. The design of the system is shown in the figure 10.2.

Trafo

CB

Oy Uy

O e
Y
—e

|

3__ U, P

Control Hardware

FC Front-end Converter
GC Generator-side Converter
CB Circuit Breaker

Fig. 10.2 Construction of the wind power plants using DFIM

10.2 Grid voltage orientated controlled systems

The equations (1.9) — (1.15) and the representations in the section 1.3
have indicated the meaning of the grid voltage orientation in short form.
The stator of the machine is connected to the constant-voltage constant-
frequency mains system. Since the stator frequency is always identical to
the mains frequency, the voltage drop across the stator resistance can be
neglected compared to the voltage drop across the main and leakage
inductances L,, and L. Therewith the equation (1.10) was obtained:

. dvy d{ .
u=Ri.+— = u.~—2 oru. ~jw 10.1
S STS dt N dt N ] S’lbs ( )

Equations (10.1) say that the stator flux is always lagging the stator
voltage by a phase angle of nearly 90 degree. Therefore the orientation of
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the reference frame to the stator voltage approximately means orientation
to the stator flux as well.

e For stator flux orientation:  u, =0, 94, =0

e For grid voltage orientation: u,, =0, ¢,;=0

The implementation of the grid voltage orientation requires the accurate
and robust acquisition of the phase angle of the grid voltage fundamental
wave, considering strong distortions due to converter mains pollution or
other harmonic sources. Usually this is accomplished by means of a phase
locked loop (PLL).

10.2.1 Control variables for active and reactive power
The torque of the DFIM is defined as:
3 . 3 .
mG:EZp(ﬂ)SXlS):—EZp(ﬂ)er},) (10.2)

The equation (10.2) opens several ways for calculating the electrical
torque mg. Because the DFIM is controlled from the rotor circuit, the
design of the torque control requires a form of the torque equation which
includes the rotor current. After introducing the rotor current into the first
part of (10.2) the following formula will be obtained:

3 . 3 .

_EZPL_':(% xip) ==z, (1=0)L, () i, (10.3)

Considering the grid voltage reference frame (reference coordinate

mG:

system) with ¢, = 0, equation (10.3) can be simplified to:
3 L, 3 .
_wsqlrd :_Ezp <1_J>Lr¢.£qlrd (10.4)

mg 5 z, L

Because the stator flux is kept constant by the constant grid voltage
(refer to (10.1)) the component i.; may be considered as the torque forming
current which also represents the active power P of the generator.

The equation (10.4) needs the knowledge of the machine inductances
for the torque -calculation. The main inductance depends on the
magnetization working point which is determined by the grid voltage
amplitude. For the latter tolerances of at least +/-10% must be considered
because the working point may be shifted into or out of the saturation
range due to variations of the grid voltage amplitude. Therefore, using
equation (1.16) for torque feedback calculation requires an accurate
measuring and consideration of the L,, saturation characteristic, otherwise
the requirements for the torque accuracy cannot be fulfilled. It would be
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better to utilize a torque model which does not require the knowledge of
any machine parameters, or at least not any working point dependent ones
like the main inductance. For this, the left equation (10.2) offers itself.
Substituting the stator flux linkage by the first equation of (3.77) and
considering grid voltage orientation with d), /dt =0 it is obtained:

3 z Usilsd — Rsls

=5p
2 Wy

mg (10.5)
For usual values of the stator resistance of large machines, (10.5) can be
re-written with good approximation to:
3 usdisd
mg =—z, ——=% 10.6
G H“p w, ( )
On the other hand it was already shown in the section 1.3 that thanks to
the relations (1.12), (1.14) and (1.15) the current i,, is regarded as a cos¢
forming component or as the decisive current for the reactive power Q.

10.2.2 Dynamic rotor current control for decoupling of active
and reactive power

The control system of the DFIM consists of two parts: the generator-
side control and the grid-side control (front-end converter control), in
which the generator-side control was already introduced in the figure 1.9.

In section 3.4 the (continuous and discrete) state space models of the
DFIM were introduced. Since the two rotor current components i,4, i,, play
the role of P and Q control variables an inner control loop to impress the
rotor current is needed.

The process model of the rotor current is represented by the figure 3.15b
and by the first of both equations (3.85):

i, (k+1)=®i, (k)+ B0, (k) +Hyu, (k) +H,u, (k) (10.7)
After splitting (10.7) into its real and imaginary components, the

following equations are obtained in the grid voltage orientated reference
frame:

b (k+1)= @i (k) + @i, (k) + Py 4000, (k)
+ Iyt (k) 4 Iy (k)

iy (k+1)= =iy (k) + Py i, (k) + P50, (k)
+ Iyt (k)

(10.8)
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In (10.8) the stator flux and the stator voltage might be regarded as
disturbances to be compensated by a feed-forward control. These values
are nearly constant and therefore can be compensated exactly and fast
enough by the implicit integral part of the controller, so that their feed-
forward compensation may be omitted. Regardless, the compensation shall
be included in the following steps to achieve a more coherent design.

The further design is identical to the description in the chapter 5.
Introducing y(k) as output value of the vector controller R;, the following
approach for the feed-forward compensation network may be constructed:

u, (k+1)=H [y(k) — &, (k+1)—Hyu, (k+ 1)] (10.9)

After inserting (10.9) into (10.7) the compensated process will be
obtained:

i, (k+1)=®i, (k)+y(k—1) or zi,(z) = ®yi, (z) + 2z 'y(z)
(10.10)
The structure of the current controller is shown in the figure 10.3. The
compensated process equation (10.10) contains a dead time of one
sampling interval y(k-1) to account for the delay between the feedback

acquisition and the voltage output (computing delay). y(k-1) fulfills the
following equation in the z-domain:

¥(2) =R, iy (z) -1, () (10.11)

Superscript ,,**: reference value (set point)

u.\.(k)H TJ 0 u.s(k)H LAG)
Hsl (pl 2 HS’ 1 (I)l 2
i(6) i S u (k) )

o T [y L [
=>0=> R, |=>0=>lz H |-+ Hrl_‘\?” z 1
|

i (k) ) i, (k1) L P

| Controller Side |Rotor Side

Fig. 10.3 Rotor current control structure using feed-forward compensation of
stator voltage and stator flux

After substituting (10.11) into (10.10) the following transfer function of
the closed current loop will be obtained:

i (z):z*l[zl—qﬁ] +z*1R,]_]R,i’;(z) (10.12)
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Similarly to the chapter 5 a vector controller with dead-beat behavior for
(10.12) is given by:
~1
R, =177 _‘fl_l (10.13)
1—z
The dead-beat behavior results in fast dynamics and accuracy, the vector
design ensures good decoupling between the components i,; and i,,. For a
less fast (and thus less noise sensitive) behavior, designs with finite
adjustment times (cf. section 5.3.3) or Pl-type designs may be applicable
as well.
If the tracking errors are defined as:

g (K) =05 (K) = i () 30 (K) =15, (k) — iy (K) (10.14)
the controller equations in the time-domain including the disturbance
feed-forward compensation can be written as follows:

g (A D)=y} [, () = @y, g (k= 1) = D1, (K —1)
+y.(k—=2)— ‘1’14%{(; —h 1susdl
g (1) = I3 [, () + @i, g (k = 1) = @y, , (k1)

+y, (k—2)— @30,

The complete structure of the generator-side control was already shown
in the figure 1.9.

(10.15)
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Controller Gurrent oe (s
* Controller t—| I—i
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o— | frd Ui LN L
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Mg DNW [T~ 4 u-lelu . ti = t
il T il t
P Lo l/ | L] -mme 19 PRI Lt
- whdil |wlol b ]y PWM O GC
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9 rd ) e'ﬁ‘r . 3 ir
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dg line voltage oriented reference frame
ab rotor fixed reference frame
wfh stator fixed reference frame

Fig. 10.4 Generator-side control structure using linear rotor current controller
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10.2.3 Problems of the implementation

The decoupling structure in the figure 10.4 consists of two essential
functional blocks:
e Calculation of the feedback (actual) values for torque and power factor
using stator voltage, currents and speed (block FPT) and
e Calculation of the current set points (block DNW).

a) Block FPT: The following equations are realized:
e Calculation of stator flux:

/ . .
Wy~ iy (10.16)
e Calculation of torque:
3 usdisd
mg =—z, >4 10.17
G o, ( )

N

e Calculation of stator current amplitude:

liy| = i2 + i, (10.18)

e Calculation of siny:
i
singpzﬁ (10.19)

The calculated torque and sing values are serving as feedbacks for the
torque and power factor control. Both controllers are of PI type.

b) Block DNW: Using the torque and power factor controller outputs y,,
and y, the reference values for the inner-loop current control are
calculated as follows:

. K3
e Torque forming current component i, :

i =— Ym (10.20)
/
_Ezp(l_o-)l‘rwsq

. . .*
* sinyp forming current component i, :

J* / .
irg = Uiy =V, i (10.21)

The effectiveness of the decoupling is shown in figure 10.5. The
diagrams show step responses of the torque and the power factor at both
oversynchronous and subsynchronous speed. For the subsynchronous case

both low pass filtered and unfiltered values of the torque and power factor
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are depicted. The control is optimized to the filtered values therefore the
unfiltered values exhibit a stronger overshot. As already pointed out a
nearly undelayed injection of the reference values is theoretically possible,
however, measurement noise and current harmonics force to slow down
the control dynamics. The adjusted rise time of the unfiltered torque of
about 30 ms fulfills all practical requirements. During the torque transients
(step size about half the nominal torque) almost no changes of cos@ are
visible, the same applies for the torque during cos¢ transients.

. L L L T O e 1.0
filtered and unfiltered cosy
09 filtered and unfilicred cos 0.9
P et e Ayt A AR b
0sl 08 [ L L] VT A
0 0.1 0.2 03 0.4 05t[s] 06 0 0.1 0.2 0.3 0.4 05 t[s] 06
0 0
[Nm] | [Nm] |
-1000 -1000 - filtered and unfiltered m,;
2000 filtered and unfiltered m,; 2000 ) .
-3000 W et . sy -3000 -
4000 P S S 4000 P S S
0 01 0.2 03 04 0.5 t[s] 0.6 0 0.1 02 0.3 0.4 05t[s] 0.6

Fig. 10.5 Torque and cosyp step changes of a 620kW generator. (left) Torque
reference -1000 — -3000Nm; (right) cos@ reference 1.0 — 0.825

10.3 Front-end converter current control

The front-end converter control is feeding the DC link from the grid
during subsynchronous operation and feeds back energy to the supply
during oversynchronous operation. This task is accomplished by means of
a DC link voltage control, which is supposed to keep a constant bus
voltage in all operation modes. Corresponding to the generator control the
grid side contains a power factor control loop which compensates the line
filter reactive-power demand and in connection with the generator-side
realizes the reactive power reference for the overall plant.

The output current of the mains converter iy can be split as usual into
real and imaginary parts:

iy =ing T Jing (10.22)
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In the grid voltage orientated reference frame, the real part acts as active
power producing component and the imaginary part as reactive power
producing component. Therefore, iy, is a good choice to be used as control
variable for the DC link voltage. Appropriately, iy, forms the control
variable for the power factor control on the grid side. Similarly to the

generator control, the power factor is controlled indirectly via siny, being

direct proportional to iy, cf. equation (1.15). Both Upc and sing

controllers are of Pl-type.

The commands iy, and iy, are realized by an inner-loop current control.
Therefore the complete structure of the grid-side control can be given like
in the figure 1.10.

As it had turned out in the previous section, the current control plays a
decisive role in the control concept and for its correct realization.
Therefore it shall be described in some more detail in the following
section. All current control loops are designed in the grid voltage
orientated reference frame.

10.3.1 Process model

Fig. 10.6 Grid-side control plant: (a) Common grid-side scheme; (b) Equivalent
circuit; (¢) Equivalent circuit for process model derivation



Front-end converter current control 311

The front-end converter is usually connected to the supply through the
reactor Lp, RC-filter and transformer (figure 10.6a). Considering the grid
inductance Ly and at the same time replacing the transformer by its leakage

inductance L7 and the grid by the voltage source ey gives the equivalent

circuit in the figure 10.6b. The voltage drop over the transformer and the
grid inductance is considerably smaller then the one over the RC-filter and
therefore may be neglected. Taking into account the resistance Rp of the
inductor the equivalent circuit in figure 10.6¢ is finally obtained as the
starting-point for the derivation of the current control process model (Rp is
not drawn here).
In steady state condition the following filter equation is derived from
figure 10.6c¢:
1

jws CF
In the grid voltage orientated reference frame and with:

equation (10.23) can be written in component form as follows:
1

end = Rpipg — Irq

U ith i =iy i (10.25)
1 F = 1lpg T Jlpg .
0=Rpip, +———i
Flrg w.Cr Fd
With equation (10.25) the filter currents iz; and ir, can be calculated for
the stationary condition. In steady state, these currents and the grid voltage
ey may be considered as constant and therefore act as constant
disturbances for the control loop. They may be compensated by feed-
forward control or by an integral part in the controller.
The grid current and voltage equations can be derived from the figure
10.5¢:
di
uy =Rpiy +Lp—Y+e
N =fply +Lp i tey (10.26)
After transforming (10.26) into the grid voltage orientated reference
frame and substituting the current iy from the first equation of (10.26) by
the second equation the new voltage equation is obtained:

. di . .

with:
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ey, =ey + jwLpip + Rpip = ey, + jeny,
di (10.28)
L, e g
dt
From (10.27) the continuous process model in the state space can be
written in component form:

di 1. . 1
T — iy + Wglry + —(ung —enva)
_ (10.29)
dlﬂ——wi —Li —i—L(u —e )
dt s‘Td TD Tq LD Nq Nvg
The time discrete state space model is given immediately by:
iy (k+1)=®yiy (k) + Hyuy (k) —Hyey, (k) (10.30)
with:
T g T,
Tp Lp
P, = - ; Hy = T (10.31)
—w,T 1-—— 0o —
Tp Lp

With the process model (10.30) the controller design can be carried out
now. If only the inverter output current iy is measured, the filter current iy
must be calculated by means of (10.25) and finally the grid (or
transformer) current ir using (10.26).

10.3.2 Controller design

The design is similar to the rotor current controller. With the controller
output yn(k), the following equation can be written for the feed-forward
compensation network according to (10.30) considering the computation
time delay:

uy (k+1)=Hy' [yy (k) + Hyey, (k+1)] (10.32)

After substituting (10.32) into (10.31) the compensated process model is

given:
ir(k+1)=®yis (k) +yyk—1) (10.33)

Two things have to be mentioned here:

e The structure of the compensated process model is totally identical with

the one of the rotor side (10.10).

e Likewise, ey(k) acts as constant disturbance and therefore may be

compensated automatically by an implicit integral part in the controller
without any special compensation.
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For control with dead-beat response and a good decoupling between the
current components the controller equation can be immediately written to:
-z~ 1<I>N

1-z72

Neglecting the feed-forward compensation of the constant disturbances
the equation of the controller is obtained in the time domain as:

R, = (10.34)

L T

”Nd(k+1):7D de(k)—[l—T— xpy(k —=1) —wTxp, (k—1)
D
+yNd(k_2)]

k _ L k k T k

U g ( +1)—7 xpy (k) + wiTxpg (k —1) — I_E Xy (k—1)

+ yng (k= 2)]
(10.35)

with:

. .* . -* . .
Xy = Xpg T %7 5 X1d = ltd —Vrd 5 X1 =19 ~19 > YN = YNa T IVNg
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Fig. 10.7 Complete grid-side control structure

Because the control starts with immediately connected disturbance ey,
the controller output yy and its past values must be pre-initialized to avoid
undesirable transients:

¥y (k=0)=—Hyey,(k=0) (10.36)
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The controller (10.34) - (10.35) works robust and reliable. However, if
the reactor Lp is dimensioned too small, the high-dynamic behavior can
cause undesirable ripples in the transformer or grid current ir. In this case a
controller design with finite adjustment time would lead to a current
waveform with a better THD coefficient. The complete grid-side control
structure is shown in the figure 10.7 (cf. [Quang 1997]).
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11 Nonlinear control structure with direct
decoupling for wind power plants with DFIM

11.1 Existing problems at linear controlled
wind power plants

An important criterion for the design of the control concept is to
maintain the decoupling of active and reactive power in both steady state
and dynamic mode. This requirement is fulfilled to a very high degree by
using a rotor current controller (cf. chapter 10 or [Quang 1997]) to impress
control variables (rotor current components) which immediately inject
torque and power factor (cf. figure 10.4). This structure, in which the
current controller is always based on DFIM models linearized within a
sampling period, was successfully implemented in wind power plants. The
linearization is made by the assumption that the sampling time 7 of the
discretization is chosen small enough so that the rotor frequency w, can be
regarded as constant within 7. Because of this assumption the frequency w,
is now a parameter in the system matrix of the discrete process model, and
the bilinear continuous model becomes a linear time-variant system for
which the well known design methods of linear systems can be used.

Nowadays most grid suppliers request ride-through of the wind turbine
during grid faults (short-circuits, ref. to [Dittrich 2003]). That means the
wind power plant must be able to feed reactive power into the grid to
support the retaining voltage level, and the rotor frequency w, becomes
very dynamic. In these cases, in which the linearization condition can not
be fulfilled any more, a nonlinear design for the rotor current control loop
would be able to deliver better results than the linear controller. Within the
last few years a number of efforts had been made on this issue from
both theoretical and practical [Chi 2005], [Quang 2005]. They succeeded —
as in the case of the IM and PMSM - in a new control structure with direct
decoupling between the dg axesusing the method of the exact
linearization.
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11.2 Nonlinear control structure for wind power plants
with DFIM

In the section 3.6.3 the nonlinear process model of the DFIM was
already developed as the starting point for the controller design.

).(: f(x) +h, (x)ul +h, (x)uz +h, (x)u3

(11.1)
y=g(x)
with:
—ax; 1 0 X,
f(x)=|—ax,|;h; (x)=|0[;h, (x)=|1|;h;(x)=|—x (112)
0 0 0 1
g1(x):x1;g2(x):xz;g3 (x):x3
e Parameters:
g L_'_l—a p— l—a;c: 1 ;d:l_a;e: l—0o
ol, oI, o oL, oL, oT,
e State variables:
T : :
X :[xl Xy x3];x1 =5 Xy =lpy3 X3 =0,
e Input variables:
T / /
wo=[u ouy usliu =ely —bwipg, + cu,g —dugy
1y = bl + ewé/,q + ¢ty +duguy = w,
e Output variables:
T . oo o
y :[yl B %) y3]7y1:lrd’y2:quﬂy3:0r
11.2.1 Nonlinear controller design based on "exact
linearization"
The design is made similarly as in the case of the IM.
e Step 1: Calculation of the vector r.
a) Casej=1:
06, (¥ 1
Ly (x)="2"%p (x)=[1 0 0]jo|=1=0 (11.3)a

ox 0
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98 (x) ’
X
Ly, g (x)= g(;x h,(x)=[1 0 0]|1|=0 (11.3)b
0
X2
0
Ly, g (x)= g(;i")hg(x)—[l 0 0]—x|=x,=0 (11.3)c
1
From (11.3) it results ; = 1.
b) Casej = 2:
7]
Ly, & (x)= ggix)hl(x):[o 1 0]joj=0 (11.4)a
0
P 0
Ly & (x)= g;)EX)hz(x):[O 1 0]j1{=1=0 (11.4)b
0
X2
0
thgz(x)— gaz,EX)h3<x>:[O 1 0)—x|=—x=0 (11.4)c
1
Therewith it follows r, = 1.
c) Casej = 3:
0
thg3(x): ggix)hl(x)—[o 0 1]0:0 (11.5)a
0
085 (x) X
X
L (x)= g;x h,(x)=[0 0 1][1|=0 (11.5)b
0
X2
0
Ly gs(x)= ggi")m (x)=[0 0 1]|]—x|=1=0 (11.5)c
1

With the equation (11.5) 73 =1 is obtained now.
e Step 2: Calculation of the matrix L.

Lygi(x) Ly g (x) L g(x)
L(x)=|L, () L,g () L,g®)|=[0 1 —x| L6
Ly g3(x) Ly, g3(x) Ly, g5(x)

1 0

29)

0 0 1



318  Nonlinear control structure for wind power plants

Therewith it is: det[L(x)} =1=0 Vx

e Step 3: Realization of the coordinate transformation.

a) The state space x is transformed into a new state space z using the
equation (9.4). After replacing , = r, = r; = 1 into (9.4), the same result
like (9.11) for the case IM and (9.25) for the case PMSM will be obtained:

zZ mll (x) g(x) X
z=|z,|=|mi (X)|=|g,(X)|=|x, (11.7)
] mi(x)| &™) |x

The equations (9.11), (9.25) and (11.7) show that the new state variables
are identical to the old ones, and therefore the physically fundamental
properties of the system "electrical machines IM, PMSM and DFIM"
remain unchanged after the transformation of state coordinates.

b) The new state model is the same as (9.12) and (9.26):

dz 8 x) dx
d. 0g,(X) dx
% g;i ) — = &0+ L & + Ly g (X uy + 1y, g5 (X
dz 15) X) dx
7;: ggi )E:Lfgfi(x)_l_lzhlgfi(x)ul +Lh2g3(x)u2 +Lh3g3(x)u3
(11.8)
with:
0 ( ) —
X
Lfgl( ) gl f( )—[1 0 0] —ax, | = —ax;
0
9 ( ) o
X
Lf 2( ) g2 f( ) [O 1 O] —axz :—axz
0
X
Lfg3< ) g3 ——f(x)= [0 0 1]—ax2 =0
0

These terms have to be inserted into the equation (11.8), and the result
of the transformation will be obtained to:
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(11.9)

dz, St

— = —ax u XUy = W
d 1 1 243 1
dz, n

— = —daX Uy — XU = W
dt 2 2 143 2
dZ3

dt

From the equation (11.9) the new input vector w is given as follows:

w —ax, 1 Xy ||y
W=|W,|=|—ax,|+|0 —X ||u (11.10)
%) 0 0 0 1 Uj
\ v \ v /—~—
p(x) L(x) u
e Step 4: The control law results from (11.10) as follows.
u:—L_l(x)p(x)~|—L_1(x)w:a(x)+L_1(x)w
[ S E———
a(x)
1 l—0o
—+
ol, oT;
u . | 1 0 —x||w
=l |=|l—+—Zlx, [+]0 1 x ||w (11.11)
ol, oI,
0 -
Ulx) W

11.2.2 Feedback control structure with direct

decoupling for DFIM

Similarly to the cases IM and PMSM and using the state feedback
(11.11), the exactly linearized DFIM model is represented in the figure
11.1. It can be easily recognized that also here — like for IM — only the
submodel of the rotor current is linearized exactly. In the case IM it was
the submodel of the stator current. Both equations (9.11) and (11.7)

express this clearly.
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Fig. 11.1 Substitute linear process model of the DFIM

The new linear process model of the DFIM is identical to the model
expressed by the equation (9.18) and the comments to (9.18). Using the
coordinate transformation (11.11) or the structure in the figure 11.1, the
new generator-side control scheme can be derived as in the figure 11.2.

q

u(i, v| w| Grid
from DC link } \ \ccB

Torque d-,q- Axis Use

Controller Centroller  Coordinate
my - R.._ Transformation
co— hi ':do_. gl Lﬁﬁr
Mg| DNW I+ - JFormula| | 1o ] Kils
o Irq wil | (11.41) [Ugf= [Urp) [t t
O / —T ] — " ' ' ] I
ol widid A |wlJl ], PwM GG
Power Factor Wm T
Controller 0 i J i i
rd .2 r
g W =t E i
- b
Low Pas ki » = _“L 2 [
L1 Fiter $f’ FPT [ i ) ) )
:‘ Sy | |5d—‘|57w,— !su
5, n e 3.,
lsgl™ |lspl2\[.
] 8N Uny

Upy= U GA Uny

Fig. 11.2 Generator-side control scheme using exact linearization by state
coordinate transformation and two separate axis controllers to impress current

components
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To verify the capabilities of the newly proposed nonlinear control

scheme, a series of simulations (cf. [Quang 2005]) have been performed.

Results are shown below in figure 11.3 for the case of step changes in the
grid voltage of different amplitudes. This special test procedure has been

chosen due to the following considerations:

Generator systems are required to stay operational during grid voltage

faults (fault ride-through, FRT). The control system should be capable
to maintain this operability as far as possible to avoid falling back to
hardware protection circuitry to ensure FRT.

From the control point of view, a grid voltage step change poses a

strong disturbance to the system where its qualities can clearly be

revealed.

In the simulations, the results for a linear control system according to
figure 10.4 and the nonlinear scheme outlined above are compared for 3
different voltage steps to 70%, 50% and 25% retained grid voltage. Both
control schemes had been implemented into an otherwise identical
converter-generator system of a 2500 kW wind power plant. Fore sole
comparison of the control systems, hardware protection and FRT features

had been excluded deliberately.

1000 -
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0
0
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Fig. 11.3a  Grid voltage drop to 70% retaining voltage, 2500 kW converter-

0.5

0.1 0.2 03
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05

generator system: (left) linear control scheme, (right) nonlinear control scheme,
(top) Speed [rpm], grid voltage [V], torque [10 Nm], (bottom) rotor current d

(torque) [A], rotor current q (flux) [A]
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Fig. 11.3b Grid voltage drop to 50% retaining voltage, quantities like figure 11.3a
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Fig. 11.3¢ Grid voltage drop to 25% retaining voltage, quantities like figure 11.3a

For the examination of the control behaviour two different time spans
must be distinguished: Immediately after the voltage step, the system will
lose its controllability due to limitation of the rotor voltage. The
performance here depends on how effective the limited voltage is assigned
to the respective d- and q-components. After the voltage limitation is
overcome and the system controllability regained, the performance can be
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judged from how fast the rotor currents are forced to follow their set points

again.

The results show that the new direct decoupling concept clearly
outperforms the linear control in both aspects:

e Smaller oscillation amplitudes of stator and rotor currents occur in the
first milliseconds after the fault instant while the rotor current
controllers work in limitation mode. This means practically, that the
system may cope with more serious fault events without triggering
hardware protection functions.

e The system control functionality is regained very fast after the
controllers return to linear operation, resulting in short recovery time
from disturbances and continuation of defined control behaviour.

These results of simulation were also confirmed by a practical
laboratory implementation [Lan 2006]. It should be mentioned also, that
the differences between linear and nonlinear control with respect to torque
behaviour are considerably less pronounced. This had to be expected, since
the nonlinear decoupling has been developed with respect to rotor current,
where the performance difference is clearly visible. To extend the
nonlinear approach also to flux and torque control will be a matter of
further research.
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12 Appendices

12.1 Normalizing - the important step towards preparation
for programming

So far, the algorithms with their control variables and parameters are
given in the originally derived physical form. An implementation or a
programming in this form is mainly impossible. Before this practical
implementation can start, all algorithms have to be normalized and scaled
if necessary, e.g. for fixed point and partly also for floating point
processors. The purpose of the normalization consists of transferring these
variables and parameters into a unity-less form and thus to prepare them
for programming. The scaling is primarily necessary to increase the
numerical accuracy which is of great importance for the use of fixed point
processors.

This important step towards preparation for programming is
demonstrated on two examples.

a) Example 1:
The first equation of (3.55), which can be written in detail as follows,
serves as the first example:

iq (k+1)= @iy (k)+ Py iy, (k)+Ps Urg (k) + hyy ugy (k)

. . . /
lSq (k + 1) = —(blz lsd (k)_’_@ll lsq (k) —¢14 /l/]rd (k) + hll Usq (k)
(12.1)
From (12.1) the following can be noticed:
e The variables like currents isd,isq,@b,/d and voltages u;,u,, have to be

normalized.
e From the parameters only &
have to be normalized.
For the normalization of the currents, the maximum inverter current /.,
is often chosen. For the normalization of the voltage, the maximum value,

1p» @5 are already unity-less. All others
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which is 2Upc"/3, is chosen. The quantity Upc is itself variable and, with
respect to the hardware, has to be normalized by U, while measuring.
The equation (12.1) is totally identical with the following:

igq (k+1 iy (k i, (k ! (k
)y 1) g 8] ()
Imax Imax Imax Imax
+h 2Umax UDC <k> Usq <k>
11
31 U 2
max max EUDC
) (12.2)
. . . /
lsq (k + 1) - P lsa <k> ® lsq (k> o Z/er<
T T ey +%p 7 T
max max max max
2Umax UDC (k> Usq <k>
3[max Umax EUDC
In the>equation (12.2) new symbols are introduced and replaced:
iN _ isd,sq . 'QZJ/N _ '(/1,{51 X uN _ usd,sq
s Imax o Imax s 2l]DC /3 12.3
20, U (123
hll\lj =k, Ugci ky = Iy ——; U/]DVC =_—&C

! 31
Superscripts NV: normalized quantities
The parameters @y, ®,, are frequency dependent. The value f  is

used for the normalization of the frequencies. Using (3.54) it can be
written then:

U

max max

(1)12 :wST:27TfsT:<27TfmaxT) fs ]:kfl fsN
fmax
@14:1—0'sz1—027rfT:[1—_"27rfmaxT] f ] (12.4)
o o o Jmax
—kpy [

In (12.4) the symbols mean:

D Upc: DC link voltage of the inverter
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/i l—0o
== ;fN:L;kflzzﬂfmaxT;kuZTZﬂ-fmaxT

f max f max

(12.5)

The equation (12.1) can now be rewritten in the normalized form, in

which the constants &, kﬂ and kf2 as well as the constant parameters @,

®,, have to be calculated only at the beginning, i.e. at the initialization of
the system.

iy (k+1)= @iy (k)+ il (k) + @390 (k)

+hiY uly ()
N N N IN (12.6)
lsq (k + 1) = _(DIZ Ly <k> + i)ll lsq (k) - (I)l4 wrd (k)

+h1]\1[ ui\; (k)

The original equation (12.1) exists now in programmable form without
loss of its physical meaning. The voltages represent the degree of
modulation in this normalized form in which the variable DC link voltage

U, is considered by the parameter hlAl' , which has to be updated on-line.

To achieve the most possible numerical accuracy with fixed point or
integer arithmetic, the normalized quantities (represented in hexadecimal
form) are shifted to the left (multiplied with 2) as much as possible without
producing overflow. For normalized currents, voltages and frequencies
which accept only values smaller than one, the multiplication factor can be
e.g. 2" for 16 bit fixed point processors. This process is commonly
described as the scaling. The multiplication factor of 2" is the scaling
factor which at the same time means the number of digits behind the
comma. For parameters, which by their nature are already greater than one,
the scaling has to be carried out in a way that on the one hand the
maximum word length is used, but on the other hand overflow is avoided
simultaneously. In principle, this problem does not exist any more with the
use of floating point processors and only appears for conversions between
data types again, e.g. between integer numbers and signed floating point
numbers.

b) Example 2:

A further typical example is shown by normalizing and scaling of the
quantities within the equation (12.6) for the calculation of the angular
velocity .
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I(k+1)=0(k)+w(k)T
=3(k)+2m f (k)T

If the values 2w and f,.x are chosen as normalizing quantities for the

angle and frequency, and it is considered that:

e the frequency has to be signed (e.g. positive for right and negative for
left rotation), and

e the angle has to be unsigned (i.e. only forwards counting 0, wt, 27w, 37,
41...)

then e.g. 2" is possible to be used as scaling factor for the frequency at
16 bit word length, and 2'° for the angle. From (12.7) it will be obtained:

(12.7)

16 O(k+1)| 16@ 15 S
20— =2 5 |2 — (2 fmaxT) (12.8)a
or
210N (k1) | = [2' 9" (k)| +[2° £ () |k 3 (12.8)b

In the equation (12.8)b it means:
o 2159V the unsigned integer calculation quantity for the angle,

o 2% f N the signed calculation quantity for the frequency

12.2 Example for the model discretization
in the section 3.1.2

A system of second order following (3.5) is given with:
a w b 0 co ll 0

A= B= (12.9)

0 b |01
a) Method 1: Series expansion with truncation after the linear term
(Euler). The use of (3.14) provides:

l+al wT _Tb 0
—wT  1+aT o b

b) Method 2: Series expansion with truncation after the quadratic term.
The use of (3.14) provides again:

1+aT + (aT)z—(wT>2]/2 wT(l—i—aT)

(aT)* - (wTﬂ /2

(12.11)a

—w a

= (12.10)

b

—wT(1+aT) 1+aT +
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l+al/2 wT/2
—wl/2 1+4aT/2
¢) Method 3: Euler discretization in a suitable coordinate system.

The method is applicable if the system matrix A owns the symmetry
properties of the special block diagonal structure (12.9) which is often the
case at the modeling of three-phase machines. In this case, state and input
quantities can be understood as complex variables.

X=x,+Jjx,

H=>5T (12.11)b

. (12.12)
x(t) = (a — jw) X(t) +b u(t)

At first, the continuous system is viewed in a coordinate system which
circulates with the frequency -@ with respect to the target coordinate
system, i.e. x=x"e /' (to the topic “transformation of coordinates”

cf. chapter 1). Considering the product rule, the following is obtained for
the time derivative:

° w
x (1)=ax’(t)+bu”(r) (12.13)
The discretization using Euler method leads to the following discrete
state equation:
x“(k+1)=(1+aT)x*(k)+bTu” (k) (12.14)
For the inverse transformation into the target coordinate system, the
equation (12.14) has to be subjected to the counter-rotation, i.e.
X (k)= x(k) e ™ x* (k +1) = x(k +1)/"**Y (12.15)

Thereat, the discrete transformation angle ¢ results by Euler
discretization as follows:

I(k+1)=09(k)+wT (12.16)
The state equation is now in the target coordinate system:
x(k+1)=e " [(1+aT)x(k)+bTu(k)] (12.17)

or resolved with discrete transfer matrices:
coswl  sinwT coswl  sinwT

® = (1+aT) ; H=bT

—sinw?l coswT

(12.18)
d) Method 4: Substitute function using the Sylvester-Lagrange substitute
polynomials.
The eigen values of the continuous system matrix A will be:
Np=a+ jw

—sinwl coswT
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It follows then for equations (3.19) to (3.22):
MO)=(A-N)(A—A)

My=(A=X\), My=(A=X)

mlz()\l_Az), m2:<>\2—A1> (1219)
R(}\): )\1 e)\zT _)\2 e)\lT +>\e)\1T _e/\zT
A =X A =X

Therewith the substitute function R(A) can be given as:
\ M7 _ Xy N N _ T

R(A)=® = I+ A 12.20
(&) N N (1220
and finally the system matrix ®:
ar | coswT  sinwT
d=¢ ] (12.21)
—sinw? coswT

The input matrix H is calculated by direct integration of ® according to
(3.12):

b

a2+w

Ho T (acoswTl +wsinwl)—a T (asinwT —w coswT)+w

2

—eaT(a sinwTl —w cosz)+w e”T(a coswl +wsinwl)—a

(12.22)

12.3 Application of the method of the least squares
regression

The method of the least squares regression is often used for the
optimization of control loops or the identification of the system
parameters. The goal is normally to find an approximate function y(x) in
the form of a polynomial of »™ order

y(x)=ay taxta x> +..4a,x" (12.23)

from a set of m experimental measurement pairs [y, x,], (i = 1,2,3,...,m)
and by the prerequisite, that the loss function (cf. [Rojiani 1996]):

S = f;[y,' — ()] (12.24)

is minimized. A typical application example is the off-line identification
of the main inductance L_(cf. section 6.4.4, figure 6.18) in dependence on
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the magnetizing current i,. As an approach for L(i)V a polynomial of 4"
order, thus n = 4, is very suitable.

The task is now to determine the coefficients a,, a,, a,, a, and a, from m
pairs [L; i;] with (i=1,2,3,...,m). To minimize the loss function, at first
(12.25) has to be inserted into (12.24), and then the partial derivations

8S;8_S; OS;QS; oS (12.26)

Oa, Oa; Oa, Oay Oay

have to be set to zero. Thereby a system with (n+1)=5 linear equations
results (cf. [Rojiani 1996]):

m Z i Z I Z i Z i Z L
i=1 i=1 i=1 i=1 i=1

m m m m m m

Do yoi DR Yo YR |[a] | 2i

i=1 i=1 i=1 i=1 i=1 i=1

m m m m m al m

Ziiz Z’? 2114 les 2116 BH= Ziz'z L (12.27)
i=1 i=1 i=1 i=1 i=1 a i=1 ’
m m m m m 3 m

o >0 i 2oi Yi |laa] | 20R L

i=1 i=1 i=1 i=1 i=1 i=1

PSS WY >0 L
i=1 i=1 i=1 i=1 i=1 i=1
The system (12.27) can be merged into the following form:
Al5,5]*a[5]=b]5] (12.28)
thereat A[5,5] and b[5] are given by the measurement pairs, following
(12.27). If C is used as programming language, then the calculation can be
realized by the following program section as an example, where
A[5,5] and b[5] are summarized in a matrix A[5,6] with b[5] as the 6™
column. In this example it is assumed, that ,,MeasNum® is the number of
the measurement pairs and ,,PolyOrder the order of the approached
polynomial. Here it holds:
MeasNum = 10; PolyOrder = 4

During measuring the current is increased by 0,1xImNominal step by
step from 0,1xXImNominal to ImNominal (e.g. nominal magnetizing

D For simplification L; is replaced by L, and i, by i
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current). The 10 measured inductance values are saved in the field
L[0]...L[9].

/* Calculation of the sums or the elements of the matrix A[ ][] */
s[0] = (float)MeasNum;
for (i=1;1 <= 2*PolyOrder; i++)
1 s[i] =0.0;
for (j = 1; j <= MeasNum; j++)
s[i] += pow(ImNominal * (float);/10.0, 1);

!
s

/* The sums are assigned to the elements of the matrix A[ ][] */
for (i = 0; i <= PolyOrder; i++)
for (j = 0; j <= PolyOrder; j++)
A[L] = sAlbl;
[* Calculation of the vector b[ | as the 6th column of the matrix A[ ][] */
A[0][PolyOrder+1] = 0.0;
for (i=0;1< MeasNum; i++)
AJ0][PolyOrder+1] += L[i];
for (i = 1; i <= PolyOrder; i++)
{ Ali][PolyOrder+1] = 0.0;
for (j = 0; ] < MeasNum; j++)
Ali][PolyOrder+1] += L[j] * pow(ImNominal * (float)(j+1)/10.0, 1);
b

After calculation of A[S,S] and b[S] the linear equation system (12.27)

or (12.28) can be relatively simply solved by using the Gauss elimination
method. The first step of the method is the forward elimination, which can
be summarized (cf. [Sedgewick 1992]) as follows:

The first variable in all equations, with exception of the first one, has to
be eliminated by addition of suitable multiples of the first equation to each
of the other equations. Then the second variable in all equations, with
exception of the first two, has to be eliminated by addition of suitable
multiples of the second equation to each of the equations from the third up
to the last one (now named as the N-th). Then the third variable in all
equations, with the exception of the first three, has to be eliminated etc. To
eliminate the i-th variable in the j-th equation (for j between i+1 and N),
the i-th equation must be multiplied with a; / a; and subtracted from the

Jj-th equation.

The described procedure is too simple to be completely right: a, (now
named as pivot element) can become zero, so that a division by zero could
arise. This can be avoided because any arbitrary row (from the (i+1)-th to
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the N-th) can be swapped with the i-th row, so that a, in the outer loop is
different from zero. For swapping it is the best to use the row for which the
value in the i-th column is the greatest with respect to the absolute amount.
The reason is, that in the calculation considerable errors can arise if the
pivot value, which is used to multiply a row by a factor, is very small. If a,,
is very small, a; / a; can become very big. This process, called the partial

pivoting, is realized in the example of the L, identification by the following
program section.

/* Forward elimination: partial pivoting */
for (i = 0; 1 <= PolyOrder; i++)
{ max=1;
for (j = i+1; j <= PolyOrder; j++)
if (fabs(A[j][i]) > fabs(A[max][i])) max = j;
for (k = 1; k <= PolyOrder+1; k++)
{ Temp = A[i][k]; /* Temp: temporary variable */
Ali][k] = A[max][k];
A[max][k] = Temp; }
for (j =i+1; j <= PolyOrder; j++)
for (k = PolyOrder+1; k >=1; k—-)
Afjl[k] —= Ali][k] * A[][E] / Al
h

After the step of the forward elimination is completed, the field below
the diagonal of the modified matrix A[5][5] contains only zeros. The step
of the backwards insertion can be executed now to calculate the
coefficients a,, a,, a,, a; and a,.

/* Backwards insertion: Calculation of a0, al, a2, a3, a4,
then storage in a[0]...[4] */
for (j = PolyOrder; j >=0; j— -)
{ Temp = 0.0;
for (k = j+1; k <= PolyOrder; k++) Temp += A[j][k] * a[k];
a[j] = (A[j][PolyOrder+1] — Temp) / A[j]1[j];

1
il

With the calculated coefficients a,, a,, a,, a, and a,, the magnetizing
curve L(i) in form of a polynomial (cf. equation (12.25)) is now available.
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12.4 Definition and calculation of Lie derivation

An unexcited system (input vector u = 0) is defined (cf. [Wey 2001,
appendix B], [Phuoc 2006, section 5.1.2]) as follows:

dx
E—f(x) (12.29)

A scalar function v(x) is given. The derivation of this scalar function

along the freely moving state trajectory (along the vector field f(x) € R")
of the unexcited system (12.29):

x() =@/ (xo) (12.30)

can be given as follows:

Lyv(x)=> P e x,) (12.31)
' i1 Ox;
with:
av(x): 8\/, v o v (1232)
aX axl axZ 6xn

Using (12.32), the Lie derivation Ly(x) can also be formulated as a
scalar product (a scalar function):

Liv=—»F = Lw(x)= f(x) (12.33)
’ X

The function Lp(x) returns the quantitative change of v(x) along the
trajectory (12.30). The figure 12.1 illustrates this fact.

V(X):kl

Fig. 12.1 Derivation of the scalar function v(x) along the state trajectory x(t)
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The dashed curves in the figure 12.1 represent the sets of points inside

R" at which the function v(x) has the same values. The dashed curve with
the point x contains the set of points which fulfills v(x) = k;, and the curve
with xr the set of points fulfilling v(x7) = k. In this case, the speed of the
quantitative change of v(x) along x(#), from point x to the point xz, will be:

_ _ v(®l (x)) = v(x
Lyv(x) = lim B2 H iy YOV [F ()=
: 7T—0 T T—0 T T—0 T
S/ _
:@ lim D7 (X) X _ 8v(x) dx _ 8v(x)f(x)
OX T—0 T ox dt ox

(12.34)
The Lie derivation has the following properties:
e The multiple Lie derivation of v(x), at first along the vector field f(x)
and then along g(x), can be written as follows:
0 [L YAl (x)] o

Lytyrle)= 1 [0 = L g - 20

Tf(x)

(12.35)

e Let w(x) be an additional scalar function, then the following relation is
valid:

wav(x) = [Lfv(x)]w

because L, v(x)= 8v(x)(wf): ag(x>f(x) w(x) (12.36)
i . N
Lyv(x)

e Let k be an integer number, then the k-fold Lie derivation of v(x) along
f(x) can be recursively calculated as follows:
O{kalv(x)]
k S . 0
Lfv(x):Tf(x) with Lfv<x):v(x) (12.37)
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front-end converter 301, 309

G
Gauss elimination 332

H
hysteresis loss 191

I
identification
off-line 212, 287
incremental encoder 111
inductance
leakage 211, 254
main 199, 211, 219
mutual 3,70
rotor 3,70
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